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ABSTRACT
Recent years have witnessed a growing demand for low-profile and end-fire
antennas, which can be flush-mounted for aircraft, missile, and unmanned aerial
vehicle (UAV) applications. However, there are a lot of limitations associated
with traditional end-fire antennas. For example, the performance of log-periodic,
Yagi-Uda and Vivaldi antennas is very sensitive to the conducting ground-plane
on which these antennas are mounted. H-plane horn antennas can hardly achieve
wide bandwidth and maintain low profile simultaneously. In addition, although
helical antennas are excellent candidates to achieve end-fire radiation of circular
polarization, they are non-planar structures, which are unsuitable to be mounted
on moving platforms in consideration of aerodynamic characteristics. In this
thesis, we aim to solve these limitations and propose novel solutions to realize
low-profile end-fire antennas with various characteristics such as wide bandwidth,
high gain, circular polarization, etc., which are potentially very useful to be
conformal and flush-mounted for airborne applications.
First, the propagation characteristics of surface waves propagating on a
grounded dielectric slab are theoretically analyzed. The slab is assumed to be
anisotropic as a general discussion. Next, a wideband and low-profile surface
wave antenna based on grounded ceramic slab is proposed. A surface wave
launcher is designed by employing a probe-fed parallel plate waveguide with a
modified parabolic reflecting wall and a metallic post, which are critical for
effectively transforming the cylindrical wave to a unidirectional plane wave
within a broad frequency range. The ceramic slab is smoothly tapered to
transform the guided surface wave into radiated space wave over a wide
bandwidth. The proposed antenna operates over a wide frequency range of 6.118 GHz, and has the advantages of wideband, low profile, and high radiation
efficiency.
In addition, an H-plane horn antenna exhibiting an ultra-wide bandwidth from
3.4-18 GHz with an antenna thickness of only 5.508 mm is presented. A
wideband coaxial-to-waveguide transition is proposed by employing a tapered
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ridge and metallic posts in order to enhance the bandwidth and to effectively
suppress higher-order modes in the waveguide. An ellipse-shaped copper taper
is extended along the horn aperture in order to obtain a smooth transition from
horn aperture to free space. A pair of metallic posts is also employed in the Hplane horn to improve the impedance matching. Both planar and conformal
versions of the proposed antenna are investigated. The conformal structure is
fully embedded in a large cylindrical platform and it is extended to an antenna
array configuration.
Furthermore, we propose planar and conformal cavity-backed supergain slot
antennas for end-fire radiation. In the proposed structures, slots with different
lengths are etched out at proper positions of the cavity wall to generate multiple
resonances as well as to decrease the Q value of the cavity, which broadens the
bandwidth effectively. The required magnitude and phase of the excited electric
field for achieving supergain are obtained by adjusting the inter-element spacing
and the position of each slot. Furthermore, off-centered microstrip feedlines are
utilized to improve the impedance matching and to excite the required cavity
mode. Prototypes of back-to-back structure, conformal structure mounted on a
cylindrical platform, as well as conformal array configuration with six separate
antenna elements embedded in a conical platform are fabricated and tested.
Measured results are in good agreement with simulated ones. They have the
advantages such as compact cavity size, enhanced bandwidth, high gain, and high
radiation efficiency.
Besides designing linearly polarized end-fire antennas, a planar helical antenna
with rectangular cross-section is also presented for achieving end-fire radiation
of circular polarization. The helix is formed using printed strips with straightedge connections implemented by plated via-holes. The currents flowing on the
strips and along via-holes of the helix contribute to the horizontal and vertical
polarizations, respectively. Besides, the current on the ground plane is utilized to
weaken the strong amplitude of the horizontal electric field generated by the one
on the strips. Thus, a good circular polarization can be achieved. Furthermore, a
tapered helix and conducting side-walls are employed to broaden the axial ratio
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bandwidth as well as to improve the end-fire radiation pattern. The designed
antenna operates at the center frequency of 10 GHz, which can achieve wide
impedance and axial ratio bandwidths of 54% and 34%, respectively. The
antenna thickness is only 0.11𝝀𝟎 at the center frequency.
This thesis is finally concluded by making a few recommendations for future
investigation. With further research on the suggested topics, it is expected that
the present limitations may be overcome, possible solutions may be provided,
and more novel structures utilizing the new concepts may be proposed.
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CHAPTER 1
INTRODUCTION
1.1 Background
End-fire antennas can direct the maximum radiation toward the axis of the
antenna structure. They have been popularly investigated due to the excellent
characteristics such as highly directional pattern and high gain. The recent growth
of modern wireless communication has increased the demand for end-fire
antennas. For example, in some airborne applications such as aircraft, missile,
and unmanned aerial vehicle (UAV), low-profile end-fire antennas are usually
required to be conformal with curved surfaces of the platforms in order to
decrease the aerodynamic drag and meet some specific electromagnetic
requirements [1].

1.1.1 End-Fire Array
An end-fire array consists of a number of radiating elements; their phase
difference between adjacent elements is adjusted to obtain unidirectional pattern
along the axis of the array and destruct interference in any other direction for the
desired frequency.
Figure 1.1(a) shows the geometry of an N-element array. All elements are
positioned along the z-axis with a uniform spacing d. Assume that the excitation
amplitudes of all elements are identical, and each succeeding element has a β
progressive excitation phase relative to the preceding one. For identical radiators,
the total field can be formed by multiplying the array factor of the isotropic source
by the field of a single element [2]. The array factor can be expressed as
𝑁

AF = ∑ 𝑒 𝑗(𝑛−1)𝜓
𝑛=1

1

(1.1)

where
𝜓 = 𝑘𝑑𝑐𝑜𝑠𝜃 + 𝛽

(1.2)

To direct the maximum radiation toward the end-fire direction, either 𝜃0 = 0°
or 180°,
𝜓 = 𝑘𝑑𝑐𝑜𝑠𝜃 + 𝛽 |𝜃=0° = 𝑘𝑑 + 𝛽 = 0 ⟹ 𝛽 = −𝑘𝑑

(1.3)

𝜓 = 𝑘𝑑𝑐𝑜𝑠𝜃 + 𝛽 |𝜃=180° = −𝑘𝑑 + 𝛽 = 0 ⟹ 𝛽 = 𝑘𝑑

(1.4)

or

Thus, the end-fire radiation can be obtained by assigning the phase difference
𝛽 = 𝑘𝑑 or 𝛽 = −𝑘𝑑 . Figure 1. 1(b) shows the typical radiation pattern of an
end-fire array, and the maximum radiation is directed to 𝜃 = 0°.

(a)

(b)

Figure 1.1: End-fire array, (a) geometry of an N-element array positioned along
the z-axis, (b) end-fire array pattern.
Hansen and Woodyard [3] in 1938 proposed the conditions to enhance the
directivity of an end-fire array without destroying any of the other characteristics.
In this case, the phase shift 𝛽 should be

2

𝛽 = −(𝑘𝑑 +
𝛽 = +(𝑘𝑑 +

2.92

) ⟹ for maximum in 𝜃 = 0°

(1.5)

) ⟹ for maximum in 𝜃 = 180°

(1.6)

𝑁

2.92
𝑁

These requirements are known as the Hansen-Woodyard conditions for endfire radiation. The directivity of a Hansen-Woodyard end-fire array is larger than
that of the ordinary end-fire array using (1.3) or (1.4).

1.1.2 Traditional End-Fire Antennas
Many types of antennas can radiate end-fire radiation patterns such as Yagi-Uda
antenna, log-periodic antenna, Vivaldi antenna, horn antenna, and helical antenna,
which are shown in Figure 1.2.

Figure 1.2: Typical end-fire antennas: (a) Yagi-Uda antenna, (b) log-periodic
antenna, (c) Vivaldi antenna, (d) horn antenna, and (e) helical antenna.
Yagi–Uda antenna generally consists of a driven element and parasitic
elements. This type of antenna was first described by S. Uda [4] in a Japanese
article. Later, the operating principle of this antenna was published by H. Yagi
[5] in English. Yagi-Uda antenna uses mutual coupling between elements to
produce a unidirectionally end-fire radiation pattern [6].
3

The classic log-periodic antenna structure was proposed by Isbell [7], which is
comprised of several dipoles forming a coplanar array. In the array configuration,
the adjacent dipole length and the inter-element spacing vary logarithmically.
This kind of antenna is frequency independent structure, which can achieve endfire radiation over a wide bandwidth.
Vivaldi antenna is another kind of wideband end-fire antenna, which was
invented by P. J. Gibson [8] in the UK. It is also known as a tapered slot antenna
[9]. The antenna structure is very simple and easy to fabricate using a dielectric
slab metalized on two symmetric sides. It can be divided into two different types,
coplanar [10] and antipodal [11] geometries. The Vivaldi antenna is a kind of
continuously scaled antenna structure so that it can achieve unlimited bandwidth
for end-fire radiation theoretically [8].
Horn antenna can be regarded as flared waveguide; it can effectively transfer
guided waves propagating in the waveguide into radiated waves in free space. Its
existence can be dated back to the late 1800s, and it became very popular since
the period of World War II owing to its advantages of simple structure, wide
bandwidth, and stable end-fire radiation beam [12], [13]. There are many
different types of horn antennas, such as E-plane [14], H-plane [15], pyramidal
[16], and conical [17] horn antennas, etc. Among them, H-plane horn antenna has
been a favorite candidate for airborne applications due to its low-profile structure.
The abovementioned end-fire antennas are linearly polarized. The helical
antenna offers a possible solution to achieve circular polarization in the end-fire
direction. The helical antenna was invented by J. D. Kraus and its basic concepts
were published in 1947 [18]. Basically, helical antenna consists of a ground plane
and a conducting wire wound into a helical shape. It can radiate in both normal
and axial modes. The axial mode can yield radiation with circular polarization
along the axis of the helix, in which case the circumference of the helix is around
one wavelength at the center frequency [19], [20].
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1.1.3 Surface Wave Antennas
Surface wave antennas have received extensive attention since the 1940s.
Generally speaking, a surface wave is bound to the interface of two different
dielectrics and can propagate along the interface [1]. In order to induce radiation,
the surface impedance must be varied or a surface wave gap should be produced
[21], [22]. There are many types of surface wave antennas based on corrugatedmetal surface [23]-[25], dielectric rod [26]-[29], and grounded dielectric slab [30],
[31], etc.
Figure 1.3(a) shows a corrugated metal surface wave antenna consisting of a
row of monopoles. The corrugated structure can be regarded as an effective
surface, which can support the propagation of surface waves. At the feeding part,
a monopole and a reflector couple a portion of the input power into a surface
wave, traveling along the surface and radiating at the end of the structure.
Figure 1.3(b) is a surface wave antenna based on a dielectric rod. In order to
excite surface waves, a circular waveguide is usually employed. The fundamental
TE11 mode is often used in this structure to achieve end-fire radiation, while the
first two higher-order modes, TE01 and TM01 modes, produce a null in the endfire direction. The body taper of this structure is essential to suppress the sidelobe
level of radiation pattern and to increase the antenna bandwidth, while the taper
at the end of the structure is critical to reduce the reflection of the surface wave.
The surface wave antenna shown in Figure 1.3(c) employs a tapered grounded
slab. A low-profile waveguide is preferred to excite surface waves propagating
along the slabs. The slab is tapered in order to radiate surface wave into free space
effectively. The taper also plays an essential role in suppressing the sidelobe level
of the radiation pattern. In addition, the dielectric constant and thickness of the
slab have significant effects on the propagation characteristics of surface waves.
In order to achieve a very low profile structure, a slab with high dielectric
constant is usually required.
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Figure 1.3: Surface wave antennas, (a) corrugated-metal surface, (b) dielectric
rod, (c) grounded dielectric slab.

1.1.4 Superdirective Antennas
Superdirective antennas can achieve a much higher directivity in the end-fire
direction than that of a reference antenna of the same size [2]. It is generally
accepted that antenna directivity can be enhanced by enlarging the aperture size
of the antenna. However, in an antenna array, superdirectivity can be obtained by
decreasing the element spacing, which contradicts with the common experience
and has attracted a lot of attention over recent decades.
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The first report on superdirective antenna was probably studied by Oseen in
1922 [32]. Taylor [33] was one of the first to use the term “superdirectivity”. In
1943, Schelkunoff [34] developed the theory of linear end-fire arrays for
achieving very high directivities. In 1946, Uzkov [35] presented that the possible
maximum directivity value can be N2 for an N-element array of isotropic radiators.
However, he only gave a brief outline of the theory. The validation of the theory
can be found in [36]. It presented that for an N-element array of isotropic radiators
positioned as shown in Figure 1.1(a) when 𝑘𝑑 is close to zero, the directivity can
be expressed in terms of Legendre polynomials 𝑃𝑛 (𝑐𝑜𝑠𝜃) as
𝑁−1

𝐷(𝜃) = ∑(2𝑛 + 1)[𝑃𝑛 (𝑐𝑜𝑠𝜃)]2

(1.7)

𝑛=0

Thus, the maximum directivity is in the end-fire direction 𝜃 = 0, where
𝑃𝑛 (1) = 1
𝑁−1

𝐷𝑚𝑎𝑥 (𝜃 = 0) = ∑(2𝑛 + 1) = 𝑁 2

(1.8)

𝑛=0

It was also revealed in [36] that the maximum end-fire directivity of a twoelement dipole array is around 7.2 dBi, which is 1.2 dB higher than N2 (6 dBi)
maximum directivity of the array of isotropic radiators. For N = 3, the maximum
directivity of three-element dipole array can reach 10.3 dBi, which is 0.8 dB
higher than N2 (9.5 dBi). As N increases, the difference of the maximum
directivity between the dipole array and isotropic radiator array decreases
monotonically [36].

1.1.5 Conformal Antennas
A conformal antenna is an antenna that conforms to a specific shape, which can
be a part of vehicle, airplane, missile or other structures. Usually, it is built to
integrate into a curved surface whose shape is determined by some considerations
such as aerodynamic or hydrodynamic [37].
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Conformal arrays were first designed and analyzed at least back to the 1930s
when a number of dipole elements were arranged to a circular array, which was
analyzed by Chireix [38]. They received extensive attention especially during the
World War II when the field of phased array antennas was active. Later,
numerical methods, electromagnetic analysis, and the understanding of antennas
on curved surfaces were improved.
Nowadays, conformal antennas are playing very important roles in our daily
life. For aircraft applications, different antennas should be employed for various
functions, such as navigation, radar detecting, instrument landing systems, and
so on. They are required to be smoothly integrated into the skin of the structures
to decrease the aerodynamic drag and fuel consumption. The need for conformal
antennas is even more pronounced for the large-sized apertures, which are
necessary for military airborne surveillance radars and satellite communications
[37].

1.2 Motivation
There is a growing interest to employ end-fire antennas to be surface-mounted
on airborne applications such as missile, aircraft, and unmanned aerial vehicle
(UAV) for navigation, target detecting and tracking, and data communication
between aircraft and ground stations, etc. Special considerations must be taken
into account for the design of surface-mounted end-fire antennas. For example,
it is required that the antenna performance should be insensitive to the conducting
ground plane. It is also desirable that the end-fire antennas can maintain very
low-profile structures or even can be fully embedded into the surface of the
platform in order to decrease aerodynamic drags. In addition, end-fire antennas
with various characteristics such as wide bandwidth, high gain, and circular
polarization are required for different applications. However, not all existing endfire antennas can meet these requirements due to their corresponding limitations.
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1.2.1 Limitations of Traditional End-Fire Antennas
Traditional Yagi-Uda antennas consist of a number of resonant elements such as
dipole and monopole. High gain can be achieved by employing more directors,
and bandwidth can also be enhanced by utilizing bow-tie shape element.
However, they are not considered as low-profile structures because the dipole or
monopole elements protrude from the surface if the antennas are mounted on
airborne platforms, which causes extra aerodynamic drag. Quasi- Yagi-Uda can
be an array of dipoles printed on the dielectric slab and fed by microstrip line
[39]-[42]. Different from the traditional ones, this kind of Yagi-Uda antenna is
low-profile. However, the printed Yagi-Uda antenna is not conduct-backed,
which is not a suitable candidate to be surface-mounted.
Log-periodic and Vivaldi antennas can achieve end-fire radiation over an ultrawide bandwidth, and they possess very simple structures and can achieve very
low profiles. Unfortunately, similar to the printed Yagi-Uda antenna, there is no
ground plane backing the structures. If they are very close to a conducting plane,
the antenna performance will severely deteriorate, which are impracticable for
surface-mounted applications.
Horn antennas can alleviate the ground effects to the antenna performance. In
order to maintain a low-profile structure, H-plane horn antenna is usually
preferred in airborne applications. However, the main constraint is that it is very
challenging to simultaneously maintain a very low-profile structure and achieve
a wide bandwidth. When the thickness of the antenna is much smaller than the
free space wavelength 0, the antenna performance deteriorates significantly.
More specifically, when the antenna thickness is smaller than 0/6, a poor
matching will be introduced due to the mismatch between the antenna aperture
and free space [43]-[45].
In addition, helical antennas are excellent candidates for achieving high gain,
broad bandwidth, and end-fire radiation with circular polarization. Unfortunately,
they are non-planar, which limits the structures for airborne applications
considering the aerodynamic requirement.
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1.2.2 Limitations of Surface Wave Antennas
Generally speaking, surface wave antennas based on corrugated metal surface
and dielectric rod are not planar structures, which will protrude from platform
surfaces for the installation of airborne applications. Surface wave antennas
based on grounded dielectric slabs are very promising candidates for surfacemounted and conformal applications owing to the low-profile structures.
However, the bandwidth is generally narrow. One of the main constraints of the
surface wave antenna is due to the bandwidth limitation of the surface wave
launcher, which plays an essential role in determining the performance of the
antenna.
The slot Yagi-Uda antenna launcher is one of the favorite candidates for TM0
excitation for grounded slab surface wave antennas [46], [47]. This is due to the
fact that the E-field of a half-wavelength slot in a ground plane can match that of
the dominant mode of the slab [48]. However, the bandwidth of the slot Yagi
launcher is narrow due to its resonant nature.
Other typical feeding devices widely used in surface wave antennas are
rectangular waveguides and horns. They can effectively excite surface waves
propagating along the grounded dielectric slab because their aperture fields can
be chosen as nearly like the fields of the surface wave modes as possible [49].
However, it is very difficult to realize a good impedance matching for coaxialto-waveguide transition within a very wide bandwidth since the characteristic
impedance of traditional waveguide is a function of frequency and the
corresponding value is relatively high compared to 50 ohms of the coaxial
feeding line. In addition, as discussed earlier, the very low profile of waveguide
and horn structures may limit the enhancement of their operating bandwidth.
Therefore, it still remains a challenge to obtain a very wide bandwidth while
simultaneously retaining a very low profile for surface wave antennas.
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1.2.3 Limitations of Superdirective Antennas
Superdirective antennas are considered to be promising candidates to achieve
high gain in the end-fire direction. However, it is a challenge to realize supergain
antenna in practice. Superdirective antennas suffer from the following limitations
[50]-[52].

1.2.3.1 Narrow Bandwidth
The narrow bandwidth is the major problem for superdirective arrays. In an array,
superdirectivity is achieved by inserting more elements within a fixed length [2],
which eventually leads to very large current magnitudes and rapid changes of
phase in the excitation coefficients of the array elements. The reactive power and
Q value increase rapidly. As we know, for a narrow-band antenna, the operating
bandwidth is inversely proportional to 1/Q. Therefore, the bandwidth of
superdiretive array is generally limited.

1.2.3.2 Sensitivity to the Excitation Amplitude and Phase
The excitation magnitude and phase of each radiator should be properly selected
for superdirective arrays. The required tolerances of magnitude and phase of the
element excitations for achieving superdirectivity are very sensitive, which
makes the superdirective antennas hard to be realized, especially for antenna
arrays employing large numbers of elements. Calculations of the required
magnitude and phase for achieving the maximum end-fire directivity have been
conducted for three-element array of isotropic radiators in [52]. It was clearly
shown that the phase and magnitude of each radiator vary with different element
spacings in order to obtain the maximum directivity. The maximum end-fire
directivity also decreases rapidly with either 5% magnitude error or 5o phase error
for the element spacing less than 0.15λ0. It should be mentioned that if the number
of element increases, the values should be more sensitive.
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1.2.3.3 Low Radiation Efficiency
As the element spacing of an antenna array gets closer, the radiation resistance
decreases significantly. Due to the small radiation resistance, the radiators
severely mismatch with free space. If the radiators are matched and forced to
radiate power, a strong reactive field is produced and the Ohmic losses increase
rapidly.
From the definition of radiation efficiency
𝜂=

𝑅𝑟𝑎𝑑
𝑅𝑟𝑎𝑑 + 𝑅𝑙𝑜𝑠𝑠

(1.9)

where η denotes the radiation efficiency, Rrad and Rloss represent the radiation
resistance and loss resistance, respectively, we know that the radiation efficiency
becomes lower with the decrease of Rrad and increase of Rloss.

1.3 Objectives
It has been shown in the previous discussions that existing end-fire antennas
suffer from a number of limitations, which somehow limit their uses for airborne
applications. In this thesis, we aim to present a comprehensive study of the stateof-the-art of end-fire antennas, provide possible solutions to alleviate the
associated limitations and propose excellent antenna candidates for airborne
installations with various characteristics such as low profile, wide bandwidth,
high gain, high radiation efficiency, and circular polarization, etc.
The objectives of the thesis are summarized below.
1) Conduct a comprehensive literature review on existing end-fire antennas.
The primary target of this is to understand the theories and recent trends
of end-fire antennas, explore effective techniques to alleviate the
limitations and look for novel methods to improve the antenna
performance, which can help to spark the inspiration for designing
excellent low-profile and end-fire antenna candidates to be surfacemounted on airborne platforms.
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2) Design wideband end-fire antennas suitable to be flush-mounted on
conducting platforms. It is expected that the proposed antenna can
achieve a fractional bandwidth over 100% while retaining the antenna
thickness smaller than 1/10 0 at the lowest operating frequency. It is
required that the antenna performance should be insensitive to the ground
plane on which the antenna is mounted. It is also desirable that the
proposed conformal antenna can be fully embedded into the surface of
moving platform in order to minimize the aerodynamic drag.
3) Explore suitable antenna candidates to achieve supergain with the
characteristics of enhanced bandwidth, high radiation efficiency, and low
profile. The proposed antenna is expected to be mounted on cylindrical
and conical platforms to achieve end-fire radiation.
4) Circularly polarized end-fire antennas with a low profile are in great
demand for airborne and space-tracking applications. It is our target to
design a planar helical antenna to achieve a wideband end-fire radiation
of circular polarization while maintaining a very low profile.
5) It is also targeted to fabricate and test all prototypes of proposed antennas;
measured results shall be compared with simulated ones to validate the
design concept. It is also expected to analyze the differences between the
simulated and measured results to gain a better understanding of the
influences of the measurement environment on the antenna performance.

1.4 Major Contributions of the Thesis
This thesis introduces several antennas with novel structures and excellent
performance on the basis of solving the limitations of existing end-fire antennas.
These proposed structures can achieve end-fire radiation with unique features
such as wide bandwidth, high gain, and circular polarization. They possess lowprofile structures, and their antenna performance is insensitive to the ground
plane of metallic platforms on which they are mounted, which are potentially
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very useful for airborne applications. Major contributions of the thesis are
identified as follows.
1) Closed-form analytical expressions have been derived to theoretically
study the characteristics of surface waves propagating along the grounded
dielectric slab. The slab is assumed to be anisotropic as a general
discussion. It is revealed that no pure TM or TE mode exists in the
grounded slab if the field is non-uniformly distributed along the direction
orthogonal to the propagation direction. It is also found that the
propagation direction of surface wave deviates from the longitudinal
direction of the finite-width slab with some certain angle. Unlike the
existing analyses of surface waves whose fields are assumed to be
uniformly distributed along the transverse direction of the infinitely large
grounded slab, our method takes into account the variations of the fields
distributed in the transverse direction of the slab, which has a more
practical relevance and can provide a more accurate solution for
engineering applications.
2) A wideband and low-profile surface wave antenna has been introduced,
which can achieve an operating bandwidth from 6.1 to 18 GHz while the
antenna thickness is only 3 mm. In the proposed antenna, a unidirectional
wideband surface wave launcher is employed to effectively transform the
cylindrical wave to a unidirectional plane wave within a broad frequency
range. A grounded ceramic slab with high dielectric constant is gradually
tapered to radiate surface wave within a wide frequency range. The
guidelines for designing the proposed wideband and low-profile surface
wave antenna are also summarized. Stable and quasi end-fire radiation
beams with moderate gain values are obtained over the entire operating
band.
3) A wideband and low-profile H-plane horn antenna has been proposed,
which can achieve an ultra-wide bandwidth within 3.4-18 GHz and retain
the antenna thickness of only 5.508 mm. Several strategies are employed
in our proposed antenna by considering the matching improvement,
14

bandwidth enhancement, higher-order modes suppression, as well as the
aerodynamic characteristic, which effectively eliminate the limitations
and improve the performance of existing H-plane horn antennas. The
guideline of designing the proposed wideband coaxial-to-ridged
waveguide transition is summarized and the effects of the platform on the
antenna performance are analyzed, which are very useful for facilitating
the design of the proposed conformal antenna. In addition, the proposed
conformal antenna is fully embedded into a cylindrical conductor by
considering the aerodynamic requirement for moving platforms and has
been further extended to an array configuration.

4) Both planar and conformal versions of a novel supergain slot antenna
have been proposed in the thesis, which employ closely spaced threeelement slots and a shallow metallic cavity. In the proposed
configurations, several techniques are employed to overcome the
associated limitations of supergain antennas so that the proposed slot
antennas can achieve high gain with end-fire radiation, enhanced
bandwidth, and high radiation efficiency. In addition, the proposed
conformal antenna can be fully embedded into metallic platforms.
Detailed analysis has also been carried out to study the influences of the
cylindrical and conical platforms on the antenna performance.
Furthermore, six conformal antenna elements are wrapped around the
conical platform to form an array configuration. The array structure is
immune to electromagnetic waves with arbitrary polarization, which is
polarization-independent and potentially very useful for airborne
applications.
5) A novel planar helical antenna with circular polarization has also been
proposed for end-fire radiation. The helix is formed using printed strips
with straight-edge connections implemented by plated via-holes.
Different from previous planar circularly polarized helical antennas with
a square cross-section in the open literature, our proposed antenna
employs a rectangular helix. The proposed antenna can achieve wide
15

impedance and axial ratio fractional bandwidths of 54% and 34%,
respectively. The antenna has a very low profile, and its thickness is only
0.110 at the center frequency. The structure is very simple, lightweight,
and low-cost, which can be easily fabricated using the printed circuit
board technology. It is very suitable to be mounted on the wings of the
unmanned aerial vehicle (UAV) and aircraft.

1.5 Organization of the Thesis
The thesis has been organized into seven chapters. The first chapter primarily
introduces the background and motivation behind this work by identifying the
basics and limitations of typical end-fire antennas. Based on the limitations, the
objectives of the thesis are established. In addition, major contributions of the
thesis are summarized.
Chapter 2 presents a comprehensive literature review of end-fire antennas for
airborne applications. Traditional, as well as recent antenna designs, are
introduced. Several effective techniques and methods are discussed to alleviate
the limitations of existing end-fire antennas. Some examples of good antenna
candidates suitable for surface-mounted on metallic platforms with a low profile
and end-fire radiation patterns are also presented.
Chapter 3 first investigates the propagation characteristics of surface waves
propagating along grounded anisotropic dielectric slabs. In the analysis, the field
variations along the direction transverse to the propagation direction are carefully
taken into account. Next, a wideband and low-profile surface wave antenna is
proposed based on tapered grounded ceramic slab. The operating principle and
detailed design guidelines of the proposed antenna are presented. Finally, a
prototype of the proposed surface wave antenna is fabricated and tested.
Measured results are also compared with simulated ones.
Chapter 4 proposes a wideband and low-profile H-plane horn antenna, which
is extended into a conformal array configuration. The proposed H-plane horn
antenna employs several strategies for improving the performance of the coaxial16

to-waveguide transition by considering the wide bandwidth, low profile,
suppression of higher-order modes in the waveguide, as well as the phase
distribution of the electric field along the horn aperture. In addition, the effects
of the platform on the performance of conformal antenna are carefully analyzed.
As a proof of concept, both planar and conformal versions of the antenna are
fabricated and tested, the wide bandwidth and nearly end-fire radiation pattern
are validated by measured results.
Chapter 5 demonstrates three examples of slot supergain antennas of end-fire
radiation based on cavity-backed structure. One is a planar back-to-back structure,
while the other two are conformal, which are mounted on cylindrical and conical
platforms, respectively. The limitations of traditional supergain antennas are
successfully alleviated by employing several techniques. The effects of the
metallic platforms on antenna performance are carefully investigated. The
conformal array configuration has also been fabricated and tested. The high gain
and enhanced bandwidth of the proposed supergain antennas are verified by
experiments.
Chapter 6 introduces a novel planar helical antenna of circular polarization
based on printed strips with straight-edge connections implemented by plated
via-holes. This chapter first investigates the operating principle of the proposed
antenna using a one-turn helix structure. Parametric studies are then conducted
to analyze the influences of the key parameters on the antenna performance. After
careful investigations, the antenna structure is finalized with a tapered four-turn
helix. Simulated and measured results are also compared to validate the proof of
the concept.
Chapter 7 concludes the thesis by summarizing the achievements of this
research. Suggestions for future work are also provided in this chapter.
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CHAPTER 2
LITERATURE REVIEW
2.1 Introduction
End-fire antennas have received extensive attention over the past few decades.
For airborne applications such as aircraft, missile, and unmanned aerial vehicle
(UAV), it is desirable to employ surface-mounted and conformal end-fire
antennas with various characteristics such as low profile, wide bandwidth, high
gain, high radiation efficiency, as well as circular polarization, etc. In this chapter,
a comprehensive literature review on existing end-fire antennas is conducted. The
review is mainly divided into three parts: wideband end-fire antennas, supergain
antennas, and low-profile circularly polarized antennas.
This chapter first examines the possible wideband end-fire antenna candidates,
which are potentially useful for airborne applications. For some traditional endfire antennas such as Yagi, log-periodic, and Vivaldi antennas, when they are
close to the ground plane, the antenna performance will severely deteriorate. It is
also well known that it remains a challenge to enhance the bandwidth of H-plane
horn and surface wave antennas when they are made very low-profile. In this
review, possible solutions are introduced in order to solve these limitations.
Superdirective antennas are considered as promising candidates for conformal
end-fire applications. However, they suffer from narrow bandwidth, high
mismatch loss, and low radiation efficiency. Many techniques and designs have
been investigated to overcome the problems; these methods and examples are
briefly reviewed.
In addition, end-fire antennas of circular polarization are reviewed. It is well
known that traditional helical antennas can achieve circularly polarized end-fire
radiation. However, they are non-planar structures, which are unsuitable for
surface-mounted applications. Based on this consideration, planar helical
antennas are also carefully investigated in this chapter.
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2.2 Wideband End-Fire Antennas
A lot of techniques have been employed to broaden the bandwidth of end-fire
antennas in the open literature. Wideband transitions including microstrip-to-slot
line transition and coaxial-to-ridged waveguide transition are widely used in
many end-fire antennas, which play essential roles in the design of wideband
antennas. Frequency independent structures are usually utilized to realize wide
bandwidth. In addition, surface wave antennas are very promising to achieve endfire radiation over a wide bandwidth while maintaining a very low profile.

(a)

(b)

Figure 2.1: Antennas with wideband microstrip-to-slot line transitions, (a)
quasi-Yagi antenna, (b) tapered slot antenna.

2.2.1 Wideband Transition
2.2.1.1 Microstrip-to-Slot Line Transition
One of the most commonly used wideband transitions is the microstrip-to-slot
line transition, which is preferred in many end-fire antennas such as quasi-Yagi
and tapered slot antennas. In [41], a planar printed quasi-Yagi antenna with a
stepped microstrip to slot line transition, as shown in Figure 2.1(a), was proposed,
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achieving an excellent end-fire radiation over the operation frequency range of
3.6-11.6 GHz. Figure 2.1 (b) shows a tapered slot antenna employing another
wideband microstrip-to-slot line transition [53]-[55]. In [55], a Vivaldi tapered
slot antenna can obtain an operating band from 1.23 to 9.91 GHz for VSWR < 2
by utilizing this transition. Other structures such as ultra-wideband balun and
coplanar slot feeding structures can also be employed to increase the antenna
bandwidth [56], [57]. However, these structures are not conductor backed, which
are not suitable for flush-mounted applications.

2.2.1.2 Coaxial-to-Ridged Waveguide Transition
Coaxial-to-rectangular waveguide transitions are usually utilized in designing
horn antennas. They can also excite surface waves on grounded dielectric slabs.
In the waveguide structures, it is desirable that only the fundamental TE10 mode
propagates inside a rectangular waveguide since the higher-order modes of the
waveguide can degrade the radiation pattern of the antenna.

Figure 2.2: Structures of ridged waveguide, (a) single-ridged, (b) double-ridged.

Ridged waveguides can be employed to enhance single-mode operation
bandwidth. Figure 2.2 shows the structures of single- and double ridged
waveguides. The width and height of the waveguide are represented by a and b,
respectively. s is the width of the metallic ridge. l is the distance from the ridge
to the side wall. d denotes the gap between the ridge and top wall for single ridged
waveguide or the gap between two ridges for the double-ridged waveguide. The
cutoff conditions of the TEn0 modes in the waveguide are given by [58].
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For odd TEn0 modes, n = 1, 3, 5…
cot (

2𝜋
𝑏
𝜋
𝐵
𝑓𝑐 𝑙) − tan ( 𝑓𝑐 𝑠) −
=0
𝑐
𝑑
𝑐
𝑌01

(2.1)

For even TEn0 modes, n = 2, 4, 6…
cot (

2𝜋
𝑏
𝜋
𝐵
𝑓𝑐 𝑙) + tan ( 𝑓𝑐 𝑠) −
=0
𝑐
𝑑
𝑐
𝑌01

(2.2)

where fc is the cutoff frequency. B/Y01 is the normalized susceptance representing
the effects of the step discontinuity, which can be obtained from [59]. By solving
the above equations, it is known that the cutoff frequency ratio of TE30 mode and
TE10 mode of a ridged waveguide can be much larger than that of the same
waveguide without ridge [57]. Therefore, it is effective to widen the single-mode
operation bandwidth of the rectangular waveguide by introducing metallic ridge.
The characteristic impedance of a ridged waveguide can be derived as [58],
[60]-[63]
𝑍0 =

𝑍∞
𝜆
√1 − ( )2
𝜆𝑐

(2.3)

where Z∞ is the corresponding characteristic impedance at the infinitely high
frequency,  is the free-space wavelength, c is the cutoff wavelength of TE10
mode in the ridged waveguide. The value of Z∞ can be calculated using
𝑍∞ =
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𝑘

(2.4)
where k = c/a,  = d/a, r = s/a, 𝛿 = (1-s/a)/2, m = 1 for double-ridged guide, and
m = 2 for single-ridged guide.
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It is well known that for a rectangular waveguide, its characteristic impedance
is a function of frequency. Meanwhile, the characteristic impedance of a
traditional waveguide is relatively high compared to that of the standard coaxial
line. For example, according to the data published in [63], for a rectangular
waveguide with a = 2b, as d/b equals to one, the value of Z∞ becomes 120π, which
is equal to the intrinsic impedance of free space. Therefore, it is very difficult for
the traditional waveguide to match a coaxial line with characteristic impedance
of 50 ohms within a wide frequency band. By introducing the ridge, the
characteristic impedance of a rectangular waveguide can be significantly
decreased, making its matching to a coaxial line much easier [64].
Based on the above analysis, it is concluded that a ridged waveguide section
can be employed by the coaxial-to-waveguide transition to enhance the
bandwidth effectively as well as to obtain a good impedance matching. This
concept has been used in many reported papers [65]-[72]. In [66], a compact and
broadband coaxial-to-double-ridged waveguide was proposed, which consists of
a stepped impedance transformer and a mode converter, achieving a wide
bandwidth of over 3:1. In [67], a double-ridged horn antenna was designed,
which can cover a wide frequency range from 1 to 18 GHz. Although these
antennas can achieve very wide bandwidth, they are not low-profile. Singleridged waveguides can be employed in H-plane horn antennas to enhance the
bandwidth and to maintain the low-profile structure. For example, a tapered ridge
implemented by via-holes was introduced in a substrate integrated waveguide Hplane horn antenna, which can achieve a fractional bandwidth of 76% [70]. In
[72], a conformal wideband and low-profile H-plane horn antenna mounted on a
large conducting cylinder was presented by employing a step-ridged substrate
integrated waveguide and a cone-shaped probe in direct contact with the ridge.
This antenna can achieve stable radiation patterns over the entire frequency range
of 6.1 to 19 GHz, which is very promising for airborne applications. However,
further extending its bandwidth is still very challenging since the higher-order
modes in the waveguides will appear as the bandwidth increases, which can
degrade the radiation pattern at higher frequencies.
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2.2.2 Frequency Independent Structure
In antenna modeling, characteristics such as impedance, pattern, and polarization
are invariable if the electrical dimensions of the antenna remain unchanged [2].
Therefore, we can build frequency independent antennas that can be their own
scale models to realize wide bandwidth. The log-periodic antenna is a kind of
frequency independent structures, which can achieve end-fire radiation pattern
over a wide bandwidth.

Figure 2.3: Cavity-backed log-periodic slot antenna.

The traditional log-periodic antenna is a dipole array. In order to achieve a low
profile, slot structures based on the printed circuit board (PCB) are explored. A
dumb-bell log-periodic slot array was presented in [73], which can achieve an
ultra-wide bandwidth over the frequency range of 2-20 GHz. However, the
performance of the antenna deteriorates severely when the structure is mounted
on a metal surface of airborne platforms. Cavity-backed log-periodic slot
structures were proposed to mitigate the effects of the ground on the antenna
performance [74], [75]. As shown in Figure 2.3, the depth of the traditional cavity
needs to be a quarter wavelength or it's multiple, and the cavity dimensions also
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need to vary in a log-periodic manner. Therefore, the cavity sizes limit the
structures for low-profile applications.

2.2.3 Surface Wave Structure
Surface wave antennas may be another kind of candidates to achieve low profile
and wide bandwidth. Surface waves can exist at the interface of two different
media with the field exponentially decaying away from the interface, which have
been investigated over a few decades. For example, Dyakonov surface waves
were studied thoroughly in the literature [76]-[78]. The characteristics of the
surface waves propagating at the interfaces between isotropic-to-isotropic,
isotropic-to-anisotropic, and isotropic-to-indefinite media were rigorously
researched in [79]-[83]. Moreover, surface waves have also been found in many
structures such as dielectric rod [27], uniaxial and biaxial slab waveguides [84],
[85], plasma slab [86], chiral material [87], and photonic crystal [88], to name
only a few.

Figure 2.4: Surface wave bound onto a uniform grounded dielectric interface,
decaying exponentially away from the surface.

Among all the geometries of supporting surface waves, one of the best known
structures is the grounded dielectric slab, which is very promising for low-profile
antenna applications. As shown in Figure 2.4, a uniformly grounded dielectric
slab is infinite in the x and y directions, and the propagation is along the +y
direction and fields have no variation in the x direction. The lossless slab is of
thickness h in the +z direction and has a relative permittivity of εr. The following
relation is obvious [1]
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𝛽𝑦2 = 𝑘02 + 𝛼𝑧2

(2.5)

where 𝛽𝑦 is the phase constant of a surface wave in the +y direction, 𝑘0 represents
the wave number in free space, 𝛼𝑧 denotes the attenuation constant in the +z
direction. Due to the fact that the field exponentially decays in air away from the
dielectric surface, surface waves are intrinsically bound onto the dielectric
interface.
The propagation constant 𝛽𝑦 and cutoff frequency fc of surface wave
propagating in the grounded dielectric slab satisfies the following relationships
[76].
For TM mode
𝑘1 𝑡𝑎𝑛(𝑘1 ℎ) = 𝜀𝑟 𝑘2

(2.6)

𝑘1 2 + 𝑘2 2 = (𝜀𝑟 − 1)𝑘0 2

(2.7)

𝑓𝑐 =

𝑛𝑐
2ℎ√𝜀𝑟 − 1

, 𝑛 = 0, 1, 2 ⋯

(2.8)

For TE mode
−𝑘1 𝑐𝑜𝑡(𝑘1 ℎ) = 𝜀𝑟 𝑘2

(2.9)

𝑘1 2 + 𝑘2 2 = (𝜀𝑟 − 1)𝑘0 2

(2.10)

𝑓𝑐 =

(2𝑛 − 1)𝑐
4ℎ√𝜀𝑟 − 1

, 𝑛 = 1, 2,3 ⋯

(2.11)

2

where 𝑘1 2 = 𝜀𝑟 𝑘0 2 − 𝛽𝑦 2 and 𝑘2 2 = 𝛽𝑦 2 − 𝑘0 .
It should be mentioned that the fundamental mode of a surface wave
propagating along a grounded slab is TM0 mode, which has no cutoff frequency.
This mode may be potentially very useful for wideband surface wave antennas.
Surface wave antennas based on grounded dielectric slab have the advantages
of low profile, moderate gain with end-fire radiation, and structurally conformal
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to airborne installations with good aerodynamic characteristics [89]-[91]. Surface
wave launcher plays a very important role in surface wave antenna, and its
excitation efficiency and bandwidth have profound effects on the antenna
performance. The slot Yagi-Uda antenna launcher is one of the favorite
candidates for TM0 mode excitation for grounded slab surface wave antennas.
However, its bandwidth is usually narrow. Other typical feeding devices widely
used in surface wave antennas are rectangular waveguides and flare horns with
the aperture field chosen as nearly like the transverse field of the surface wave as
possible. Nevertheless, it is very challenging for these waveguide-based feeding
structures to achieve very wide bandwidth as well as to maintain a low profile.

Figure 2.5: Geometry of a tapered depth flared slot antenna, (a) top view, (b)
side view.

Figure 2.5 shows the geometry of a tapered depth flared slot antenna. It is a
surface wave structure, which consists of a rectangular waveguide and a tapered
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slot filled with dielectric. The bandwidth of the structure is limited by the feeding
waveguide and discontinuity at the beginning of the aperture [92], [93]. In [93],
a tapered-ladder discontinuity minimizer and ridged waveguide were employed
to improve the impedance matching as well as to increase the bandwidth of the
antenna, achieving a wide range of operation bandwidth over a 4:1 frequency
band. However, the thickness of the dielectric is 0.32λ0, which may not be
competitive among the low-profile structures.
Another limitation associated with the rectangular waveguide launcher is that
the distribution of the electric field of the TE mode at the waveguide aperture is
not very uniform, which is proportional to the cosine function. Therefore, it
leaves room for us to explore better surface wave launchers to obtain a more
uniform distribution of the electric field at the aperture to improve the surface
wave excitation efficiency.

2.3 Supergain Antennas
A gain of N2 represents a remarkable “supergain” for N-element array of isotropic
radiators. As we know, due to the limitations of superdirective antennas, it is a
challenge to achieve supergain in practice. However, much work has been
reported on superdirective antennas in the open literature. Effective techniques
have been utilized to overcome the limitations.

2.3.1 Bow-Tie Structure
It is well known that the biconical antenna shown in Figure 2.6(a) can achieve a
very wide bandwidth. It is formed by placing two cones of infinite extent together.
The biconical antenna can evolve into a planar structure, which is called bow-tie.
Bow-tie structures can be employed by dipole and monopole antennas as shown
in Figures 2.6(b) and (c) to increase the bandwidth.
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(a)

(b)

(c)

Figure 2.6: (a) Biconical antenna, (b) bow-tie dipole, (c) bow-tie monopole.

A supergain array based on bow-tie monopole structure was presented in [94].
In the configuration, three monopole elements were employed. Both director and
reflector utilized the bow-tie structure to enhance the bandwidth. By adjusting
the reflector and director’s resonant frequencies, the gain of the antenna can also
be maximized. Four compact three-element monopole Yagi antennas were
designed in [94] to analyze the tradeoff between the bandwidth and gain,
achieving bandwidth from 4.2% to 10.2%, and gain values from 9.5 dBi to 9.9
dBi.

2.3.2 Folded Arm Technique
In practical applications, coaxial lines with a characteristic impedance of 50 or
75 ohms are usually used to feed the antenna. The dipole has an input impedance
of Zin = 73+j42.5 for the length of λ/2. For λ/4 monopole, the value is Zin =
36.5+j21.25. However, the input resistance of dipole or monopole array
decreases when the element spacing becomes closer. It is shown in [95] that the
input impedance of a two-element monopole array is only around 4.5 ohms with
the element spacing of 0.1λ. The rapidly decreased input resistance causes a
severe mismatch with coaxial lines.
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(a)

(b)

Figure 2.7: (a) Folded dipole and the analysis modes, (b) three-element folded
monopole supergain array.

One of the techniques to increase the impedance of a dipole is to fold the wire,
which forms a rectangular loop. Figure 2.7(a) shows the folded dipole structure
and the analysis modes. The structure can be analyzed using even and odd modes
if the two larger sides of the loop are closely spaced [96]. When the length of the
arm is half a wavelength and the antenna is resonant, the input impedance can be
derived as
𝑍𝑖𝑛 = 4𝑍𝑑

(2.12)

where 𝑍𝑑 denotes the input impedance of a dipole without being folded for the
length of l = λ/2. It is seen that the input impedance is four times larger than that
of a typical unfolded dipole.
If the dipole is multi-folded to N arms, the input impedance can be increased
to:
𝑍𝑖𝑛 = 𝑁 2 𝑍𝑑

(2.13)

Figure 2.7(b) shows the configuration of a three-element folded monopole
supergain array analyzed in [97]. It is composed of a driven element, a reflector,
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and a director. The element spacing is designed to be 0.02λ0. Each element is
multi-folded, which aims to boost up the input impedance to improve the
impedance matching. The structure was fabricated and measured. The antenna
can achieve a gain value of 10.08 dBi, and measurement results are in good
agreement with simulated ones.
The folded arm technique was also employed in many other examples of
supergain antennas. In [94], the driven element of a three-element monopole Yagi
array was folded. Measured results indicated that the gain can approach 10 dBi.
In [98], a two-element dipole Yagi antenna with an element spacing of 0.02λ0
was designed, the director is folded twice. The maximum realized gain can reach
6.6 dBi. The monopole version was also fabricated and measured, showing that
the antenna gain is 8.83 dBi, which is about 4 dB higher than that of a λ/4
monopole. In [99], a dipole element is closely located parallel to a perfect electric
conductor ground plane, and the spacing is only 0.023λ. By employing multifolded arms, the antenna can obtain a radiation efficiency of over 90% with a
feed point resistance of 46 ohms. The gain of the antenna was measured to be 8.2
dBi.

2.3.3 Decoupling and Matching Networks
A more complicated but effective way to realize supergain antenna is to design
the impedance matching and decoupling networks; its schematic of the supergain
antenna is shown in Figure 2.8. The networks usually contain several lumped
elements and transmission lines, which form some specific circuit topologies to
decrease the element coupling and to improve the impedance matching.
A simple tuning technique to improve the matching was proposed in [95]. In
this paper, the input impedances of two folded monopole antennas as a function
of spacing were first investigated. When the two antennas are closely spaced, one
of them exhibits a very large reactance. In order to adjust the reactance value to
be zero, some capacitors were employed between the folded arms and ground
plane. In [100], a multiport impedance-matching network was utilized to match
the antenna as well as to optimize the radiation pattern for a maximum gain. Ideal
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circuit topology was proposed and the circuit sensitivity to the tolerance of the
components was also studied. A gain of 8.9 dBi and a fractional bandwidth of
5.8% can be achieved for two-element folded monopole antenna using this
impedance-matching network.

Figure 2.8: Schematic of the supergain antenna with impedance matching and
decoupling networks.

Decoupling and matching networks are usually narrowband. A broadband
matching and decoupling network was proposed in [101]. Five different network
versions for the same 0.1λ spaced two-port monopole antenna array were
analyzed and compared. An 180º rat-race coupler with two series inductors (chip
inductors) and two shunt capacitors (shunt open stubs) were used to provide an
improvement in matching over the 100-MHz bandwidth from 2.4 to 2.5 GHz.
The antenna can achieve the gain of 8 dBi and radiation efficiency of 86%.

2.4 Low-Profile Circularly Polarized Antennas
Besides linearly polarized antennas discussed above, circularly polarized
antennas are also in great demand for airborne applications since they can
suppress the multipath reflection, avoid the polarization mismatch, and support a
flexible alignment for the receiving and transmitting antennas. Many CP antennas,
such as helical antenna [20], [102], spiral antenna [103], patch antenna [104],
[105], crossed dipole antenna [106], etc., have been investigated over the past
decades. Among these reported CP antennas, helical antennas can exhibit CP
end-fire radiation, high gain, and wide bandwidth [19]. However, traditional
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helical antennas are not suitable for surface-mounted and space-constrained
applications because their profiles are generally high.

2.4.1 Non-Planar Helical Antennas
Traditional helical antennas can achieve circular polarization in the axial-mode
when the element circumference is approximately one wavelength, the pitch
angle  of the helix is within the range of 12º <  < 14º, and the number of helical
turns is usually larger than 3 [19]. However, helical antennas are not regarded as
low-profile structures.
A lot of effects have been made to design compact and low-profile helical
antennas. One of the methods is to combine a small number of turns and low
pitch angle [107]-[109]. In [107], a two-turn helix with a very low pitch angle of
4º was employed to achieve a fractional bandwidth of 12% for circular
polarization. Based on this configuration, the low-profile helical antenna array
was considered in [108] and [109]. Meandering techniques were also employed
in many structures to reduce the antenna size [110]-[113]. In [113], an axial
length reduction of around 33% was achieved for a printed quadrifilar helical
antenna when a meandering line was utilized.
In addition, a wire composite helical-spiral antenna was proposed in [114],
which is shown in Figure 2.9. In this configuration, only one-turn helix is
employed. The size of the antenna is reduced to 77% of a traditional spiral
antenna. The current is gradually attenuating along the spiral arm and radiating
into free space. Tilted beam away from the end-fire direction with circular
polarization is obtained. Furthermore, a hemispherical helical antenna shown in
Figure 2.10 can also achieve a compact size, low profile, and circular polarization
in the end-fire direction [115], [116]. The proposed antenna can achieve a
fractional axial ratio bandwidth of 14.6%, and circularly polarized radiation can
cover a wide angular range of 90º.
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(a)

(b)

Figure 2.9: Low-profile composite helical-spiral antenna, (a) perspective view,
(b) side view.

Figure 2.10: Low-profile hemispherical helical antenna.

2.4.2 Planar Helical Antennas
2.4.2.1 Square Helix
A square helix can be formed using a conducting wire wrapped around a
dielectric core with a square cross-section, as shown in Figure 2.11. The current
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is flowing along the conducting wire at four sides of square dielectric core
sequentially. Many theoretical analyses have been conducted to investigate the
radiation characteristic of the square helix, while the effects of the dielectric
constant of the core on the characteristics of one, two, and three-turn of helix
have also been examined [19], [117], [118].

Figure 2.11: Square helix with one-turn.

In [106], rigorous formulas were derived for the radiated field of a square
helical antenna. For the simplest case of one-turn square helix, the normalized
electric field strength 𝐹(𝜃, 𝜑) in the end-fire direction was derived as
𝐹𝜃 (𝜃 = 0, 𝜑) = −𝑖
𝐹𝜑 (𝜃 = 0, 𝜑) =

8 𝑖𝜑
𝑒
𝜋

8 𝑖𝜑
𝑒
𝜋
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(2.14)
(2.15)

which lead to
𝐹𝜃 (𝜃 = 0, 𝜑)
= −𝑖
𝐹𝜑 (𝜃 = 0, 𝜑)

(2.16)

It is obvious that in the end-fire direction 𝜃 = 0, the horizontal and vertical
electric field components have equal amplitude and 90º phase difference, so that
circular polarization can be obtained.
Based on the analysis, many helical antennas with square cross-section were
proposed [119]-[122]. In [120], a square helical antenna was integrated into a
semiconductor silicon substrate, achieving good CP performance while
maintaining the substrate thickness of 0.22𝜆0 at the center frequency. In [122], a
bifilar helix antenna was designed for unmanned aerial vehicle applications. In
order to enhance the operation bandwidth, a tapered helix was employed in the
bifilar helical antenna, achieving end-fire circular polarization over a fractional
bandwidth of 1.68:1.

2.4.2.2 Rectangular Helix
Compared to the square helix, a rectangular helix has the advantage of low profile.
As shown in Figure 2.12, the rectangular helix can be fabricated using a single
layer of the substrate based on printed circuit board technology, which consists
of printed strips and straight-edge connections implemented by plated via-holes.
The proposed helix structure has found many applications in slow-wave
structures [123]-[126] and antennas [127]-[136].
Although helical antennas with rectangular cross-section have been
investigated over recent decades, little literature has been reported on circularly
polarized end-fire antennas so far. In [128]-[130], planar helical antennas with
very low profile were presented, but they only work in normal modes. A compact
integrated two-wire helical antenna was proposed in [131], which can achieve
end-fire radiation for the Bluetooth application. However, it is a linearly
polarized antenna and the operation bandwidth is very narrow. In [132], a novel
antenna based on confined planar helix was designed. Slow waves can propagate
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along a conducting screen and radiate at the end of the structure for end-fire
radiation, but the antenna is also linearly polarized. In addition, circularly
polarized planar helical antennas were designed in [133], [134]. Unfortunately,
they suffer from the limitation of narrow bandwidth, and the circular polarization
is not positioning along the end-fire direction.

Figure 2.12: Rectangular helix consisting of plated strips with straight-edge
connections implemented by plated via-holes.

A recent design based on planar helix was proposed to achieve circular
polarization in the end-fire direction [135], [136]. The antenna consists of two
layers of substrates and a large ground. Two different substrate layers are
separated by a certain distance and connected by metallic posts. End-fire
radiation with a relatively wide axial ratio bandwidth of over 30% was obtained.
However, the height of the planar helix is a bit thick, which is 0.270 at the center
frequency. In addition, a large ground vertical to the axis of the helix is employed
in this planar helical antenna, which limits the structure for low-profile
applications.
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2.5 Summary
In this chapter, end-fire antennas with various characteristics such as wide
bandwidth, supergain, and circular polarization have been comprehensively
reviewed. Several techniques have been introduced to solve the associated
problems of these end-fire antennas effectively.
It has been shown in the literature review that cavity-backed structures can
help to alleviate the ground effect on the antenna performance and antenna
bandwidth can be enhanced by using wideband transitions. It has been noted that
the limitations of superdirective antennas can be overcome by employing bowtie structures, folded arm technology, and decoupling and matching networks. In
addition, planar helical antennas have also been proposed to achieve end-fire
radiation of circular polarization, which may be promising to achieve low-profile
structures for conformal applications.
Although the reviewed techniques can alleviate the limitations of existing endfire antennas to a certain extent, there still exist a lot of challenges for our further
investigation. For example, it is very hard to achieve a wide bandwidth while
maintaining the antenna thickness less than λ0/6 for H-plane horn antenna since
the impedance matching deteriorates significantly when maintaining a very low
profile. In addition, most published supergain antennas are dipole and monopole
arrays; little has been reported on slot structures, which leaves room for us to
have a further investigation. Furthermore, it still remains a challenge to realize
circularly polarized end-fire radiation for a planar helical antenna with a very low
profile. The large ground plane vertical to the axis of the helix is also not suitable
for low-profile applications. All these challenges offer a clear direction for our
research in the following chapters.
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CHAPTER 3
SURFACE WAVE ANTENNA BASED ON
GROUNDED DIELECTRIC SLAB
3.1 Introduction
As discussed in the previous chapter, surface waves can propagate along the
grounded dielectric slab with the field exponentially decaying away from the
interface. They can also radiate into free space for end-fire radiation at
discontinuities or when a surface wave gap is produced. These excellent
characteristics have attracted extensive attention over recent decades.
A lot of studies have been carried out to characterize surface waves propagating
along a grounded dielectric slab. For instance, it has been shown that the
infinitely large grounded dielectric slab can support pure TM and TE surface
wave modes, and their propagating constants on isotropic slab were analyzed in
[79]. The corresponding fields and power of the surface waves were studied in
[30]. In addition to the case of isotropic grounded slab, the guidance conditions
of TM and TE surface waves in grounded anisotropic slab were considered in
[137]. The solution of suppressing surface waves on grounded anisotropic slab
was explored in [138]. However, these analyses are impractical because they only
focus on structures with infinite length and width, and assume that there is no
field variation along the direction orthogonal to the propagation direction of
surface waves. To the best of our knowledge, no detailed analysis has been
introduced for the case that the fields are non-uniformly distributed along the
direction transverse to the propagation direction, which is a more practical
concern for most engineers. In addition, most substrates used in real applications
exhibit nonnegligible anisotropic properties due to either the intrinsic anisotropy
of the material or the manufacturing process [139]. The effect of the anisotropy
of the material on the propagation characteristics of surface waves is another
concern for practical engineering.
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On the other hand, surface wave antennas based on grounded dielectric slabs
exhibit the advantages of low profile, moderate gain with end-fire radiation, and
structurally conformal to airborne installations with good aerodynamic
characteristics. It is known that surface wave launchers play an important role in
the antenna performance. Rectangular and flare horns are favorite low-profile
candidates to feed the surface wave antennas based on grounded dielectric slab,
but one of the limitations associated with these launchers is that it is challenging
to achieve a very wide bandwidth.
In this chapter, we first investigate the characteristics of surface waves
propagating on a grounded dielectric slab, especially focus on the slab with finite
width. The slab is considered as anisotropic as a general discussion. By assuming
that the surface waves are propagating along the longitudinal direction of the slab,
the field variations along the transverse direction are considered. By solving
Maxwell’s equations in closed form, it is revealed that no pure TM or TE mode
exists if the fields are non-uniformly distributed along the transverse direction of
the grounded slab. Instead, two hybrid modes, namely quasi-TM and quasi-TE
modes are supported. It is also found that surface waves propagate away from the
longitudinal direction of the finite-width slab with some certain angle, and the
angle decreases as the slab width increases. It is worth mentioning that the
proposed method is also suitable for analyzing the characteristics of surface
waves propagating on isotropic grounded slab as a special case.
Next, a compact and wideband surface wave antenna that exhibits very low
profile and can be flush-mounted on a conformal platform is presented. The
proposed antenna comprises a tapered grounded ceramic slab, a unidirectional
surface wave launcher, and a tapered impedance transition. The ceramic slab is
smoothly tapered to transform the guided surface wave into radiated space wave
over a wide frequency range. The surface wave launcher employs a probe-fed
parallel plate waveguide with a modified parabolic reflecting wall and a metallic
post, which are critical for effectively transforming the cylindrical wave to a
unidirectional plane wave within a broad frequency range. The proposed surface
wave antenna has the following advantages. 1) The antenna can achieve a wide
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bandwidth of 100% with a thickness of only 0.12 𝜆0 at the center operating
frequency. 2) Stable and quasi end-fire radiation beams with moderate gain
values are obtained over the entire operating band. 3) The antenna is structurally
simple and conductor-backed, which is potentially useful to be conformal and
flush-mounted for missile and unmanned aerial vehicle applications.

Figure 3.1: Surface waves on the interface of air region and grounded
anisotropic slab with infinite length in x and y directions.

3.2 Characteristics of Surface Waves Propagating on
Grounded Anisotropic Slab
3.2.1 Infinitely Large Anisotropic Grounded Slab
As shown in Figure 3.1, we assume that the grounded slab is infinite in both x
and y directions, the surface waves propagate along the longitudinal +y direction
with an 𝑒 −𝑗𝛽𝑦 propagation factor. The thickness of the slab is t. The slab is
considered as anisotropic as a general discussion, and the relative permittivity 𝜀̿
and permeability 𝜇̿ of the anisotropic slab are expressed as
𝜀𝑥
𝜀̿ = [ 0
0

0
𝜀𝑦
0

0
0 ],
𝜀𝑧

𝜇𝑥
𝜇̿ = [ 0
0
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0
𝜇𝑦
0

0
0]
𝜇𝑧

(3.1)

where the diagonal elements represent the eigenvalues of 𝜀̿ and 𝜇̿ , respectively,
and their directions constitute the principle axes of the anisotropic slab. In order
to analyze the characteristics of surface waves propagating along the grounded
anisotropic dielectric slab, we separately consider the fields in anisotropic and air
regions, then solve Maxwell’s equations and apply boundary conditions across
the interface. For the considered structure, the E-field and H-field along the y
direction for both regions are expressed as
In Region I
𝐸𝑦I = 𝐴I 𝑓𝑒 (𝑥)𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 𝑧)

(3.2a)

𝐻𝑦I = 𝐵I 𝑓ℎ (𝑥)𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 𝑧)

(3.2b)

𝐸𝑦II = 𝐴II 𝑓𝑒 (𝑥)𝑒 −𝑗𝛽𝑦 𝑦 e−𝑘0𝑧 𝑧

(3.3a)

𝐻𝑦II = 𝐵II 𝑓ℎ (𝑥)𝑒 −𝑗𝛽𝑦 𝑦 e−𝑘0𝑧𝑧

(3.3b)

In Region II

where AI, AII, BI, and BII are the amplitude coefficients of the corresponding fields
in each region. y is the phase constant of surface waves along the y direction. kz
is the wavenumber in the anisotropic medium in the z direction. The sine function
of EyI and cosine function of HyI in the anisotropic medium are selected due to the
vanishing electric field and maximum magnetic field on the PEC ground plane,
respectively. Due to the fields of surface waves decaying exponentially away in
air from the interface, the z components of fields in air region is expressed as ekozz

. In addition, fe(x) and fh(x) represent the x components of E-field and H-field,

respectively. For the infinitely large slab, we assume that the propagation
constant in the x direction is Rx, fe(x) and fh(x) then satisfy the following form
𝑓𝑒 (𝑥) = 𝑓ℎ (𝑥) = 𝑓(𝑥) = {

𝑒 −𝑅𝑥𝑥
𝑒 𝑅𝑥 𝑥
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(𝑥 ≥ 0)
(𝑥 ≤ 0)

(3.4)

If Rx = 0, then ∂f(x)/∂x = 0, which indicates that the field has no variation in the
x direction. On the other hand, if Rx ≠ 0, the field of surface wave is non-uniformly
distributed along the x direction.
By solving Maxwell’s equations based on (3.2) and (3.3), the E-field and Hfield in both anisotropic slab and air regions in x and z directions are found as
In Region I
𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 z)

𝐸𝑥I =

𝑗(𝜀𝑥 𝜇𝑧 𝑘02 −𝛽𝑦2 )

𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 z)

𝐻𝑥I =
𝐸𝑧I =
𝐻𝑧I =

𝑗(𝜀𝑧 𝜇𝑥 𝑘02 −𝛽𝑦2 )

𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 z)

𝑗(𝜀𝑥 𝜇𝑧 𝑘02 −𝛽𝑦2 )

𝜕𝑓𝑒 (𝑥)

[𝛽𝑦 𝐵I

𝜕𝑓ℎ (𝑥)

𝜕𝑥

+ 𝜔𝜇0 𝜇𝑧 𝑘𝑧 𝐵I 𝑓ℎ (𝑥)]

𝜕𝑥

(3.5a)

+ 𝜔𝜀0 𝜀𝑧 𝑘𝑧 𝐴I 𝑓𝑒 (𝑥)]

[𝛽𝑦 𝑘𝑧 𝐴I 𝑓𝑒 (𝑥) + 𝜔𝜇0 𝜇𝑥 𝐵I

𝑗(𝜀𝑧 𝜇𝑥 𝑘02 −𝛽𝑦2 )

𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 z)

[𝛽𝑦 𝐴I

𝜕𝑓ℎ (𝑥)

[−𝛽𝑦 𝑘𝑧 𝐵I 𝑓ℎ (𝑥) − 𝜔𝜀0 𝜀𝑥 𝐴I

𝜕𝑥

(3.5b)

]

𝜕𝑓𝑒 (𝑥)
𝜕𝑥

(3.5c)

]

(3.5d)

In Region II
𝐸𝑥II =
𝐻𝑦II =
𝐸𝑧II =
𝐻𝑧II =

𝑒 −𝑗𝛽𝑦 𝑦 𝑒 −𝑘0𝑧 𝑧
𝑗(𝑘02 −𝛽𝑦2 )
𝑒 −𝑗𝛽𝑦 𝑦 𝑒 −𝑘0𝑧𝑧
𝑗(𝑘02 −𝛽𝑦2 )
𝑒 −𝑗𝛽𝑦 𝑦 𝑒 −𝑘0𝑧 𝑧
𝑗(𝑘02 −𝛽𝑦2 )
𝑒 −𝑗𝛽𝑦 𝑦 𝑒 −𝑘0𝑧𝑧
𝑗(𝑘02 −𝛽𝑦2 )

[𝛽𝑦 𝐴II

𝜕𝑓𝑒 (𝑥)

[𝛽𝑦 𝐵II

𝜕𝑓ℎ (𝑥)

𝜕𝑥

𝜕𝑥

+ 𝜔𝜇0 𝑘0𝑧 𝐵II 𝑓ℎ (𝑥)]

(3.6a)

− 𝜔𝜀0 𝑘0𝑧 𝐴II 𝑓𝑒 (𝑥)]

(3.6b)

[−𝛽𝑦 𝑘0𝑧 𝐴II 𝑓𝑒 (𝑥) + 𝜔𝜇0 𝐵II

𝜕𝑓ℎ (𝑥)

[−𝛽𝑦 𝑘0𝑧 𝐵II 𝑓ℎ (𝑥) − 𝜔𝜀0 𝐴II

𝜕𝑓𝑒 (𝑥)

𝜕𝑥

𝜕𝑥

]

(3.6c)

]

(3.6d)

Based on the field distributions and boundary conditions, the characteristics of
the surface waves can be analyzed as follows.
1) TM Mode Surface Wave: For the pure TM surface wave, it is known that BI
= BII = 0, the continuity conditions of Ex and Ey at z = t give

42

𝐴I sin(𝑘𝑧 𝑡) = 𝐴II 𝑒 −𝑘0𝑧 𝑡

(3.7a)

𝜕𝑓(𝑥) 𝐴I sin(𝑘𝑧 𝑡)
𝜕𝑓(𝑥) 𝐴II 𝑒 −𝑘0𝑧 𝑡
=
𝜕𝑥 𝜀𝑥 𝜇𝑧 𝑘02 − 𝛽𝑦2
𝜕𝑥 𝑘02 − 𝛽𝑦2

(3.7b)

𝜀𝑥 𝜇𝑧 = 1

(3.8a)

𝜕𝑓(𝑥)
=0
𝜕𝑥

(3.8b)

which lead to

or

It is obvious that (3.8a) is not satisfied since the dielectric slab cannot be air for
our discussion. Therefore, (3.8b) is the only solution, indicating that for pure TM
surface wave propagating along the y direction of the grounded anisotropic slab,
the field distribution along the x direction must be uniform.
2) TE Mode Surface Wave: For pure TE surface wave, it is obvious that AI =
AII = 0. Similarly, according to the boundary conditions of Hx and Hy at the
interface z = t, (3.8b) also should be satisfied.
3) Hybrid Mode Surface Wave: Based on the above discussions, it is concluded
that if the pure TM or TE surface wave exists on the grounded dielectric slab, the
field distribution along the x direction must be uniform. In other words, if ∂f(x)/∂x
≠ 0 or Rx ≠ 0, hybrid mode surface waves that consist of quasi-TM mode with
small 𝐻𝑦 and quasi-TE mode with small 𝐸𝑦 propagate along the slab. In this case,
the continuity of tangential fields across the interface leads to
𝛽𝑦2 𝑅𝑥2 𝑘02 (1 − 𝜀𝑥 𝜇𝑧 )(1 − 𝜀𝑧 𝜇𝑥 )
=[𝜇𝑧 𝑘𝑧 (𝑘02 − 𝛽𝑦2 ) − 𝑘0𝑧 (𝜀𝑥 𝜇𝑧 𝑘02 – 𝛽𝑦2 ) cot(𝑘𝑧 𝑡)]
× [𝜀𝑧 𝑘𝑧 (𝑘02 − 𝛽𝑦2 ) + 𝑘0𝑧 (𝜀𝑧 𝜇𝑥 𝑘02 − 𝛽𝑦2 )tan(𝑘𝑧 𝑡)]

(3.9)

By applying Maxwell’s equation, the dispersion relations in both regions are
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In Region I
𝛽𝑦2 𝑅𝑥2 𝑘𝑧2 (

1
1
−
)2
2
2
𝜀𝑧 𝜇𝑥 𝑘0 − 𝛽𝑦 𝜀𝑥 𝜇𝑧 𝑘02 − 𝛽𝑦2

= −𝑘02 (𝜇𝑦 +

𝜇𝑥 𝑅𝑥2

2 −

𝜀𝑧 𝜇𝑥 𝑘02 −𝛽𝑦

𝜇𝑧 𝑘𝑧2

2 )(𝜀𝑦 +

𝜀𝑥 𝜇𝑧 𝑘02 −𝛽𝑦

𝜀𝑥 𝑅𝑥2

2 −

𝜀𝑥 𝜇𝑧 𝑘02 −𝛽𝑦

𝜀𝑧 𝑘𝑧2

𝜀𝑧 𝜇𝑥 𝑘02 −𝛽𝑦2

)

(3.10)
In Region II
2
𝛽𝑦2 − 𝑅𝑥2 − 𝑘0𝑧
= 𝑘02

(3.11)

From (3.9)-(3.11), it is seen that three equations with four unknowns y, Rx, kz,
and koz are obtained, which implies that there is no unique solution for y unless
Rx is determined. It is worth mentioning that for pure TM and TE surface waves,

y, kz, and koz can be solved for given k0, slab thickness t, and relative permittivity
𝜀̿ and permeability 𝜇̿ by substituting Rx = 0 into (3.9)-(3.11). The above analyses
can also be applied to the grounded isotropic slab, in which case we can use the
relative permittivity r = x = y =z and permeability r = x =y = z instead of
𝜀̿ and 𝜇̿ .

3.2.2 Finite-Width Anisotropic Grounded Slab
Figure 3.2(a) shows the grounded anisotropic slab with a finite width of 2a and
thickness t. By applying the boundary conditions at the interface x = ±a, the
propagation constant in the x direction Rx can then be determined. For analysis,
the cross-section of the grounded slab is sub-divided into six regions, as shown
in Figure 3.2(b). Region I is the anisotropic slab, while the others are air regions.
Since the fields in two corner Regions V and VI are very small, which are
assumed to be negligible [141], we only take into account Regions I, II, III, and
IV for analysis.
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Figure 3.2: Surface waves on the interface of air region and grounded
anisotropic slab with finite width, (a) perspective view, (b) cross-section view.

The E-field and H-field along the y direction for Regions I and II have the same
expressions as (3.2a)-(3.3b). However, due to the discontinuity at x = ±a,
reflected waves exist along the x direction. Therefore, the x components fe(x) and
fh(x) of the E-Field and H-field are expressed as
𝑓𝑒 (𝑥) = 𝑒 −𝑅𝑥𝑥 + 𝑟1 𝑒 𝑅𝑥𝑥

(3.12a)

𝑓ℎ (𝑥) = 𝑒 −𝑅𝑥𝑥 + 𝑟2 𝑒 𝑅𝑥𝑥

(3.12b)

where r1 and r2 represent the magnitude ratios of eR x and e-R x for fe(x) and fh(x),
x

x

respectively. The fields in both Regions I and II in x and z directions can be
obtained by substituting (3.12a) and (3.12b) into (3.5a)-(3.6d).
In Regions III and IV, the fields are decaying away from the interface x = ±a
along the x direction. Therefore, the x components of fields can be expressed as
e-R

x

ox

and eR x, respectively. Based on the continuity conditions of the tangent
ox

fields at the interface, the E-field and H-field along the y direction for Regions
III and IV are given as follows.
In Region III
𝐸𝑦III = 𝐴III e−𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 𝑧)

(3.13a)

𝐻𝑦III = 𝐵III e−𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 𝑧)

(3.13b)
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In Region IV
𝐸𝑦IV = 𝐴IV e𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 𝑧)

(3.14a)

𝐻𝑦IV = 𝐵IV e𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 𝑧)

(3.14b)

where AIII, BIII, AIV, and BIV are corresponding amplitude coefficients. The Efield and H-field in the x and z directions can then be found as
In Region III
𝐸𝑥III =

𝑒 −𝑗𝛽𝑦 𝑦 e−𝑅0𝑥𝑥 sin(𝑘𝑧 z)

𝐻𝑥III =
𝐸𝑧III =
𝐻𝑧III =

𝑗(𝑘02 −𝛽𝑦2 )

[−𝛽𝑦 𝑅0𝑥 𝐴III + 𝜔𝜇0 𝑘𝑧 𝐵III ]

𝑒 −𝑗𝛽𝑦 𝑦 e−𝑅0𝑥 𝑥 cos(𝑘𝑧 z)
𝑗(𝑘02 −𝛽𝑦2 )

𝑒 −𝑗𝛽𝑦 𝑦 e−𝑅0𝑥 𝑥 cos(𝑘𝑧 z)
𝑗(𝑘02 −𝛽𝑦2 )

𝑒 −𝑗𝛽𝑦 𝑦 e−𝑅0𝑥 𝑥 sin(𝑘𝑧 z)
𝑗(𝑘02 −𝛽𝑦2 )

(3.15a)

[−𝛽𝑦 𝑅0𝑥 𝐵III + 𝜔𝜀0 𝑘𝑧 𝐴III ]

(3.15b)

[𝛽𝑦 𝑘𝑧 𝐴III − 𝜔𝜇0 𝑅0𝑥 𝐵III ]

(3.15c)

[−𝛽𝑦 𝑘𝑧 𝐵III + 𝜔𝜀0 𝑅0𝑥 𝐴III ]

(3.15d)

In Region IV
𝐸𝑥IV =
𝐻𝑥IV =
𝐸𝑧IV =
𝐻𝑧IV =

𝑒 −𝑗𝛽𝑦 𝑦 e𝑅0𝑥 𝑥 sin(𝑘𝑧 z)
𝑗(𝑘02 −𝛽𝑦2 )

[𝛽𝑦 𝑅0𝑥 𝐴IV + 𝜔𝜇0 𝑘𝑧 𝐵IV ]

𝑒 −𝑗𝛽𝑦 𝑦 e𝑅0𝑥 𝑥 cos(𝑘𝑧 z)

[𝛽𝑦 𝑅0𝑥 𝐵IV + 𝜔𝜀0 𝑘𝑧 𝐴IV ]

(3.16b)

[𝛽𝑦 𝑘𝑧 𝐴IV + 𝜔𝜇0 𝑅0𝑥 𝐵IV ]

(3.16c)

[−𝛽𝑦 𝑘𝑧 𝐵IV − 𝜔𝜀0 𝑅0𝑥 𝐴IV ]

(3.16d)

𝑗(𝑘02 −𝛽𝑦2 )

𝑒 −𝑗𝛽𝑦 𝑦 e𝑅0𝑥 𝑥 cos(𝑘𝑧 z)
𝑗(𝑘02 −𝛽𝑦2 )

𝑒 −𝑗𝛽𝑦 𝑦 e𝑅0𝑥 𝑥 sin(𝑘𝑧 z)
𝑗(𝑘02 −𝛽𝑦2 )

(3.16a)

The boundary condition across the interface z = t provides the same result as
(3.9), while the field continuities at the interface 𝑥 = ±𝑎 give
𝛽𝑦2 𝑘𝑧2 (

1
1
1
1
−
)(
−
)
𝜀𝑧 𝜇𝑥 𝑘02 − 𝛽𝑦2 𝑘02 − 𝛽𝑦2 𝜀𝑥 𝜇𝑧 𝑘02 − 𝛽𝑦2 𝑘02 − 𝛽𝑦2
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= 𝑘02 (−

𝜇𝑥 𝑅𝑥

𝜀𝑧 𝜇𝑥 𝑘02 −𝛽𝑦2

+

𝑅0𝑥
𝑘02 −𝛽𝑦2

𝑒 −𝑅𝑥 𝑎 −𝑟1 𝑒 𝑅𝑥 𝑎
𝑒 −𝑅𝑥 𝑎 +𝑟1 𝑒 𝑅𝑥 𝑎

) (− 𝜀

𝜀𝑥 𝑅𝑥

2
2
𝑥 𝜇𝑧 𝑘0 −𝛽𝑦

+

𝑅0𝑥
𝑘02 −𝛽𝑦2

𝑒 −𝑅𝑥 𝑎 +𝑟1 𝑒 𝑅𝑥 𝑎
𝑒 −𝑅𝑥 𝑎 −𝑟1 𝑒 𝑅𝑥 𝑎

)

(3.17)
and
1
𝑟1 = −𝑟2 = {
−1

𝑞𝑢𝑎𝑠𝑖 − 𝑇𝑀 𝑚𝑜𝑑𝑒
𝑞𝑢𝑎𝑠𝑖 − 𝑇𝐸 𝑚𝑜𝑑𝑒

(3.18)

In addition, the dispersion relation of both Regions III and IV can be found as
2
𝛽𝑦2 − 𝑅0𝑥
+ 𝑘𝑧2 = 𝑘02

(3.19)

Therefore, from (3.9)-(3.11) and (3.17)-(3.19), it is seen that six equations with
six unknowns y, Rx, Rox, kz, koz, and r1 are derived, so that the propagation
characteristics of the quasi-TM and quasi-TE surface waves can be determined.

3.2.3 Numerical Analysis
3.2.3.1 Comparison of Different Methods
In this section, three different methods are employed to compare the propagation
characteristics of surface waves on an anisotropic grounded dielectric slab. In the
first method, it is assumed that the slab is infinite in both x and y directions, and
there is no field variation along the x direction. This method has been utilized in
most open literature, but it can only provide approximate results for real
engineering applications, in which finite-width slabs are usually employed, and
the field distributions along the x direction are non-uniform. The propagation
characteristics are summarized in (B.1)-(B.6) in Appendix B. The second method
is based on Marcatili’s method [140]. This method considers the field variations
along the x direction of the finite-width slab. However, the analysis assumes that
Hz = 0 and Hx = 0 for quasi-TM and quasi-TE modes, respectively. Based on this
approximate method, we derived the closed-form expressions for propagation
characteristics of quasi-TM and quasi-TE modes for the considered structure,
which can be obtained using (C.2)-(C.6) and (C.8)-(C.12), respectively, as
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summarized in Appendix. C. The third one is based on our derivations using
(3.9)-(3.11) and (3.17)-(3.19). In our method, hybrid surface wave modes on
grounded dielectric slab with finite width are analyzed, which addresses the main
concern and provides a more accurate solution for practical applications.
As an example, we use an anisotropic PTFE substrate in [139] with x = 2.89,

y = 2.95, z = 2.45, and x = y = z = 1 to analyze the propagation constants of
surface waves, and the results at f = 16 GHz are shown in Figure 3.3(a). In
addition, the corresponding results of isotropic slab with x = y = z = 2.45, x =

y = z = 1 are also shown in Figure 3.3(b) for comparison. In our calculation,
we are looking for solutions that waves propagate along the y-direction and decay
in the z direction away from the interface. For the first method, the slab width is
assumed to be infinite with Rx = 0, while for the other two methods, the slab width
is set as 2a = 37.5 mm with Rx ≠ 0. Figures 3.3(a) and (b) both indicate that the
results of finite-width slab obtained by Marcatili’s method and our method are
very close. However, it is observed that they are smaller than the corresponding
values obtained using the first method. Furthermore, comparing the case of
anisotropic with isotropic slabs, it is seen that the anisotropic property of the slab
has significant effects on both quasi-TM and quasi-TE modes, which will be
discussed in detail in the next section.
As shown in Figure 3.4(a), the values of y/k0 as a function of t/0 with different
slab widths are compared. In this study, our method based on (3.9)-(3.11) and
(3.17)-(3.19) is employed for the case of finite-width slab, while for the case of
a = ∞, the first method is utilized. It is seen that when the slab width increases,
the values of y/k0 increase, and they are closer to the case of a = ∞ with Rx = 0.
This phenomenon also validates our derivations in a way.
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Figure 3.3: Comparison of y/k0 as a function of slab thickness t/0 for
grounded dielectric slab, (a) anisotropic slab with x = 2.89, y = 2.95, z = 2.45
and x = y = z = 1, (b) isotropic slab with x = y = z = 2.45, x = y = z = 1.
(a = ∞ for Rx = 0, 2a = 37.5 mm for Rx ≠ 0.)
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Figure 3.4: Effects of slab width on (a) y/k0 and (b) |y /Rx| as a function of slab
thickness for grounded anisotropic slab (x = 2.95, y = 2.89, z = 2.45 and x =

y = z = 1).
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Furthermore, it is worth pointing out that the propagation constant in the x
direction Rx is revealed to be a pure imaginary number in our calculation, which
indicates that the surface waves propagate along the x direction in addition to the
y direction, so that the propagating direction deviates from the y direction with
some certain angle. The values of |y/Rx| as a function of t/0 with different slab
widths are plotted in Figure 3.4(b). The results indicate that |y /Rx| is very
sensitive to the slab width. When the slab width increase, the value of |y/Rx|
increases significantly, meaning that the propagation direction is closer to the y
direction.

3.2.3.2

Effects

of

Permittivity

Tensor

on

Propagation

Characteristics of Surface Waves
The effects of the relative permittivity tensor on propagation characteristics of
surface waves are investigated. Based on (3.9)-(3.11) and (3.17)-(3.19), the
corresponding values of y/k0 and |y/Rx| as a function of slab thickness are
calculated. As an instance, the calculated frequency is set as f = 16 GHz, and the
slab width is 2a = 56.25 mm.
Figures 3.5(a) and (b) show the effects of x on y/k0 and |y/Rx| as a function
of slab thickness. It is seen that when both y and z remain to be 2.45 and the
value of x varies from 2.45 to 3.15, y/k0 and |y/Rx| are almost stable for quasiTM modes. However, the corresponding values of quasi-TE modes change
significantly with the increase of x. Similarly, the effects of y and z on the
propagation characteristics of surface waves are also investigated. Figures 3.5(c)
and (d) illustrate that increasing y results in slight increases of y/k0 and |y/Rx|
for quasi-TM modes, while the quasi-TE modes are nearly unaffected. As shown
in Figures 5.5(e) and (f), the value of z can significantly affect the propagation
characteristics of quasi-TM modes, but hardly contributes to the quasi-TE modes.
Since most substrates exhibit a nonnegligible amount of anisotropy during the
process of fabrication, these effects should be seriously taken into account for
engineering applications. It should be mentioned that although the relative
permittivity tensor can affect the propagation constants along both x and y
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Figure 3.5: Effects of (a), (b) x, (c), (d) y, and (e), (f) z on y/k0 and |y /Rx|
as a function of slab thickness for grounded anisotropic slab with slab width of
2a = 56.25 mm.
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directions, the slab width plays a major role in affecting the value of |y/Rx|, as
displayed in Figure 3.4(b). In addition, we also employ the other two methods
discussed above to analyze these effects as well as to validate our derivation
further. The phenomena are in good agreement by using different methods, and
these discussions are omitted here for the sake of brevity.

3.3 Wideband Flush-Mounted Surface Wave Antenna
3.3.1 Antenna Configuration
Figure 3.6 shows the configuration of our proposed wideband and low-profile
surface wave antenna. It consists of a wideband probe-fed unidirectional surface
wave launcher, a tapered grounded ceramic slab, and a tapered impedance
transition. The launcher and slab are seamlessly joined together by tapering one
end of both parts. The length and width of the antenna are denoted by L and W,
respectively.

Figure 3.6: Configuration of the proposed wideband, low-profile, and compact
surface wave antenna, (a) perspective view, (b) side view.
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The surface wave launcher consists of a coaxial-to-parallel plate waveguide
transition with a modified parabolic reflecting wall and a metallic post. The shape
of the reflecting wall can be expressed as |𝑥| = (4𝑝𝑦)𝑛 . The distance between
the coaxial probe and the reflecting wall is p. The coaxial probe and metallic post
are located along the symmetric plane of the launcher with a separation of dp, and
they protrude into the substrate with heights of hf and hp, respectively.
The grounded slab is smoothly tapered to transform the surface wave into
radiated space wave as well as to improve the matching condition between the
dielectric slab and free space. As shown in Figure 3.6(b), the taper is mainly
determined by three segments AB, BC, and CD. The lengths of these three
segments are represented by LAB, LBC, and LCD, respectively. The thicknesses of
the slab at points A, B, C, and D are denoted by hA, hB, hC, and hD, respectively.
By selecting the proper length of each segment and thickness at each point, the
curvature of the ground can be controlled. It should be mentioned that the ground
curvature has a significant effect on the sidelobe levels of the radiation patterns,
and it can also be controlled by employing more segments or other arc-shaped
tapers. In our design, three linear segments are used in order to facilitate
simulation and fabrication.

3.3.2 Design Considerations
3.3.2.1 Tapered Grounded Dielectric Slab
As discussed in Section 3.2, grounded dielectric slab with finite width can
support quasi-TM surface wave mode. For our proposed surface wave antenna,
it is generally required that most of the surface wave power can be retained inside
the dielectric slab right after it enters the tapered grounded slab from a parallel
plate waveguide. This can eliminate the strong reflection and potential diffraction
occurring at the feeding junction, which may degrade the radiation pattern.
For surface waves propagating along the +y direction of a grounded dielectric
slab with the thickness of h and width w, the power can be derived as
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𝑥̂
1
1
∗
̅
̅
̅
𝐸
𝑃 = ∫ 𝑅𝑒(𝐸 × 𝐻 ) ∙ 𝑑𝑆 = ∫ 𝑅𝑒 | 𝑥
2
2
𝐻𝑥∗

𝑦̂
𝐸𝑦
𝐻𝑦∗

𝑧̂
𝐸𝑧 | ∙ 𝑑𝑆̅
𝐻𝑧∗

1
= ∬ 𝑅𝑒(𝐸𝑧 𝐻𝑥∗ − 𝐸𝑥 𝐻𝑧∗ )𝑑𝑥𝑑𝑧
2

(3.20)

𝑧=∞
𝑧=ℎ
Therefore, the power inside the slab 𝑃1 |𝑧=0
and outside the slab 𝑃2 |𝑧=ℎ
can be

obtained
1 ℎ −𝑤/2
𝑧=ℎ
𝑃1 |𝑧=0
= ∫ ∫
𝑅𝑒[𝐸𝑧𝐼 (𝐻𝑥𝐼 )∗ − 𝐸𝑥𝐼 (𝐻𝑧𝐼 )∗ ]𝑑𝑥𝑑𝑧
2 0 𝑤/2
𝑧=∞
𝑃2 |𝑧=ℎ

1 ∞ −𝑤/2
= ∫ ∫
𝑅𝑒[𝐸𝑧𝐼𝐼 (𝐻𝑥𝐼𝐼 )∗ − 𝐸𝑥𝐼𝐼 (𝐻𝑧𝐼𝐼 )∗ ]𝑑𝑥𝑑𝑧
2 ℎ 𝑤/2

(3.21)

(3.22)

where the superscripts I and II denote the slab and air regions, respectively.
Generally speaking, in order to minimize the reflection and diffraction at the
𝑧=ℎ
𝑧=ℎ
feeding junction, the power inside the slab 𝑃1 |𝑧=0
over the total power (𝑃1 |𝑧=0
+
𝑧=∞
𝑃2 |𝑧=ℎ
) should satisfy [31]

𝐶 =

𝑧=ℎ
𝑃1 |𝑧=0
𝑧=ℎ
𝑧=∞ > 0.9
𝑃1 |𝑧=0
+ 𝑃2 |𝑧=ℎ

(3.23)

It is worth mentioning that all field components inside and outside the
grounded slab can be calculated based on (3.5), (3.6), (3.9)-(3.12), and (3.17)(3.19). These derivations are also suitable for the isotropic grounded slab, in
which case we can set x = y = z = r and x = y = z = r.
Although surface waves are bound waves, they can radiate into free space once
a discontinuity occurs or a surface wave gap is produced. When looking straight
down from the +z direction, the grounded dielectric slab can be regarded as a
transmission line, which is shorted at the bottom. For the tapered grounded slab,
the surface impedance alters continuously as the height changes smoothly. When
the slab height reaches 𝜆/4√𝜀𝑟 , the short circuit at the bottom end is transformed
into an open circuit at the interface. At this resonant point, the guided surface
wave can be effectively transformed into a space wave that can be radiated into
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space [21].
In order to effectively transform the surface wave into radiated space wave over
a wide frequency band, a large range of thickness should be selected for the
dielectric slab for a given 𝜀𝑟 . On the other hand, the slab thickness should be
maintained low so that a compact and low-profile antenna can be designed, which
indicates that a large 𝜀𝑟 should be selected. Finally, a tapered grounded dielectric
slab with a high dielectric constant 𝜀𝑟 is employed to design a wideband and lowprofile surface wave antenna.
The tapered grounded slab radiator can be designed based on the above
understandings, and the procedures are summarized below.
1) First, the slab width W can be determined based on the desired beamwidth
in the H-plane. For the TM surface wave propagating in the grounded
dielectric slab, the half-power beamwidth (HPBW) of the radiation pattern
in the H-plane is approximately [2]
0.443𝜆

Θℎ = 114.6𝑠𝑖𝑛−1 (

𝑊

) degrees

(3.24)

In our example, the slab width is selected to be 29 mm so that the HPBW
is around 450 at the center frequency f = 12 GHz.
2) Next, the antenna height hA and dielectric constant 𝜀𝑟 of the tapered slab
can be determined once the starting frequency 𝑓𝑚𝑖𝑛 of the operating band
is specified. In our design, the bandwidth from 6 to 18 GHz is desired and
a large 𝜀𝑟 is preferred to maintain a low profile. hA should satisfy
3)

ℎ𝐴 > 𝜆𝑚𝑖𝑛 /4√𝜀𝑟

(3.25)

where 𝜆𝑚𝑖𝑛 is the free-space wavelength at the starting frequency 𝑓𝑚𝑖𝑛 .
Meanwhile, it is desirable that the power ratio C at the beginning part of
the tapered slab is larger than 0.9. Therefore, we calculate the power ratio
C in terms of slab thickness, dielectric constant and wavelength, which is
shown in Figure 3.7. It is seen that the power ratios inside the slab are
around 0.6 when the slab thickness is ℎ = λ/4√𝜀𝑟 for different dielectric
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constants. As the slab thickness increases, the power ratio C increases
meaning that more power is concentrated inside the slab. Based on this
analysis, we select a ceramic slab with a high dielectric constant 𝜀𝑟 =25
and height ℎ𝐴 = 3mm. In this case, the power ratio C is 0.92 so that the
reflection and diffraction at the feeding junction can be negligible.

Figure 3.7: Relationship of power ratio C, slab thickness, dielectric constant,
and wavelength (W = 29 mm).

3) Furthermore, the length Ls of the tapered slab can be initially determined
by considering both the beam tilt-angle in the E-plane and the impedance
matching condition between the dielectric slab and free space. The guided
surface waves can be radiated into free space at the resonant position of the
tapered grounded slab, where the slab thickness is 𝜆/4√𝜀𝑟 . Therefore, the
region starting from the resonant point to the end of the slab can be
considered as an extended ground plane, whose length Lg affects the beam
tilt-angle of the pattern in the E-plane [1]. As Lg increases, the beam angle
tilts closer to the end-fire direction. When Lg ≅ 0.8𝜆, the radiation beam is
around 450 away from the end-fire direction.
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Figure 3.8: Effects of Ls on VSWR of the linearly tapered grounded slab (hA =
3 mm, hD = 0.2 mm, W = 29 mm, 𝜀𝑟 = 25).

On the other hand, in order to smoothen the impedance transition from the
dielectric slab to free space, a longer length Ls is preferred, and hD is better
kept small to widen the bandwidth though it may be limited by the
fabrication constraints. However, a long slab takes up more space and leads
to a less compact structure. Therefore, a suitable length should be selected
to compromise the matching condition and compactness. As a simple
instance, a waveport is placed at the thick side of the tapered slab for
excitation using ANSYS High Frequency Structure Simulator (HFSS). The
initial parameters are 𝜀𝑟 = 25, hA = 3 mm, hD = 0.2 mm, W = 29 mm. The
effects of slab length Ls on the port’s voltage standing wave ratio (VSWR)
are shown in Figure 3.8. It is seen that a lower VSWR is obtained as Ls
increases. When Ls is 47 mm, the VSWR value remains less than 2 within
the entire frequency range. Thus, Ls can be initially selected to be 47mm
considering both the beam angle and matching condition in our design.
4) Finally, the curvature of the ground can be carefully designed by
considering the sidelobe level (SLL) of the radiation pattern. Since the
ground shape affects the surface impedance variation along the tapered slab
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and the field distribution along the surface, it plays a significant role on the
radiation pattern, especially for the SLL [2], [22]. A simple way to control
the curvature is to divide the tapered ground into several segments, and then
vary the length and slope of each segment properly. In our design, three
segments are employed in order to simplify the simulation. In the simulated
model, the SLL of the tapered slab is treated as the objective of the
optimization problem, which is a function of six parameters hA, hB, hC, LAB,
LBC, LCD, and the operating frequency. Within a reasonable range of values,
all these parameters are carefully tuned and finalized to obtain an
acceptable SLL over the entire band. After optimization, the final
parameters are hA = 3 mm, hB = 2.1 mm, hC = 1 mm, hD = 0.2 mm, LAB =
11 mm, LBC = 15.5 mm, and LCD = 20.5 mm. It should be mentioned that
using more segments or arc-shaped ground may also result in a satisfactory
result. However, this can increase the complexity of design and fabrication,
and the simulation process may also be time-consuming.

In order to illustrate the significances of the ground curvature on the radiation
patterns, we summarized the comparison of sidelobe levels (SLLs) of the linearly
tapered slab (#1) and the three-segment one (#2) in Table 3.1. The E-plane is the
y-z plane, and the H-plane is the cut plane orthogonal to the E-plane and includes
the maximum beam peak. At lower frequencies, the radiation beams are wide,
and no sidelobes appear. Therefore, Table 3.1 only lists the SLLs at frequencies
larger than 12 GHz. It is seen that the SLLs of the E-plane are large at higher
frequencies for the linearly tapered grounded slab. In comparison, they are
effectively improved for the three-segment taper. It is worth mentioning that the
gain values of the three-segment taper are slightly larger than the linearly tapered
one with the improvement in SLL at higher frequencies. In addition, slight
change of the ground shape has little effect on the VSWR of the slab since a good
impedance matching is mainly obtained by employing a sufficiently long tapered
structure. Therefore, the VSWR is almost unchanged by employing a threesegment tapered slab compared to the linearly tapered one.
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Table 3.1: Sidelobe levels (SLLs) comparison of the linearly tapered slab (#1:
hA = 3 mm, hD = 0.2 mm, Ls= 47 mm) and three-segment tapered slab (#2: hA =
3 mm, hB = 2.1 mm, hC = 1 mm, hD = 0.2 mm, LAB = 11 mm, LBC = 15.5 mm,
LCD = 20.5 mm)
f (GHZ)
#1 SLL (dB)
#2 SLL (dB)

E-plane
H-plane
E-plane
H-plane

<12

12

14

16

18

-

-7.5
-9
-8.5
-12.7

-7
-12.9
-8.3
-13.3

-2.6
-13
-9.5
-17.8

-5
-17
-9.1
-16.2

As discussed, surface waves are bound to the interface of the tapered grounded
dielectric slab. However, they can be transformed into radiated space waves
effectively in the tapered structure when the slab thickness reaches 𝜆/4√𝜀𝑟 . As a
proof of concept, a waveport is used to excite the tapered grounded dielectric slab.
Figure 3.9 shows the tangential electric field distributions of the tapered
grounded dielectric slab surface and in free space at different frequencies, which
clearly illustrates the transformation from guided surface waves to radiated space
waves via the tapered structure. As seen, the areas showing the strongest electric
field intensity of the tapered slab effectively transform the surface waves into
space wave, while the areas before that, starting from the waveport, guide the
waves. The radiation occurs at different thicknesses of the tapered slab at
different frequencies, the corresponding thickness is 𝜆/4√𝜀𝑟 , as expected.

3.3.2.2 Surface Wave Launcher
The surface wave launcher is designed based on the following considerations.
First, a broad bandwidth should be obtained when the structure maintains a very
low profile. Second, in order to improve the launching efficiency, it is required
that the phase differences between waves arriving at the waveguide aperture are
minimized, and it is desirable to obtain a uniform distribution of the electric field
at the waveguide aperture as well. Therefore, the cylindrical waves excited by
the coaxial probe should be transformed to unidirectional quasi-plane waves
effectively.
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Figure 3.9: Tangential E-field distributions of the tapered grounded dielectric
slab surface and in free space at different frequencies, (a) 6 GHz, (b) 12 GHz,
(c) 18 GHz.
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A few strategies are employed in our structure to meet the aforementioned
requirements. The center frequency of our designed antenna is f0 = 12 GHz. A
Teflon sheet with a low permittivity of 2.1 is used as the slab in the parallel-plate
waveguide because it has the same dielectric constant as the Teflon material
inside the SMA feed. The thickness is selected to be 3mm, which is the same
height as the grounded tapered slab. The top, bottom, and reflecting walls of the
Teflon are covered with copper tapes to form the parallel-plate waveguide, which
supports the propagation of the quasi-TEM wave.

Figure 3.10: Effects of metallic post on VSWR of the launcher (𝜀𝑟 = 2.1, h = 3
mm, W = 29.1 mm, n = 0.5, hf = 2.85 mm, p = 4.3 mm).
1) Metallic Post: In the launcher, a metallic post is utilized to serve as a
matching element, which helps to broaden the bandwidth of the launcher to a
certain extent. The post partially penetrating into the waveguide acts as a shunt
capacitive reactance, whose value is related to the height and diameter of the post.
The mutual coupling between the coaxial probe and the post is determined by
their spacing. By varying the length, diameter, and location of the post, the selfimpedance of the metallic post and the mutual impedance between the probe and
post can be adjusted. This can affect the input impedance of the launcher and help
to improve the impedance matching. Figure 3.10 shows the simulated VSWR of
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our proposed surface wave launcher with and without the metallic post. The
VSWR is above 1.8 over frequency range without the post. However, the value
is much lower with a metallic post of suitable height and at an appropriate
location, which indicates that the impedance matching is significantly improved.

Figure 3.11: Effects of distance p on VSWR of the launcher (𝜀𝑟 = 2.1, h = 3
mm, W = 29.1 mm, n = 0.5, hf = 2.85 mm, dp = 2.4 mm, hp = 1.7 mm.)

2) Reflecting Wall: The coaxial probe is fed at the focal point of the parabolic
reflecting wall. The focal length p is generally chosen to be a quarter guided
wavelength λg at the center frequency for matching purpose [45]. However, by
varying p to be larger than a quarter but less than a half guided wavelength λg at
the center frequency helps to widen the bandwidth [141]. Figure 3.11 shows the
effects of the distance p on the VSWR of the launcher. It is seen that the operating
frequency ranges from 7 to 15.8 GHz for VSWR less than 2 when 𝑝 = 0.25𝜆𝑔 .
By increasing the distance p to be 0.4λg, the frequency band from 6 to 18 GHz
for VSWR ≤ 2 can be achieved. When p is larger than 0.5λg, the impedance
matching deteriorates.
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A modified parabolic reflecting wall is employed to transform the cylindrical
waves excited by the probe to quasi-plane waves at the aperture of the parallel
plate waveguide. The shape of reflecting wall is optimized by carefully choosing
the value n properly. It is well known that based on the geometric optics, when a
source is positioned at the focal point and excited unidirectionally towards a large
parabolic reflector, the reflected wave is planar [142]-[144]. However, different
from the ideal case, a coaxial probe in our proposed structure excites an
omnidirectional cylindrical wave rather than a unidirectional one. Therefore,
there exists wave superposition of the reflected wave and the wave transmitted
directly from the probe in the launcher, leading to an unavoidable phase distortion
at the aperture of the parallel plate waveguide. Due to the very compact size of
our launcher, using geometrical optics is insufficient to analyze the phase
distortion caused by the wave superposition of the structure. To illustrate the
importance of the shape of the reflecting wall, we plot the effects of n on the
phase and magnitude errors provided by the launcher with the aid of HFSS, as
shown in Figure 3.12.
Figure 3.12(a) plots the differences between the maximum and minimum phase
values of the electric field distribution along aperture width of the parallel plate
waveguide. It is seen that the phase differences are large for the ideally parabolic
shape with n = 0.5. However, the phase distortion can be well improved by
varying n properly. When n approaches 0.55, the phase differences can be
maintained below 20° within the whole frequency band. Figure 3.12(b) shows
the corresponding ratios of the maximum to minimum magnitude values as a
function of n. It is noticed that the magnitude ratios follow almost the same
variations as the phase difference, and the values are below 1.2 at different
frequencies when n = 0.55. Therefore, it is concluded that quasi-plane waves are
obtained in our proposed launcher for the case of n = 0.55 considering both the
phase and magnitude errors. It is worth noting that choosing a certain value of n
may not account for the lowest phase and magnitude differences at all frequencies.
Therefore, an appropriate value of n should be chosen to yield a good
compromise of phase and magnitude differences over the entire band.
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In order to illustrate the importance of the shape of reflecting wall more clearly,
the tangential electric field distributions on the ground plane of the proposed
surface wave launcher with n = 0.5 and 0.55 at different frequencies are plotted
in Figure 3.13. It is seen that when n = 0.5, the field distributions at high
frequencies are distorted. While for the case of n = 0.55, the cylindrical
electromagnetic waves excited by the coaxial probe are effectively transformed
into quasi-plane waves over the entire frequency band. In this case, the phase
differences of the waves at the aperture of the parallel-plate waveguide are fairly
small.
Based on the above discussions, the following procedures may be considered
to design the proposed wideband and low-profile surface wave launcher.
1) Choose a substrate with the same dielectric constant 𝜀𝑟 as the insulating
material in the feeding probe and the same height as the tapered grounded
dielectric slab.

2) As an initial start, use the ideally parabolic wall with n = 0.5. The coaxial
probe is fed at the focal point with 𝑝 = λ𝑔 /4, where λ𝑔 is the guided
wavelength at the center frequency f0. The focal length p can be larger than
λ𝑔 /4, but less than λ𝑔 /2 to maximize the bandwidth. The parabolic shape
may also be optimized by studying the variation of the phase and magnitude
errors at the waveguide aperture at different frequencies.

3) Employ a metallic post to improve the impedance matching.
A few iterations may be invoked to obtain an optimum design. The final
dimensions of our proposed surface wave launcher are as follows: 𝜀𝑟 = 2.1, h =
3 mm, n = 0.55, p = 6.8mm, hf = 2.85 mm, W = 29.1 mm, dp = 2.4 mm, hp = 1.7
mm, C1 = 17.8 mm, C2 = 30 mm. The diameters of the coaxial probe and metallic
post are both 1.3 mm.
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Figure 3.12: Simulated (a) phase differences between the maximum and
minimum phase values and (b) magnitude ratios of the maximum to minimum
magnitude values of the electric field along the aperture width of the waveguide
as a function of n at different frequencies (𝜀𝑟 = 2.1, h = 3 mm, W = 29.1 mm, p
= 6.8 mm, hf = 2.85 mm, dp = 2.4 mm, hp = 1.7 mm).
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Figure 3.13: Tangential E-field distributions of surface wave launcher on the
ground plane with n = 0.5 and 0.55 at different frequencies, (a), (b) 6 GHz, (c),
(d) 12 GHz, (e), (f) 18 GHz.

3.3.2.3 Tapered Impedance Transition
In order to realize a smooth impedance transition between the Teflon slab and
ceramic slab, one end of each slab is tapered, and the two parts are seamlessly
connected, as shown in Figure 3.14. ε1 and ε2 represent the dielectric constants of
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Teflon and ceramic materials, respectively. h1 and h2 denote the corresponding
dielectric heights. L_tr is the length of the transition part.

Figure 3.14: Side view of the tapered impedance transition.
The propagation phase constant in the tapered transmission line can be
approximately expressed as [145], [146]
2𝜋
√𝜀
𝜆0 𝑎

(3.26)

𝜀1 ℎ1 + 𝜀2 ℎ2
ℎ1 + ℎ2

(3.27)

𝛽𝑔 =
where
𝜀𝑎 =

is the volume average dielectric constant in the transition, 𝜆0 is the wavelength
in free space.
The electrical length of the tapered transmission line is derived as
𝐿_𝑡𝑟

𝜙=∫
0

𝛽𝑔 𝑑𝑦 =

4𝜋(𝜀21.5 − 𝜀11.5 )
𝐿_𝑡𝑟
3𝜆0 (𝜀2 − 𝜀1 )

(3.28)

For the tapered transmission line, when the electrical length 𝜙 is greater than
3𝜋, the reflection coefficient is quite small [147]. In our proposed structure, the
center frequency f0 is used to determine the transition length L_tr. Based on (3.28),
L_tr is calculated to be 10.5 mm if 𝜙 is equal to 3𝜋 at f0 = 12 GHz. Therefore,
the length is selected to be L_tr = 10.5 mm in order to obtain a good matching as
well as to maintain a relatively short length for the sake of compactness.
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3.3.3 Experimental Verification
A prototype of our proposed surface wave antenna is shown in Figure 3.15. A
ceramic material with a high dielectric constant of εr = 25 and loss tangent of
tan𝛿 = 0.0002 is used for the grounded tapered radiator. The surface wave
launcher is fabricated using a Teflon sheet. The Teflon and ceramic parts are
seamlessly glued together and covered by copper tapes on both top and bottom
sides of the antenna. The reflecting wall of the Teflon part is also covered with
copper tape. The dimensions of our proposed antenna are designed to be: n = 0.55,
p = 6.8, L = 80.3 mm, W = 29.1mm, C1 = 16.7 mm, C2 = 13.2 mm, C3 = 12.2 mm,
dp = 2.4 mm, hf = 2.85 mm, hp = 1.7 mm, L_tr = 10.5 mm, hA = 3 mm, hB = 2.1
mm, hC = 1 mm, hD = 0.2 mm, LAB = 11 mm, LBC = 15.5 mm, LCD = 20.5 mm.

Figure 3.15: Prototype of the proposed surface wave antenna.

Figure 3.16 shows the simulated and measured VSWR results of the proposed
surface wave antenna. It is seen that a wide bandwidth is achieved. The VSWR
is less than 2 within the frequency range from 6.1 to 18 GHz for the simulated
result and 6.3 to 18.8 GHz for the measured one. The discrepancy may be due to
the fabrication and assembling tolerances and small air gaps between the Teflon
and grounded ceramic slab in our prototype. In addition, if the conductor tape
adhesive is not conductive enough, there exists a very thin layer of substrate
between the ceramic slab and the ground plane, which can also attribute to the
difference.
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Figure 3.16: Simulated and measured VSWR of the proposed surface wave
antenna.
Radiation patterns of the proposed antenna are measured in the anechoic
chamber, as depicted in Figure 3.17. The results show that the simulated and
measured patterns of both E- and H-plane are in good agreement. The radiation
beam tilt-angles from the end-fire direction over the operation bandwidth are
shown in Figure 3.18. It is seen that the beam pointing angles are about 45o away
from the end-fire direction over the frequency range due to the existence of the
finite ground. As discussed in Section 3.3.2, the finite ground has a significant
influence on the radiation beam angle. The ratio of the ground length Lg that
starts from the resonant point where the radiation occurs till the end of the slab to
the free-space wavelength is almost identical at different frequencies. Therefore,
the beam angles are almost stable since the ground effect is almost the same over
the entire band.
The maximum gain values of the proposed surface wave antenna are also
plotted in Figure 3.18. The simulated gain is 5.1 dBi at 6 GHz and increases to
12.8 dBi at 18 GHz. The measured gain values are slightly less than simulated
ones and the gain discrepancies are within the range of 0.5 dB to 1 dB over the
entire frequency band. It is expected that the insertion loss of the SMA connector
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Figure 3.17: Simulated and measured radiation patterns of the proposed surface
wave antenna at different frequencies.
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Figure 3.18: Simulated and measured maximum gain values and beam tiltangles from the end-fire direction of the proposed surface wave antenna.

is around 0.2 dB. The actual loss tangent of the commercial ceramic material is
slightly larger than the one used in simulations, which also results in around 0.2
dB gain degradation. The other unpredictably slight discrepancy may be due to
the fabrication and assembling tolerances, and the alignment error of our
measurement setup. It should be mentioned that the radiation efficiency of the
proposed antenna is above 88% over the entire operation bandwidth, which is
calculated using 𝐺⁄𝐷, where G denotes the gain and D is the directivity of the
antenna.
In addition, it is worth noting that a larger ground plane can tilt the beam angle
closer to the end-fire direction. If the ground plane is infinitely large, an ideally
end-fire radiation pattern may be obtained. In order to examine the effects of the
ground size on the antenna’s radiation pattern, the ground plane of the proposed
antenna is extended beyond the end of the slab along the +y direction, and the
effect of different ground sizes on the radiation pattern is illustrated in Figure
3.19. It is seen that when the extended ground length increases from 1λ to 10λ,
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Figure 3.19: Simulated radiation patterns of the proposed surface wave antenna
with different lengths of an extended ground plane.
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Figure 3.20: Phase center variation of the proposed surface wave antenna in the
symmetric plane of the structure at different frequencies.

Figure 3.21: Group delay of the proposed surface wave antenna.
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the beam angle of the patterns in the E-plane can be gradually tilted from around
45o to 30o away from the end-fire direction.
Furthermore, the phase center of the proposed wideband surface wave antenna
varies in the symmetric plane of the structure at different frequencies. As shown
in Figure 3.20, the phase center moves closer to the antenna surface with the
increase of the frequency. At higher frequencies, the position is relatively stable
along the +z direction, which is around 10 mm above the antenna surface. It is
also seen that the phase center moves to a thinner position of the tapered grounded
slab along the +y direction as the frequency increases. Moreover, Figure 3.21
shows the group delay of the proposed surface wave antenna calculated by HFSS
using two identical proposed antennas, which are placed at a distance of 1.5
meters away with the maximum radiation beam facing each other. It is seen that
the group delay is within 1 ns over the whole operating bandwidth.

Table 3.2: Performance comparison of flush-mountable end-fire antennas

Reference

Bandwidth
(VSWR ≤
2)

Dimensions (λ0)
(L×W×H, λ0 is the

Volume

wavelength at the

(λ03)

center frequency)

Gain at the
center
frequency (dBi)

[45]

19%

1.56 × 1.26 × 0.1

0.19

7.1

[70]

76%

6.7 × 3.8 × 0.25

6.365

7.8

[91]

10%

6.7 × 11.5 × 0.17

13.1

-

[92]

66.7%

10 × 4.8 × 0.29

13.92

10

[93]

120%

9 × 4.3 × 0.32

12.38

9.5

Our work

100%

3.2 × 1.16 × 0.12

0.45

9

Table 3.2 summarizes the performance comparison of several flush-mountable
end-fire antennas. It is seen that although the antenna in [45] can maintain a
slightly lower thickness and a compact size than our proposed antenna, the
bandwidth is significantly narrower. Meanwhile, the design in [93] can achieve
a wider bandwidth, but the size is big, and the thickness is much larger. Therefore,
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our proposed antenna has the advantages of wide bandwidth, low profile as well
as compact size over other flush-mountable end-fire antennas.

3.4 Summary
In this chapter, the characteristics of surface waves propagating on a grounded
anisotropic dielectric slab have been investigated by taking into account the field
variations along the direction transverse to the propagation direction. The
propagation characteristics of surface waves supported by the grounded
anisotropic slab have been analyzed in terms of the slab thickness, slab width, as
well as the relative permittivity tensor of the anisotropic slab. Furthermore,
different methods have been employed to compare the analyses as well as to
validate our derivations. Distinct from the existing analyses which generally
assume that the fields of surface waves uniformly distribute along the transverse
direction of the infinitely large grounded slab, our method is more suitable for
practical engineering applications.
A wideband, low-profile and compact surface wave antenna has also been
proposed in this chapter. A wideband and low-profile unidirectional surface wave
launcher has been realized by employing a probe-fed parallel-plate waveguide
with a modified parabolic reflecting wall and a metallic post. A tapered grounded
ceramic slab with high dielectric constant has been employed to radiate the
surface wave over a wide frequency band as well as to maintain a low profile.
The power of the surface waves inside and outside the dielectric slab has been
analyzed based on our derived formulas. The guidelines for designing the
proposed antenna have also been summarized. The proposed surface wave
antenna can achieve a fractional bandwidth of 100% while maintaining an
antenna thickness of only 0.12λ0. It is worth mentioning that the proposed
antenna is potentially useful to be conformal and flush-mounted for airborne
applications.
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CHAPTER 4
WIDEBAND H-PLANE HORN ANTENNA
4.1 Introduction
In Chapter 3, we proposed a compact surface wave antenna employing a tapered
grounded slab with high dielectric constant, which can achieve a wide frequency
range from 6.1 to 18 GHz, and maintain the antenna thickness of only 3 mm.
Nevertheless, it is challenging to further extend the antenna bandwidth since the
higher-order surface modes in the grounded slab may radiate as the slab thickness
varies, which can destroy the radiation pattern at higher frequencies.
A lot of other efforts have been made to explore suitable candidates for
conformal end-fire antennas with a wider bandwidth. In [148], a balanced Vivaldi
antenna element was designed to be mounted on a large cylindrical platform,
achieving end-fire radiation over a wide bandwidth from 5 to 20 GHz.
Unfortunately, its limitation is that the antenna performance will significantly
deteriorate if the structure is placed very close to a conducting platform. In [92],
a flared slot antenna can achieve a wide frequency band of 4:1. However, the
antenna thickness is relatively thick. In [149], a low-profile log-periodic
monopole array was proposed by employing the top-hat loading technique,
achieving nearly end-fire radiation over a wide bandwidth of 4.53:1 while
maintaining a very thin antenna profile, but the monopole array protrudes from
the surface of platform, resulting in unnecessarily aerodynamic drag.
H-plane horn antenna is another excellent candidate to meet the requirements
of low profile and end-fire radiation and can be easily extended to array
configurations. It is well known that simultaneously achieving wide bandwidth
and maintaining a low profile is a challenging task for H-plane horn antennas.
Ridged waveguide and cone-shaped probe are exploited in the literature to
enhance the bandwidth as well as to improve the impedance matching. In [72], a
conformal wideband and low-profile H-plane horn antenna employing step
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ridged substrate integrated waveguide was proposed to be mounted on a large
conducting cylinder, which can cover the bandwidth from 6.1 to 19 GHz.
However, further widening the bandwidth may introduce higher-order modes in
the waveguide, which will result in high side-lobe levels of the radiation patterns
at higher frequencies. Furthermore, although the antenna is low-profile, it is not
embedded into the surface of the moving platform, which is not ideal considering
the aerodynamic requirement.
In this chapter, both planar and conformal versions of a wideband and lowprofile H-plane horn antenna are proposed. The conformal proposed antenna can
be well embedded into the surface of the platform. Besides employing a tapered
ridge and cone-shaped feeding probe to enhance the bandwidth and to improve
the impedance matching, our proposed antenna also utilizes a pair of metallic
posts in the coaxial-to-waveguide transition to suppress undesirable higher-order
modes. In addition, an ellipse-shaped copper taper is extended along the horn
aperture to obtain a smooth transition from the aperture to free space. A tapered
grounded substrate is employed at the end of the proposed conformal structure
so that the radiation can be gradually tilted away from the end-fire direction,
making the proposed structure suitable to be fully embedded into the conducting
cylinder.
Compared to existing designs in the literature, our proposed antenna has the
following advantages. 1) The antenna can simultaneously achieve a very wide
bandwidth and low profile. 2) Due to the suppression of higher-order modes, the
antenna can obtain nearly end-fire radiation patterns over the entire bandwidth.
3) The proposed conformal antenna can be fully embedded into the cylindrical
conductor so that the aerodynamic drag is minimized for moving platforms.
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Figure 4.1: Configuration of the proposed planar wideband H-plane horn
antenna, (a) perspective view, (b) top view, (c) left view.

4.2 Planar Wideband H-Plane Horn Antenna
4.2.1 Antenna Configuration
Figure 4.1 shows the configuration of the proposed H-plane horn antenna. It
mainly consists of three parts: a coaxial-to-ridged waveguide transition, an Hplane horn with an ellipse-shaped copper extension along the aperture, and a large
ground plane. The structure is implemented using two layers of substrates: the
bottom layer is Teflon with a dielectric constant of r1 and thickness of h1, the top
one is Rogers 5880 with a dielectric constant of r2 and thickness of h2. The total
length and width of the proposed antenna are denoted by L and W, respectively.
Lg is the length of the ground plane starting from the right side of the substrate to
the ground edge.
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A metallic ridge is employed in the coaxial-to-waveguide transition to enhance
the bandwidth. The ridge is gradually tapered in order to get a smooth transition
from waveguide to horn aperture. A cone-shaped feeding probe is employed in
the waveguide and in direct contact with the ridge in order to improve the
matching condition. A pair of metallic posts P1 and P2 are located at suitable
positions along both sides of the feeding probe, which are essential for
suppressing the unwanted higher-order mode so that good radiation patterns can
be obtained over the entire bandwidth.
In order to smoothen the transition from the horn aperture to free space, an
ellipse shape copper is printed on the top layer of the Rogers 5880 substrate, and
extended along the horn aperture. Besides, another pair of metallic posts P3 and
P4 are also employed in this part to improve the matching condition.

4.2.2 Design of the Proposed H-Plane Horn Antenna
In this section, the coaxial-to-waveguide transition is carefully studied first.
Several techniques are employed in the transition in order to enhance the
operation bandwidth as well as to suppress higher-order modes in the waveguide.
After that, an H-plane horn antenna is designed based on the proposed wideband
and low-profile transition. The analysis is conducted with the aid of HFSS.

4.2.2.1 Coaxial-to-Ridged Waveguide Transition
The coaxial-to-waveguide transition plays a crucial part in designing wideband
and low-profile H-plane horn antenna. It is well known that it is difficult to
simultaneously obtain a good impedance matching and maintain a low profile for
waveguide structures. It is also a challenge to achieve a bandwidth over 3:1 for
low-profile H-plane horn antennas. The main constraint is due to the fact that
TE30 and other higher-order modes may appear as the frequency increases, which
can degrade the radiation pattern. Based on these discussions, the following
considerations should be seriously taken into account. First, a broad operating
band of the transition should be achieved while maintaining a very low-profile
structure. Second, higher-order modes of the narrow rectangular waveguide
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should be effectively suppressed. Third, it is desirable that the phase distribution
of the electric field at the H-plane horn aperture is nearly uniform so that an
optimal gain can be obtained.

Figure 4.2: Geometry of the coaxial-to-ridged waveguide transition, (a) top
view, (b) A–A’ cut plane.

In order to meet these requirements, we propose a wideband coaxial-towaveguide transition, which is shown in Figure 4.2. A tapered ridge with a width
of Wr and length of Lr is employed in this structure to enhance the bandwidth as
well as to smoothen the transition from the waveguide to horn aperture. A coneshaped feeding probe is in direct contact with the ridge to improve the matching
condition. The upper and lower diameters of the cone are dt and db, respectively.
The distance between the feeding probe and the reflecting wall p is selected to be
slightly larger than a quarter guided wavelength λg at the center frequency to
widen the bandwidth [150]. A cylindrical air cavity is perforated in the Teflon
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substrate to support the cone-shaped probe considering the actual implementation.
It is known that a substrate with low dielectric constant is also beneficial for
designing wideband structure, so we employ a Teflon substrate with relative
dielectric constant of r1 = 2.1 and height of h1 in our design. A very thin Rogers
5880 substrate with r2 = 2.2 and height of h2 is placed atop of the Teflon because
it has a close permittivity with Teflon and it is easy to fabricate the ellipse-shaped
copper extension along the horn aperture using the printed circuit board
technology.
The height of the rectangular waveguide is so chosen as to suppress TEn1 mode
(n = 1, 3, 5…), so that (h1 + h2) can be selected to be less than half guided
wavelength at the highest frequency, which is
ℎ1 + ℎ2 <

𝜆ℎ
2√𝜀𝑟

(4.1)

where h is the free space wavelength at the highest operating frequency. 𝜀𝑟 is
the dielectric constant of the substrate. It should be mentioned that although the
waveguide consists of two substrate layers, we can still use r = r1 for the initial
approximation, because the dielectric constants of Rogers 5880 and Teflon are
very close, and the thickness of Rogers 5880 h1 is selected to be much thinner
compared to the height h2.
The width of the waveguide W1 of the proposed transition can be designed to
suppress the second higher-order TE50 mode instead of the first higher-order TE30
mode, which can be expressed as
𝑊1 <

5𝜆ℎ
2√𝜀𝑟1

(4.2)

where h is the free space wavelength at the highest operating frequency. It is
worth mentioning that the first higher-order TE30 mode can be effectively
suppressed by employing metallic posts at suitable positions of the waveguide,
which will be discussed in detail later.
To obtain a smooth transition from the ridged waveguide to the horn aperture,
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the ridge is tapered, and the width of the waveguide gradually increases from W1
to W2. It should be noted that W2 is also the width of the horn aperture. The length
of the ridge Lr and aperture width W2 can be designed to satisfy the following
relationship so that the phase distribution of the electric field at the H-plane horn
aperture is nearly uniform, which helps to obtain an optimal gain of the antenna
[2].
𝑊2 ≈ √3𝜆𝑔 𝐿𝑟

(4.3)

where λg is the guided wavelength at the center frequency.

Figure 4.3: Simulated VSWR of the proposed coaxial-to-ridged waveguide
transition without and with tapering the feeding probe (h1 = 5 mm, h2 = 0.508
mm, W1 = 25 mm, W2 = 57.5 mm, l1 = 21.6 mm, l2 = 40.2 mm, r1 = 9 mm, Wr =
6.7 mm, Lr = 55.4 mm, p = 5.8 mm, t1 = 6.8 mm, t2 = 1.3 mm, d1 = 1.3 mm, r2 =
2.2 mm, dr = 6.35 mm, hr = 4.408 mm).

The feeding probe that is extended from the inner conductor of a coaxial line
is in direct contact with the ridge and tapered to a cone to improve the impedance
matching since it can be used as a stub transformer to achieve a smooth transition
from the coaxial line to ridged waveguide. Figure 4.3 shows the simulated VSWR
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of the proposed structure with and without the taper. In this comparison, the upper
and lower diameters of the tapered cone are dt = 2.2 mm and db = 1.3 mm,
respectively. The other dimensions remain the same. It is seen that the VSWR
value with the taper is much lower than that without taper over almost the entire
band, indicating that the taper effectively improves the impedance matching
condition from the coaxial line to ridged waveguide. By introducing the coneshaped probe, the VSWR is less than 2 within the frequency band of 3 to 18 GHz.
As mentioned earlier, the suppression of higher-order modes is essential for
designing a good horn antenna. Although the proposed structure can achieve a
wideband width of 6:1, it only inhibits the excitation of TEn1, TE50 and their
higher-order modes using (4.1) and (4.2). Therefore, TE30 mode can still be
excited. In order to suppress TE30 mode, a pair of metallic posts P1 and P2 are
employed at positions where the field of TE30 mode can be enforced to zero due
to the existence of the metallic post. As shown in Figure 4.2(a), the diameter of
the post is represented by d1, two posts are symmetrically located on each side of
the cone-shaped probe with a distance of t1 in the x direction. The distance
between the posts and the probe is t2 in the y direction. It is obvious that the
inhibition of TE30 mode is the most effective when the posts are placed at t1 =
W1/3, where the maximum fields of TE30 mode occur. On the other hand, it should
be mentioned that the metallic posts also serve as inductors, which can affect the
characteristic impedance of the structure. For example, when the posts move
closer to the ridge in the y direction, the strong coupling between the posts and
the ridge together with the inductance of the posts will introduce a new resonance,
which can destroy the matching condition of the proposed transition. Therefore,
the position of the posts should be carefully adjusted considering both
suppression of TE30 mode and impedance matching. Based on these, in our
design, the posts move a small distance away from the coaxial probe towards the
reflecting wall in the y direction, and the distance t1 is selected to be around
W1/3.6.
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Figure 4.4: E-field distributions of the proposed transition at different
frequencies, (a)-(c) without posts, (d)-(f) with posts. (h1 = 5 mm, h2 = 0.508
mm, W1 = 25 mm, W2 = 57.5 mm, l1 = 21.6 mm, l2 = 40.2 mm, r1 = 9 mm, Wr =
6.7 mm, Lr = 55.4 mm, p = 5.8 mm, d1 = 1.3 mm, r2 = 2.2 mm, dr = 6.35 mm, hr
= 4.408 mm, db = 1.3 mm, dt = 2.2 mm, t1 = 6.8 mm, t2 = 1.3 mm.)
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The significance of the posts for suppressing TE30 mode can be illustrated by
examining the E-field distributions of the proposed transition at different
frequencies, as shown in Figure 4.4. At lower frequencies, only TE10 mode is
excited in the waveguide, so that the E-field distributions are similar for the
transition with and without the posts, as displayed in Figures 4.4(a) and (d). At
higher frequencies, it is obvious that in Figures 4.4(b) and (c), TE30 mode appears
for the case without the posts. However, in Figures 4.4(e) and (f), after
introducing the posts, TE30 mode is effectively suppressed, so that only the
dominant mode is propagating over the entire bandwidth from 3 to 18 GHz.
Based on the above discussions, the guideline of designing the proposed
wideband coaxial-to-waveguide transition is summarized.
1) Choose two layers of substrates with close and low dielectric constants.
The top substrate can be selected to be very thin compared to the bottom
one. Determine the height (h1+h2) and width of the waveguide W1 based on
the highest operating frequency using (4.1) and (4.2).
2) As an initial start, the coaxial probe is fed with the distance p = g/4 away
from the reflecting wall, where g is the guided wavelength at the center
frequency. The distance p can be slightly larger than g/4 but less than g/2
to maximum the bandwidth.
3) Employ a ridge in the waveguide to decrease the cutoff frequency of TE10
mode. The width of the ridge Wr and its height hr can then be initially
determined when the cutoff frequency of TE10 mode is below the required
lowest operating frequency. The ridge is gradually tapered to smoothen the
transition from the waveguide to horn aperture. The feeding probe is also
tapered to improve the impedance matching. The width of the horn aperture
can be determined based on (4.3).
4) A pair of metallic posts is placed at each side of the feeding probe with a
distance of around W1/3 initially, which may be further tuned considering
both the suppression of TE30 mode and the impedance matching.
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A few iterations may be invoked to obtain an optimum design. In our design,
the target frequency is from 3-18 GHz, and the optimized dimensions are shown
in the caption of Figure 4.4.

4.2.2.2 H-Plane Horn Antenna
An ellipse-shaped copper is printed on the top layer of the Rogers 5880 substrate
and extended along the horn aperture. As shown in Figure 4.5, the center point
of the ellipse is 𝑂′, which has a distance of ds away from the horn aperture. The
half major and minor axes of the ellipse are represented by a1 and a2, respectively.
The ratio of the major axis and minor axis is around 1.5 in order to smoothen the
transition from the horn aperture to free space over a wide frequency range. In
addition, the printed copper also serves as a wave-guiding structure so that the
wave can be guided along the forward direction, which helps to improve the
front-to-back ratio of the radiation pattern.

Figure 4.5: The geometry of the proposed H-plane horn antenna from the top
view.

Metallic posts P3 and P4 are utilized in the proposed H-plane horn antenna in
order to improve the impedance matching because the posts serve as inductances
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and the corresponding values are related to their diameters and locations. As
shown in Figure 4.5, two posts with a diameter of d2 are located at a distance of
t3 with respect to the symmetric plane of the antenna, the distance from the horn
aperture to the posts along the y direction is denoted by t4. In order to illustrate
the importance of these posts, we compare the simulated VSWR value of the
proposed H-plane horn antenna with and without posts using the planar structure,
as shown in Figure 4.6. It is seen that the VSWR is high especially at lower
frequencies for the case without posts. However, when posts are employed at
appropriate positions, the value of VSWR can maintain below 2.5 from 3.3 to 18
GHz.

Figure 4.6: Simulated VSWR of the proposed planar H-plane horn antenna with
and without posts (h1 = 5 mm, h2 = 0.508 mm, L = 267 mm, W = 100 mm, Lg =
110 mm, W1 = 25 mm, W2 = 56.5 mm, l1 = 21.6 mm, l2 = 40.2 mm, r1 = 9 mm,
Wr = 5.6 mm, Lr = 55.45 mm, p = 5.8 mm, t1 = 6.8 mm, t2 = 1.3 mm, d1 = 1.3
mm, r2 = 1 mm, dr = 6.35 mm, hr = 4.408 mm, db = 1.3 mm, dt = 2.4 mm, ds =
20.1 mm, a1 = 46.5 mm, a2 = 31 mm, d2 = 2 mm, t3 = 24.5 mm, t4 = 15 mm).
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Figure 4.7: Effects of the ground plane on radiation patterns of the proposed
antenna at different frequencies.
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In addition, due to the finite length of the ground plane, the radiation pattern
of the proposed antenna is tilted a certain angle away from the end-fire direction.
In order to examine the influence of the ground on the antenna’s pattern, the
ground plane of the proposed antenna is extended beyond the end of the slab
along the +y direction, and the effects of different length Lg on radiation pattern
are illustrated in Figure 4.7. It is worth mentioning that the E-plane is the y-z
plane, and the H-plane is orthogonal to the E-plane and passes through the
maximum radiation pattern. It is clearly seen that when the extended ground
length increases from 10 to 110 mm, the beam angle of the radiation patterns in
the E-plane can be gradually tilted closer to the end-fire direction. It is expected
that an end-fire radiation may be obtained for an infinitely large ground plane.

Figure 4.8: Phase center variation of the proposed planar H-plane horn antenna
with the extended ground length Lg = 10 mm.

Furthermore, the position of the phase center varies in the symmetric plane
of the proposed H-plane horn antenna at different frequencies. For the antenna
structure with the extended ground length Lg = 10 mm, the phase center variation
is plotted in Figure 4.8. It is seen that the phase center is from 98 mm to 116 mm
away from the feeding point along the +y direction. In addition, it moves closer
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to the ground plane as the frequency increases. The simulated group delay of the
proposed horn antenna is shown in Figure 4.9. It is seen that the group delay is
stable over the whole operating bandwidth.

Figure 4.9: Group delay of the proposed planar H-plane horn antenna with the
extended ground length Lg = 10 mm.

4.2.3 Experimental Verification
The prototype of the proposed H-plane horn antenna is fabricated. As shown in
Figure 4.10, the tapered ridge is realized by carving a groove on the substrates
and covered with copper tapes. The printed copper on the top layer of the Rogers
5880 is fabricated using the printed circuit board technology. The Teflon and
Rogers substrates are seamlessly glued together. In addition, the side walls of the
transition part are also covered with copper tapes. The H-plane horn antenna is
mounted on a large aluminum ground plane. The optimized parameters of the
proposed conformal antenna are as follows: h1 = 5 mm, h2 = 0.508 mm, L = 267
mm, W = 100 mm, Lg = 110 mm, W1 = 25 mm, W2 = 56.5 mm, l1 = 21.6 mm, l2
= 40.2 mm, r1 = 9 mm, Wr = 5.6 mm, Lr = 55.45 mm, p = 5.8 mm, t1 = 6.8 mm,
t2 = 1.3 mm, d1 = 1.3 mm, r2 = 1 mm, dr = 6.35 mm, hr = 4.408 mm, db = 1.3 mm,
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dt = 2.4 mm, ds = 20.1 mm, a1 = 46.5 mm, a2 = 31 mm, d2 = 2 mm, t3 = 24.5 mm,
t4 = 15 mm.

Figure 4.10: Prototype of the proposed wideband H-plane horn antenna.

Figure 4.11: Simulated and measured VSWR of the proposed antenna.
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Figure 4.12: Simulated and measured radiation patterns of the proposed Hplane horn antenna at different frequencies.
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Figure 4.13: Simulated and measured maximum gain values and beam tilt-angles

from the end-fire direction of the proposed H-plane horn antenna.

Figure 4.11 shows the simulated and measured VSWR results of the proposed
antenna. It is seen that the simulated and measured results agree very well, the
VSWR below 2.5 can cover from 3.3 to 18.2 GHz and 3.3 to 17.9 GHz,
respectively. A slight discrepancy at higher frequencies may be due to the
fabrication and assembling tolerances.
Radiation patterns of the proposed H-plane horn antenna are measured in the
anechoic chamber. The simulated and measured radiation patterns at different
frequencies are also compared in Figure 4.12. It is seen that both results are in
good agreement. In addition, due to the effective suppression of higher-order
modes in the waveguide, the side-lobe levels are acceptable over the entire band,
and no beam split is observed. Figure 4.13 shows the simulated and measured
maximum gain values and beam tilt-angles from the end-fire direction of the
proposed H-plane horn antenna. As seen, the conrresponding angles tilt less than
40º from the end-fire direction. In addition, the gain value enhances as the
frequency increases. The simulated gain is around 2.8 dBi at the lowest operating
frequency of 3.2 GHz, and the value increases to be 17.7 dBi at 18 GHz. The
measured values are slightly lower than simulated ones, which may be due to the
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additional loss introduced by the SMA connector and the alignment error of the
measurement setup.

4.3 Conformal Wideband H-Plane Horn Antenna
4.3.1 Antenna Configuration
The antenna configuration of the conformal wideband H-plane horn antenna is
similar to the planar version in the previous section, as shown in Figure 4.14. The
difference is that the proposed conformal antenna consists of a tapered conductorbacked dielectric slab at the end of the structure. The antenna is mounted on a
curved conducting ground, and all side faces of the substrates are covered with
metal. The radius of the conformal structure is represented by R. The other
parameters are denoted in the same manner as those in the previous section.

Figure 4.14: Configuration of the proposed conformal wideband H-plane horn
antenna, (a) perspective view, (b) left view.
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From a practical point of view, it is desirable that the antenna can be embedded
into the conducting platform so that the surfaces of the antenna and the platform
can seamlessly become an integral part. This requires that the performance of the
antenna is insensitive to the metal surrounding the structure. However, an Hplane horn antenna radiates along the axial direction, the metal at the right edge
of the antenna can seriously destroy the antenna performance as it will block the
radiation and cause strong backscattering. In order to solve this problem, the
dielectric is gradually tapered from a thickness of (h1+h2) to ht at the end of the
structure, and the length of the taper is Lt. By smoothly tapering the conductorbacked substrate, the radiation can be slowly tilted at a small angle away from
the end-fire direction. It should be mentioned that the length of the tapered
structure Lt cannot be too small in order to smoothen the transition, a large Lt may
also lead to a less compact structure. Therefore, Lt should be properly selected so
that the antenna can be well embedded into a cylindrical platform.

Figure 4.15: Simulated VSWR of the proposed conformal H-plane horn antenna
with different radius of the curvature (h1 = 5 mm, h2 = 0.508 mm, L = 185.8
mm, W = 90 mm, W1 = 25 mm, W2 = 55 mm, l1 = 22 mm, l2 = 39.8 mm, r1 = 9
mm, Wr = 5.5 mm, Lr = 55.6 mm, p = 5.8 mm, t1 = 6.8 mm, t2 = 1.3 mm, d1 =
1.3 mm, r2 = 1.4 mm, dr = 6.25 mm, hr = 4.408 mm, db = 1.3 mm, dt = 2.3 mm,
ds = 20 mm, a1 = 45.5 mm, a2 = 30.5 mm, d2 = 2 mm, t3 = 24.5 mm, t4 = 15
mm, Lt = 35 mm, ht = 1 mm).
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4.3.2 Effects of the Conformal Platform
The effect of the radius of the cylindrical platform on the antenna characteristic
is shown in Figure 4.15. When the antenna is bent with R = 50 mm and R = 125
mm, the VSWR values are around 4 and 3 at lower frequencies, respectively,
indicating that the matching condition of the proposed antenna deteriorates as the
radius decreases. As the radius increases to be 200 mm, the VSWR value can be
maintained below 2.6 from 3.4 to 18 GHz, which is close to that of the planar
structure. In our design, six proposed conformal antennas should be uniformly
arranged and embedded into the surface of the conducting cylinder so that the
radiation beams can cover the whole space. Therefore, we choose the curvature
of the proposed antenna to be R = 125 mm, and it is obvious that its matching
condition needs to be further improved by carefully optimizing the parameters of
the antenna. The optimized dimension and simulated performance of the
conformal antenna will be presented in the next section.

Figure 4.16: Structure of the proposed conformal antenna element embedded

into the cylindrical platform.
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Figure 4.17: Effects of the platform on radiation patterns of the conformal

antenna element at different frequencies.
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The platform can also affect the radiation pattern of the proposed conformal
antenna because the surface of the platform serves as the ground plane of the
antenna when the antenna is embedded in the platform. As shown in Figure 4.16,
the conductor platform consists of a cylinder part with the radius of R = 125 mm
and a cone part with the length of Lc = 190 mm. The distance from the right edge
of the antenna to the cone is Lb. The radiation patterns at different frequencies of
the original conformal antenna without being embedded in the platform are
compared with the ones when the antenna is embedded. Simulated results are
shown in Figure 4.17. It is seen that the radiation beam angles in the E-plane of
the original conformal antenna tilt a bit far away from the end-fire direction
especially at low frequency. For example, the angle is around 50o at 4 GHz. This
is due to the existence of the tapered substrates and the finite ground plane
beneath the antenna. When the antenna is embedded in the platform, the ground
plane size of the antenna is enlarged, which can tilt the radiation beam closer to
the end-fire direction. As the platform length Lb increases to be 140 mm, the
offset beam angle from the end-fire direction is 40o at 4 GHz. When Lb further
increases to be infinite, an end-fire radiation pattern may be obtained over the
whole operating frequency band. It should be noted that the platform has
insignificant effects on the radiation pattern in the H-plane.

Figure 4.18: Structure of the proposed conformal array configuration with six
separate embedded antenna elements, (a) perspective view, (b) left view.
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Figure 4.19: Radiation beam coverage of the proposed array configuration at
different frequencies when each antenna element is excited independently, (a) f
= 4 GH, (b) f = 12 GHz, (c) f = 18 GHz.
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Figure 4.18 shows the structure of the proposed conformal array configuration
with six separate embedded antenna elements. When each antenna element is
excited independently, it is desirable that the radiation beam can cover the whole
space. In order to examine the radiation beam coverage of the array configuration,
the radiation gain values of each antenna element in terms of both directions (,

) are plotted in Figure 4.19. Due to the symmetry of the six-element array
configuration, the radiation beam of each antenna element covers every 60° in
the  direction sequentially according to the coordinate system in Figure 4.18. It
is seen that at low frequency f = 4 GHz, the gain values above 5 dBi are achieved
within the region 22° ≤  ≤ 42°, where the gain ripple is only around 1 dB. In
addition, the gain value in the end-fire direction ( = 0°) is larger than 0 dBi. At
higher frequencies at f = 12 GHz and f = 18 GHz, the radiation beams tilt closer
to the end-fire direction and the maximum gain values above 15 dBi are observed
within the regions 8° ≤  ≤ 22.5° and 7° ≤  ≤ 24°, respectively. Although the
gain ripples within these two regions increase compared to the corresponding
value in Figure 4.19(a), the radiation gain values over these two regions are still
above 5 dBi.

4.3.3 Experimental Verification
The prototype of the designed conformal H-plane horn antenna is fabricated. As
shown in Figure 4.20 (a), the four side faces and the bottom side of the proposed
conformal antenna are all covered with copper tapes. Figure 4.20(b) shows the
details of the surface of the cylindrical platform, a sink with the same shape and
height of the conformal antenna is carved out from the platform surface to support
the embedded antenna. It should be noted that a tapered substrate is employed at
the end of the proposed conformal antenna so that carving this part from the
surface of the platform is very difficult because it is hard to control the fabrication
accuracy of the curvature and the taper. In this case, we cut a slot to facilitate the
fabrication processing. Figure 4.20(c) shows the assembled prototype of the
conformal array configuration. Six elements are uniformly embedded into the
aluminum cylinder with a radius of 125 mm. For each element, the inner
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Figure 4.20: Fabricated prototype of the proposed antenna, (a) conformal
antenna element, (b) details of the aluminum platform surface, (c) conformal
array configuration with six antenna elements.
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conductor of the SMA connector is connected with an aluminum cone, which
touches the ridge from the bottom side of the antenna. The aluminum cylinder is
also connected to a large aluminum cone on the top side. The total length of the
fabricated platform is 520 mm. The optimized parameters of the proposed
conformal antenna are as follows: R = 125 mm, h1 = 5 mm, h2 = 0.508 mm, L =
175.8 mm, W = 90 mm, W1 = 25 mm, W2 = 55 mm, l1 = 22 mm, l2 = 38.8 mm, r1
= 9 mm, Wr = 5.6 mm, Lr = 54.5 mm, p = 5.8 mm, t1 = 6.8 mm, t2 = 1.3 mm, d1
= 1.3 mm, r2 = 1.2 mm, dr = 6.28 mm, hr = 4.408 mm, db = 1.3 mm, dt = 2.4 mm,
ds = 20.7 mm, a1 = 43.6 mm, a2 = 31.2 mm, d2 = 2 mm, t3 = 24.6 mm, t4 = 14.5
mm, Lt = 35 mm, ht = 1 mm.

Figure 4.21: Simulated and measured VSWR of a single proposed conformal

antenna element embedded into the platform.

In the array configuration, the polarization of each antenna element is different
because six elements are arranged at different positions of the platform. Due to
the coverage of 360º radiation beam in the whole space, the array configuration
can receive electromagnetic waves from different directions when each element
is excited independently. Therefore, the proposed circular array is very suitable
for the direction of arrival (DOA) estimation to determine the direction of the
target and it is a good candidate for MIMO applications. Because of the symmetry
of the array configuration, we only measure the radiation characteristics
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Figure 4.22: Simulated and measured radiation patterns of the proposed

conformal antenna element embedded into the platform at different frequencies.
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Figure 4.23: Simulated and measured maximum gain values and beam tilt-angles

from the end-fire direction of the proposed conformal antenna element
embedded into the platform.

Figure 4.24: Measured coupling between each antenna element in the array

configuration.
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of a single antenna element embedded into the platform. Figure 4.21 shows the
simulated and measured VSWR and proposed conformal antenna. At lower
frequencies, the VSWR values are a bit high because the profile of the structure
is extremely low compared to the corresponding free-space wavelength.
However, both simulated and measured VSWR values can still remain below 2.5
from 3.4 to 18 GHz.
Figure 4.22 shows the simulated and measured radiation patterns of a single
antenna element embedded into the platform. It is seen that the radiation beams
in the E-plane tilt a small angle away from the end-fire direction due to the finite
length of the ground plane. Owing to the effective suppression of higher-order
modes in the waveguide, the side-lobe levels are acceptable and no beam split is
observed. In addition, it is worth mentioning that the cross-polarization of the
proposed antenna element at the beam-pointing direction is very low, which is
below -25 dB over the entire bandwidth. The simulated and measured maximum
gain values and beam tilt-angles of the proposed conformal antenna element
embedded into the platform are shown in Figure 4.23. It is seen that the radiation
beam tilts closer to the end-fire direction as the frequency increases. The
simulated gain is around 3.5 dBi at 3.4 GHz and increases to 16.2 dBi at 18 GHz.
The measured gain values are slightly less than simulated ones, which may be
attributed to the additional loss introduced by the SMA connector and the
alignment error of the measurement setup.
Figure 4.24 shows the measured coupling coefficients between each port of
the six antenna elements in the array configuration. Because of the symmetry of
the structure, |S21| is equal to |S61|, and |S31| is equal to |S51|. It is seen that the
coupling between each port is almost lower than -40 dB over the entire frequency
band, indicating that the couplings from one port to the others are very weak.
Table 4.1 lists the performance comparison of various conformal end-fire
antennas available in the literature, where λL is the free-space wavelength at the
lowest operating frequency. It is seen that although the design in [93] is suitable
to be embedded into a conformal platform and has a wide bandwidth, the antenna
height is relatively thick. Meanwhile, the antenna in [148] can achieve a wide
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bandwidth of 4:1 and maintain a very low profile, the ground plane has a
significant effect on the antenna performance and the structure cannot be
embedded into the platform. Compared to the existing conformal end-fire
antennas, our proposed design has the advantages of wide bandwidth and low
profile while possessing the ability to be embedded in conducting platforms.

Table 4.1: Performance comparison of various conformal end-fire antennas
Gain at the
Height
(λL)

VS
WR

Bandwidth

[72]

<2.5

3.1:1

0.065

11.6

Non-embedded

[74]

<2.5

2.1:1

0.112

10

Embedded

[92]

<1.4

2:1

0.21

10

Embedded

[93]

<2.6

4:1

0.127

9.5

Embedded

[148]

<2

4:1

0.053

-

Non-embedded

[150]

<2

2.95:1

0.064

9

Non-embedded

<2.5

5.29:1

0.062

14

Embedded

Ref.

Our
work

center frequency

Structure

(dBi)

4.4 Summary
In this chapter, both planar and conformal versions of a wideband and low-profile
H-plane horn antenna have been proposed. The guidelines for designing the
proposed coaxial-to-waveguide transition have been summarized based on the
considerations of wide bandwidth, low profile, suppression of higher-order
modes, as well as the phase distribution of the electric field along the horn
aperture. Several strategies such as a cone-shaped probe, elliptical printed copper,
and metallic posts have been utilized in the H-plane horn to improve the
impedance matching. In addition, the conformal version of the proposed antenna
is fully embedded in a large cylindrical platform and has been extended to build
a conformal array configuration.
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It has been shown in the simulated results that both planar and conformal
antennas can achieve very a wide bandwidth from 3.4 to 18 GHz for VSWR ≤
2.5 while retaining the antenna profile of only 5.508 mm (0.062λ0 at the lowest
operating frequency). Nearly end-fire radiation has been obtained over the entire
frequency band. Prototypes of the planar antenna and conformal array
configuration have been fabricated and tested; measured results are in good
agreement with simulated ones.
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CHAPTER 5
SUPERGAIN SLOT ANTENNA
5.1 Introduction
As reviewed in Chapter 2, most supergain antennas are related to dipole and
monopole structures, little has been reported on supergain slot antennas. In this
chapter, we propose three supergain slot antennas based on the inverted
microstrip-fed cavity-backed structure [151]. One is a planar back-to-back
structure, and the other two are conformal to cylindrical and conical platforms,
respectively.
In the first proposed configurations, two separate substrates are placed on both
the top and bottom walls of a rectangular cavity. Different from the conventional
cavity-backed structure where the cavity is employed to eliminate the undesirable
bidirectional radiation [152], the proposed antenna utilizes the bidirectional
radiation to obtain a strong radiation in the end-fire direction. Three slots are
closely etched out on the broad walls of the cavity in parallel. The required
magnitude and phase of the excited electric field for achieving supergain can be
obtained by adjusting the position of each slot. Slots with appropriate lengths are
employed to generate multiple resonances as well as to decrease the Q value of
the cavity, which broadens the bandwidth effectively. Furthermore, off-centered
microstrip feedlines are utilized to improve the impedance matching and excite
the cavity mode. Finally, a compact microstrip balun based on the rat-race
coupler is designed and integrated into the side wall of the cavity for
measurement convenience and verification purpose.
Based on the first structure, we also propose conformal supergain slot antennas,
which operate in the X band and are mounted on cylindrical and conical platforms,
respectively. A large ground is utilized to obtain the near end-fire radiation
pattern for the cylindrical platform, while an end-fire radiation can be achieved
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when the proposed supergain slot antenna is embedded into the surface of a
conical platform.
Our proposed structures have the following advantages. 1) The proposed
antenna effectively alleviates the limitations of traditional supergain antennas and
can achieve a compact size, enhanced bandwidth, high gain, and high radiation
efficiency. 2) The proposed conformal antennas are very low-profile and can be
fully embedded into metallic platforms. 3) The proposed conformal structure
only consists of a substrate and a cavity, which is very simple and low-cost. 4)
End-fire radiation is obtained when the proposed antenna is embedded into a
conical platform. 5) Six conformal antenna elements are wrapped around the
conical platform to form an array configuration. The array structure is immune
to electromagnetic waves with arbitrary polarization, which is polarizationindependent and potentially very useful for airborne applications.

5.2 Planar Cavity-Backed End-Fire Slot Antenna
5.2.1 Antenna Configuration
The configuration of our proposed antenna is shown in Figure 5.1. Two substrates
with a relative permittivity of εr and thickness of h are employed on both the top
and bottom walls of the cavity, whose inner size is denoted by Wc × Lc × Hc, with
the wall thickness of t. Three slots with different lengths and equal width are
etched out in parallel on the inner conducting layers of both substrates, facing
inward the cavity. The width of each slot is Ws. The lengths of slots 1-3 are
represented by L1, L2, and L3, respectively, which are adjusted to achieve multiresonant frequencies and to decrease the Q value of the cavity, leading to an
increase of the operation bandwidth. Two open-ended microstrip feedlines are
printed on both outer layers of substrates. Both feedlines are off-centered in order
to obtain a good impedance matching. The spacings between slots 1 and 2 and
slots 2 and 3 are denoted by dl and dr, respectively. The distance from slot 2 to
the left side wall of the cavity is represented by ds. By varying the position of
each slot on broadside walls of the metallic cavity, the required magnitude and
phase of the electric field along the slot surfaces to achieve supergain can be
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obtained. As shown, ports 1 and 2 are fed with equal amplitude and opposite
phase to achieve a strong radiation in the end-fire direction.

Figure 5.1: Configuration of an inverted microstrip-fed cavity-backed slot
supergain antenna, (a) 3D view, (b) top view, (c) side view.

5.2.2 Antenna Analysis
The proposed structure is analyzed by HFSS. Figures 5.2(a) and (b) show the
simulated electric field distribution of the cavity and the corresponding current
distribution on the cavity wall, respectively. It is seen that TE120 mode is strongly
excited at 5.8 GHz in the cavity and the y-directed current flowing on the broad
wall of the cavity is disturbed by the slots. In this manner, the transverse electric
field across the slot surfaces can be properly excited for the radiation purpose. In
order to stimulate TE120 mode in the cavity, the microstrip feedlines are placed
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across slot 2 (the middle slot). It should be mentioned that TE120 mode is
perturbed due to the existence of etched slots and microstrip feedlines. The
operation bandwidth of the proposed antenna lies between the resonant
frequencies of TE210 and TE120 mode of the cavity, which are 5.35 GHz, and 6.4
GHz, respectively. However, the perturbed TE120 mode dominates within the
entire bandwidth and is responsible for exciting the slots.
The effects of each slot length on the impedance bandwidth and maximum
gain in the end-fire direction are shown in Figure 5.3. It is seen that three resonant
frequencies fslot 1, fslot 2, fslot 3 are obtained at around 5.56 GHz, 5.8 GHz and 6
GHz, respectively. Two gain peaks are also displayed near fslot 1 and fslot 3.

Figure 5.2: (a) E-Field distribution of the cavity, (b) current distribution on the
broad wall of the cavity (f = 5.8 GHz, Hc = 12 mm, Wc = 48 mm, Lc = 66 mm,
Ws = 3 mm, L1 = 23 mm, L2 = 18.3 mm, L3 = 17.3 mm, ds = 25.96 mm, dl = 7
mm, dr = 6.08 mm).

Figure 5.3(a) implies that when L1 increases, fslot 1 decreases while fslot 2 and fslot
3

are almost unchanged, which enlarges the impedance bandwidth. Meanwhile,

the gain ripple between two peaks increases while the first gain peak near fslot 1
increases and moves to a lower frequency.
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Figure 5.3: Effects of slot lengths L1, L2, and L3 on |S11| and gain values in the
end-fire direction of the proposed antenna (Hc = 12 mm, Wc = 48 mm, Lc = 66
mm, h = 0.787 mm, Ws = 3 mm, ds = 25.96 mm, dl = 7 mm, dr = 6.08 mm, t = 5
mm, Wf = 2.43 mm, a = 12.43 mm, b = 4.065 mm).
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Figure 5.3(b) indicates that when L2 increases, fslot 2 moves to a lower frequency
while fslot 1 and fslot 3 remain unaffected, so the impedance bandwidth is hardly
changed. The gain peak near fslot 3 increases and the one near fslot 1 decreases with
the increase of L2, which somehow balances two gain peaks.
Figure 5.3(c) shows that when L3 increases, fslot 1, and fslot 2 are almost invariable
while fslot 3 decreases, which reduces the impedance bandwidth. At the same time,
the gain ripple between the two peaks decreases while the second gain peak near
fslot 3 increases and moves to a lower frequency.
As seen from the above discussions, there is a tradeoff between bandwidth and
gain. Three resonant frequencies are introduced by using three different slot
lengths. Slots 1 and 2 and slots 2 and 3 are responsible for the first and second
gain peaks, respectively.

Table 5.1: Magnitude and phase differences of the electric field along the backto-back slot structure at fslot 1 and fslot 3
fslot 1

f

fslot 3

Slots

Slot 1

Slot 2

Slot 3

Slot 1

Slot 2

Slot 3

Phase

151.3°

0°

-42°

-36.2°

0°

-149.8°

Magnitude

1.1

1

0.45

0.22

1

1.48

Table 5.1 shows the simulated relative values of the magnitude and phase for
the electric field along the slot surfaces at fslot 1 and fslot 3, where the gain peaks
occur. In order to facilitate the comparison, the corresponding magnitude and
phase of slot 2 are normalized to be 1 and 0°, respectively. It is seen that the phase
differences of the electric field along the surfaces of slots 1 and 2 and slots 2 and
3 are almost equal, with the values of 151.3° at fslot 1, and 149.8° at fslot 3,
respectively. The corresponding magnitude of the first slot pair (slots 1 and 2) is
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higher than that of slot 3 at fslot 1. Similarly, the magnitude of the second slot pair
(slots 2 and 3) is larger than that of slot 1 at fslot 3.

5.2.3 Experimental Verification
5.2.3.1 Design Example
In order to characterize the radiation performance of the proposed antenna, a
prototype is fabricated. In this design, Duroid RT 5880 substrates with
permittivity of 2.2 and thickness of 0.787 mm are used to etch the slots and print
the feedlines. The cavity is made up of aluminum plates, whose inner dimension
is 48 × 66 × 12 mm3 and wall thickness is 5 mm. The lengths of three slots are
designed to be L1 = 23 mm, L2 = 18.3 mm, and L3 = 17.3 mm, respectively. The
width of each slot is chosen to be Ws = 3 mm. Interelement spacing values of dl
and dr are 7 mm (0.135λ0) and 6.08 mm (0.12λ0), respectively. The other
dimensions are as follows: ds = 25.96 mm, Wf = 2.43 mm, a = 12.43 mm, and b
= 4.065 mm.

Figure 5.4: Prototype of the proposed antenna with integrated rat-race balun, (a)
perspective view, (b) details inside the cavity.

A feeding balun is also designed to be integrated with the proposed antenna
for measurement convenience, as shown in Figure 5.4. The feeding network is
based on a rat-race coupler, which provides the output power with equal
amplitude, opposite phase, and good isolation [79]. The rat-race balun is printed
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on a Duroid RT 5880 substrate with the dimensions 58 × 13.574 × 0.787 mm3,
which can be seamlessly integrated into the side wall of the cavity. It consists of
one input, one isolation port, two outputs, and a microstrip ring. All four ports
are designed to be 50 Ω with the width of 2.34 mm, while the impedance of
microstrip ring is 70.7 Ω. The isolation port is terminated by a 50-Ω resistor, and
the outputs are perpendicularly connected to port 1 and port 2 in Figure 5.1(a) by
copper tapes directly.

5.2.3.2 Simulated and Measured Results
S-parameters of the proposed antenna are measured using a calibrated Agilent
vector network analyzer N5230A. First, return loss and isolation of the two port
antenna are measured without the feeding balun. Two SMA connectors are
soldered to the microstrip feedlines for measurement purpose. It should be
mentioned that |S11| and |S22| are equal because of the symmetric structure of the
antenna. The measured results are compared with simulated ones, and they are
shown in Figures 5.5 and 5.6. Figure 5.5 shows that the -10-dB impedance
bandwidth ranges from 5.51 to 6.08 GHz for the simulated result and from 5.48
to 6.05 GHz for the measured one, indicating that a fractional bandwidth of 9.8%
is obtained. The measured fslot 1 and fslot 2 are slightly lower compared to simulated
ones, which may be due to the small fabrication and assembly tolerances. Due to
the back-to-back feeding structure sharing the same metallic cavity, the isolation
between two ports is not high, as expected. Figure 5.6 shows that a coupling of 10 dB is observed for both simulated and measured results. Next, the return loss
is measured after the antenna is integrated with the feeding balun. The impedance
matching of the whole antenna is affected by the introduced network, which
makes the return loss result different from the one without a balun, as shown in
Figure 5.5. However, the bandwidth for 10-dB return loss changes a bit, ranging
from 5.51 to 6.07 GHz for the simulated result and 5.45 to 6.0 GHz for the
measured one. The measured fractional bandwidth is 10.3%, which is slightly
larger than the simulated one. Again, this may be attributed to the fabrication and
assembly errors.
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Figure 5.5: Measured and simulated |S11| of the proposed back-to-back slot
supergain antenna antenna with and without feeding balun.

Figure 5.6: Measured and simulated |S12| of the proposed back-to-back slot
supergain antenna without feeding balun.
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Figure 5.7: Simulated and measured radiation patterns of the proposed back-toback slot supergain antenna at f = 5.8 GHz, (a) yz-plane, (b) xy-plane.
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Radiation performance of the proposed antenna is measured in the anechoic
chamber with the feeding balun. Figure 5.7 shows the simulated and measured
radiation pattern at 5.8 GHz in the yz-plane and xy-plane. The maximum radiation
is obtained in the end-fire direction. The front-to-back ratio is 8.5 dB at 5.8 GHz.
Figure 5.8 depicts the simulated and measured gain results of designed antenna
in the end-fire direction. Simulated result shows that a maximum gain of 8.4 dBi
can be obtained; the gain ripple is 0.9 dB over the bandwidth. The measured
maximum gain is 8.2 dBi, which is slightly lower than the simulated one. This
discrepancy may be attributed to the transition losses introduced by the SMA
connector and microstrip feeding network. It should also be mentioned that the
radiation efficiency of our proposed antenna is greater than 90% over the
operation bandwidth.

Figure 5.8: Measured and simulated gain results in the end-fire direction of the
proposed antenna.
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5.3 Conformal Cavity-Backed Slot Antenna Mounted on
Cylindrical Platform
5.3.1 Antenna Configuration
The configuration of the proposed antenna is shown in Figure 5.9. Different from
the previous back-to-back slot antenna, three slots are etched on only one side of
the cavity here, which is more suitable to be mounted on metallic platforms. In
this structure, a curved Duroid RT 5880 substrate with permittivity of εr = 2.2
and thickness of h = 0.508 mm is placed on the top wall of a shallow metallic
cavity, whose inner dimension is Wc × Lc × Hc, and the wall thickness is denoted
by t. Three slots are closely etched out in parallel on the inner layer of the
substrate. The width of each slot is designed to be W, the length of three slots are
L1, L2, and L3, respectively, which can achieve multi-resonance to broaden the
bandwidth. The required magnitude and phase of the excited electric field along
the slot surfaces to achieve supergain can be obtained by adjusting the positions
of slots. An off-centered microstrip feedline with stubs is printed on the outer
layer of the substrate. The proposed cavity-backed antenna is mounted on a large
cylindrical platform with a radius of R. It is worth mentioning in the simulated
model, we only use a small portion of cylindrical platform surface with the width
of (Lc + 2t) and radius of R to serve as the ground plane, this is because the
radiation pattern of the antenna tilts close to the end-fire direction so that the
other portion of the cylindrical platform can hardly affect the antenna
performance. The extra length of the ground plane is Lg, which can affect the
radiation beam angle of the proposed conformal antenna.
In order to obtain the required magnitude and phase conditions of the electric
fields along slot surfaces for achieving supergain, the slot lengths Ln (n = 1, 2, 3),
inter-element spacing dl(r), and the distance from slot 2 to the left side wall of the
cavity ds can be appropriately chosen as
𝐿𝑛 ≈

𝜆0
2√𝜀𝑟
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(5.1)

𝑑𝑙(𝑟) ≈ 0.1𝜆0
𝑑𝑠 ≈ 0.5𝑊𝑐 ≈ 0.5𝜆0

(5.2)
(5.3)

where is the free-space wavelength at the center frequency.

Figure 5.9: Configuration of the proposed conformal cavity-backed slot
supergain antenna, (a) 3D view, (b) top view, (c) side view.

5.3.2 Antenna Analysis
In this analysis, the antenna performance with different ground shapes and sizes
are studied. The planar structure can be considered as the one with an infinite
radius, which is denoted as R = .
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Figure 5.10: Effects of the radius R on |S11| and maximum gain of the
proposed conformal structure (Hc = 3 mm, Wc = 28 mm, Lc = 28 mm, h = 0.508
mm, W = 2 mm, L1 = 14.5 mm, L2 = 10.6 mm, L3 = 10.55 mm, ds = 13 mm, dl =
3.7 mm, dr = 2.9 mm, df = 10.45 mm, t = 5 mm, Wf = 1.55 mm, Ws = 2.5 mm, Ls
= 1.2 mm, Ps = 7.4 mm, a = 6.025 mm, b = 1 mm, Lg = 90 mm).

The effects of the radius R on the return loss and realized gain of the proposed
antenna are shown in Figure 5.10. It is clearly seen that for the planar structure
with R = ∞, three resonances are achieved, which correspond to slots 1, 2, and 3,
respectively. Two gain peaks around 8.7 dBi near fslot 1 and 9 dBi near fslot 3 are
also obtained, and they are mainly determined by slots 1 and 2 and slots 2 and 3,
respectively. When the radius decreases to be R = 100 mm, the structure is bent
gradually so that the electrical length of each slot slightly decreases, which results
in a frequency shift to a higher band. When the radius further decreases to be R
= 50 mm, the structure is bent severely, which degrades the impedance matching
of the antenna. In addition, the gain changes accordingly when the ground shape
varies. The gain values remain above 7.8 dBi when the radius is larger than 100
mm, and gain ripples are less than 1 dB over the bandwidth.
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Figure 5.11: Effects of the extended ground length Lg on |S11| and maximum
gain of the proposed conformal structure with R = 100 mm.

Figure 5.11 shows the effects of the extended ground length Lg on the return
loss and maximum gain of the proposed conformal structure. It is seen that the
ground length Lg has insignificant influence on the return loss. While the gain
value slightly increases as the length Lg extends. The effects of Lg on radiation
patterns of the proposed antenna are illustrated in Figure 5.12. The E-plane is the
y-z plane, and the H-plane is orthogonal to the E-plane and contains the peak of
the radiation pattern. As shown in Figure 5.12(a), the length Lg plays a significant
role in beam angle of the radiation pattern in the E-plane. When the radius is
fixed to be 100 mm, the beam angles are  = 32º, 40º, 50º, and 54º for the case of
Lg = 0, 10 mm, 50 mm, and 90 mm, respectively. It is worth mentioning that if
Lg is infinite, an end-fire radiation pattern may be obtained. However, due to the
cavity-backed structure and finite ground size, the maximum radiation
unavoidably tilts away from the end-fire direction. In addition, compared to the
length Lg, the radius R has less effects on the radiation pattern of the proposed
antenna, which will not be discussed here in detail.
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Figure 5.12: Effects of the extended ground length Lg on radiation patterns of
the proposed conformal structure with R = 100 mm at f = 10 GHz, (a) E-plane,
(b) H-plane.
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Table 5.2: Magnitude and phase differences of the electric field along the
conformal slot structure at fslot 1 and fslot 3
fslot 1

f

fslot 3

Slots

Slot 1

Slot 2

Slot 3

Slot 1

Slot 2

Slot 3

Phase

146.3°

0°

-67.7°

-11.3°

0°

-149.3°

Magnitude

1.2

1

0.4

0.2

1

1.65

Table 5.2 shows the simulated relative values of the magnitude and phase for
the electric field along the conformal slot surfaces at fslot 1 and fslot 3 with R = 200
mm, where the gain peaks occur. Similar to Section 5.2.2, in order to facilitate
the comparison, the corresponding magnitude and phase of slot 2 are normalized
to be 1 and 0°, respectively. As expected, the phase differences of the electric
field along the surfaces of slots 1 and 2 at fslot 1 and slots 2 and 3 at fslot 3 are almost
equal. The corresponding magnitude of the first slot pair (slots 1 and 2) is higher
than that of slot 3 at fslot 1. Similarly, the magnitude of the second slot pair (slots
2 and 3) is larger than that of slot 1 at fslot 3.

5.3.3 Experimental Verification
A prototype of the proposed conformal cavity-backed slot antenna mounted on a
cylindrical platform is fabricated as shown in Figure 5.13. Microstrip feedline
and three slots are printed and etched on the top and bottom layer of the Rogers
5880 substrate, respectively. A cavity is carved out on the surface of a cylindrical
aluminum platform with the radius of R = 200 mm. The Rogers substrate is fixed
at the top broad wall of the cavity using screws. The extended ground length Lg
is 90 mm in our prototype. The proposed antenna is fed using SMA connector
whose inner connector is soldered with the microstrip line. The other parameters
are designed as follows: Hc = 3 mm, Wc = 28 mm, Lc = 28 mm, h = 0.508 mm, W
= 2 mm, L1 = 14.5 mm, L2 = 10.6 mm, L3 = 10.55 mm, ds = 13 mm, dl = 3.7 mm,
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dr = 2.9 mm, df = 10.45 mm, t = 5 mm, Wf = 1.55 mm, Ws = 2.5 mm, Ls = 1.2 mm,
Ps = 7.4 mm, a = 6.025 mm, b = 1 mm.

Figure 5.13: Prototype of the proposed conformal cavity-backed slot antenna.
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Figure 5.14: Simulated and measured |S11| and the maximum gain of the
proposed conformal antenna mounted on cylindrical platform.
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Figure 5.15: Simulated and measured radiation patterns of the proposed
conformal antenna mounted on cylindrical platform at f = 10 GHz, (a) E-plane,
(b) H-plane.
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Figure 5.14 shows the simulated and measured reflection coefficients and gain
of the proposed conformal antenna. Simulated results show that the -10-dB
impedance bandwidth ranges from 9.26 to 10.76 GHz, indicating that a fractional
bandwidth of 15% is obtained. The measured impedance bandwidth ranges from
9.2 to 10.71 GHz, slightly lower than the simulated one, which may be due to the
fabrication and assembling tolerance. In addition, a maximum gain of 9.1 dBi can
be obtained for the simulated result. The maximum gain is measured to be 8.5
dBi, which is 0.6 dB less than the simulated one, the discrepancy may be
attributed to the loss introduced by the transition between SMA and microstrip
feedline. In addition, the comparison of the simulated and measured radiation
patterns at f = 10 GHz is shown in Figure 5.15. It is seen that simulated and
measured results agree very well with each other, the beam pointing angle is 38°
from the end-fire direction.

5.4 Conformal Cavity-Backed Slot Antenna Embedded
in Conical Platform
5.4.1 Antenna Configuration
The configuration of the proposed planar antenna is shown in Figure 5.16. A
substrate with relative permittivity of r and dimension of Wa × La × h is placed
on the top broad wall of a square cavity with the size of Wc × Wc × Hc. This
antenna configuration is based on the planar version in Section 5.3.1. The
difference is that we employ a coaxial-to-microstrip transition here so that the
antenna can be fed from the bottom side of the aluminum platform. The distances
from the coaxial feedline and the starting point of the microstrip feedline to the
nearest side wall of the cavity are represented by Lf and Lt, respectively. The other
parameters are denoted in the same manner as those in Section 5.3.1 in order to
facilitate the analysis.
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Figure 5.16: Configuration of the proposed planar cavity-backed slot supergain
antenna, (a) 3D view, (b) top view, (c) side view.

Figure 5.17: Configuration of the proposed cavity-backed slot antenna
embedded into the conical platform.
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Figure 5.17 shows the conformal structure of the proposed antenna. The
cavity-backed slot antenna is fully embedded into the conical platform. The
conical platform consists of an aluminum supporter and a radome made of Teflon.
The radius and total length of the cone are R and L, respectively. The half-angle
of the cone tip is denoted by . The length of the aluminum part is represented
by l1 along the y direction. The thicknesses of the aluminum and Teflon layers
are t1 and t2, respectively.

5.4.2 Antenna Analysis
5.4.2.1 Planar Structure
The planar version of the proposed structure is studied first. Based on the
previous section, the parameters are designed as follows: Hc = 3 mm, Wc = 28
mm, r = 2.2, h = 0.508 mm, Wa = 45 mm, La = 50 mm, W = 2 mm, L1 = 14.5
mm, L2 = 10.6 mm, L3 = 10.55 mm, ds = 13 mm, dl = 3.7 mm, dr = 2.9 mm, df =
10.45 mm, Wf = 1.55 mm, Ws = 2.5 mm, Ls = 1.8 mm, Ps = 7.4 mm, a = 6.025
mm, b = 0.95 mm, Lf = 6 mm, Lt = 6.8 mm.

Figure 5.18: Simulated |S11| and maximum gain of the proposed planar
structure.
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Table 5.3: Magnitude and phase differences of the electric field along the planar
cavity-backed slot structure at fslot 1 and fslot 3
fslot 1

f

fslot 3

Slots

Slot 1

Slot 2

Slot 3

Slot 1

Slot 2

Slot 3

Phase

145.3°

0°

-61.7°

2.61°

0°

-147.3°

Magnitude

1.2

1

0.3

0.2

1

1.65

Figure 5.18 shows the simulated |S11| and maximum gain of the proposed
planar structure. It is seen that three resonances are achieved, which correspond
to slots 1, 2, and 3, respectively. Two gain peaks around 8.4 dBi near fslot 1 and
8.7 dBi near fslot

3

are also obtained. In addition, the radiation beam of the

proposed antenna tilts around 52° away from the end-fire direction due to the
finite ground length. If the ground plane extends further along the +y direction,
the radiation beam can tilt closer to the end-fire direction. Furthermore, the
magnitude and phase differences of the electric fields along the slot surfaces at
fslot 1 and fslot 3 are listed in Table 5.3. Similar to previous analyses, in order to
facilitate the comparison, the magnitude and phase values of slot 2 are normalized
to be 1 and 0°, respectively.

5.4.2.2 Conformal Structure
The conical platform can have significant effects on the radiation performance of
the conformal antenna. Figure 5.19 shows the effects of the radius R on |S11| and
maximum gain of the conformal version. For a small radius R = 50 mm, the
structure is bent severely, which degrades the matching condition of the
conformal antenna. As R increases, the operating bandwidth of the conformal
antenna shifts to a lower band. This is because the electric length of each slot
slightly increases with the increase of R. Meanwhile, the gain values also vary
and gain peaks shift accordingly. In addition, radius R, length L, and angle of
the cone satisfy the following relationship
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tan(𝛼) = 𝑅/𝐿

(5.4)

Therefore, it is expected that the angle  changes with different values of R if
the length L is kept fixed, which can tilt the radiation beam into different
directions. Figure 5.20 shows the effects of R on radiation patterns of the
conformal antenna. It is worth mentioning that the end-fire direction is along the
+y direction, which is denoted as θ = 90° and º. It is seen that when the
radius R of the platform is 80 mm, the radiation beam is along the end-fire
direction. When the radius changes to be R = 50 mm and R = 110 mm, the beams
are pointing along θ = 75° and 110°, respectively.

Figure 5.19: Effects of the radius R on |S11| and maximum gain of the proposed
conformal structure (Hc = 3 mm, Wc = 28 mm, r = 2.2, h = 0.508 mm, Wa = 45
mm, La = 50 mm, W = 2 mm, L1 = 14.9 mm, L2 = 11 mm, L3 = 10.8 mm, ds = 13
mm, dl = 3.7 mm, dr = 2.9 mm, df = 10.725 mm, Wf = 1.55 mm, Ws = 2.6 mm,
Ls = 2 mm, Ps = 7.5 mm, a = 6.525 mm, b = 0.95 mm, Lf = 4.2 mm, Lt = 5.2
mm, L = 120 mm, l1 = 55 mm, t1 = 2 mm, t2 = 4 mm).
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Figure 5.20: Effects of the radius R on radiation patterns of the proposed
conformal structure at f = 10 GHz, (a) E-plane, (b) H-plane.
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The length of the aluminum part l1 plays a significant role in antenna radiation
performance because the aluminum platform serves as the ground of the
conformal antenna. As shown in Figure 5.21, the impedance characteristic is
almost unaffected by changing the length l1, but the gain values are enhanced
with the increase of l1. As a comparison, we also plot the antenna performance
for a whole aluminum platform, in which case the lengths l1 and L are equal, and
the peak gain can reach above 10 dBi. In addition, the effects of the ground length
l1 on radiation patterns of the proposed conformal structure are shown in Figure
5.22. It is seen that l1 can also influence the radiation beam angle in the E-plane.
For the case of l1 = 40 mm, 55 mm, 70 mm, and the whole aluminum cone, the
corresponding beam angles are θ = 78°, 90°, 94°, and 102°, respectively.

Figure 5.21: Effects of the ground length l1 on |S11| and maximum gain of the
proposed conformal structure with R = 80 mm.

Furthermore, the length of the cone L also affects the radiation beam angle of
the conformal antenna. For example, when R = 80 mm and l1 = 55 mm, the beam
angles are θ = 84°, 90°, and 96° for the case of L = 140 mm, 120 mm, and 100
mm, respectively. In addition, the thickness of the Teflon t2 only influences the
radiation pattern in the E-plane slightly, which will not be discussed here in detail
for the sake of brevity.
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Figure 5.22: Effects of the ground length l1 on radiation patterns of the
proposed conformal structure at f = 10 GHz with R = 80 mm, (a) E-plane, (b)
H-plane.
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From the analyses above, it is concluded that the radius R and angle mainly
affect the impedance matching and the radiation beam angle of the proposed
conformal antenna, respectively. Meanwhile, the ground length l1 can influence
both gain and radiation beam of the conformal antenna.

Figure 5.23: Conformal array configuration with six supergain slot antenna
elements embedded into the conical platform, (a) perspective view, (b) left
view.
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Figure 5.24: Radiation beam coverage of the proposed supergain slot
antenna array configuration at f = 10 GHz when each antenna element is excited
independently.
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Figure 5.23 shows the structure of the proposed conformal array configuration
with six separate embedded antenna elements. It should be mentioned that the
polarization of each antenna element is different due to different positions of six
elements with respect to the axis of the cone. When each element is excited
independently, the array configuration can receive signals irrespective of
polarization in the end-fire direction. The radiation gain values in terms of both
directions (, ) of each antenna element are plotted in Figure 5.24. Due to the
symmetry of the six-element array configuration, the radiation beam of each
antenna element covers every 60° in the  direction sequentially according to the
coordinate system in Figure 5.23. It is clearly seen that the maximum gain value
can reach above 9 dBi and the radiation beam is pointing along the end-fire
direction  = 0°.
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Figure 5.25: Prototype of the proposed conformal antenna array configuration,
(a) perspective view, (b) details of the cone surface, (c) view from the bottom
side of the cone.
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5.4.3 Experimental Verification
Figure 5.25 shows the prototype of the proposed conformal array configuration.
Six separate antenna elements are uniformly embedded into the conical platform.
The conical platform consists of two parts, an aluminum supporter and a Teflon
radome. They are seamlessly combined together. The cavities are carved out from
the surface of the aluminum part. Rogers 5880 substrate is used to fabricate the
slots and microstrip feedline, and all substrate layers are wrapped on the top side
of the cavity. Each antenna element is fed from the bottom side of the aluminum
cone using SMA connector. The parameters are designed as follows: Hc = 3 mm,
Wc = 28 mm, r = 2.2, h = 0.508 mm, Wa = 45 mm, La = 50 mm, W = 2 mm, L1 =
14.9 mm, L2 = 11 mm, L3 = 10.8 mm, ds = 13 mm, dl = 3.7 mm, dr = 2.9 mm, df
= 10.725 mm, Wf = 1.55 mm, Ws = 2.6 mm, Ls = 2 mm, Ps = 7.5 mm, a = 6.525
mm, b = 0.95 mm, Lf = 4.2 mm, Lt = 5.2 mm, L = 120 mm, R = 80 mm, l1 = 55
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Figure 5.26: Simulated and measured |S11| and maximum gain of the proposed
antenna element embedded into the platform.
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Figure 5.27: Simulated and measured radiation patterns of the proposed
conformal antenna element embedded into conical platform at f = 10 GHz, (a)
E-plane, (b) H-plane.
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The radiation characteristics of a single antenna element embedded into the
platform are measured. As shown in Figure 5.26, the 10-dB return loss bandwidth
ranges from 9.3 to 10. 81 GHz and from 9.18 to 10.7 GHz for simulated and
measured results, respectively. The frequency shifting may be attributed to the
errors of the fabrication and assembling. It is also shown that the simulated gain
values within the operating bandwidth are from 8.8 to 9.5 dBi.
The measured gain values are a bit lower than simulated ones, which may be
due to the alignment error of the measurement setup and the loss introduced by
the SMA connector. In addition, the radiation patterns at f = 10 GHz are plotted
in Figure 5.27. It is seen that the simulated and measured results are in good
agreement, showing that good end-fire radiation patterns are obtained. It is worth
mentioning that the simulated radiation efficiency of the proposed conformal
antenna ranges from 92.5% to 97.8% within the entire operating bandwidth.

Figure 5.28: Measured coupling between each antenna element in the array
configuration.
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Furthermore, the coupling between each element in the array configuration is
also measured. As shown in Figure 5.28, the S-parameters between each port are
all lower than -40 dB, which indicates that the couplings among the antenna
elements are very weak. It should be mentioned that due to the symmetry of the
structure, |S12| is equal to |S16|, and |S13| is equal to |S15|.
Table 5.4 summarizes the performance comparison of various antennas of high
gain. Although the antenna in [94] can achieve the maximum gain of 9.7 dBi and
bandwidth of 9.67% using three monopole elements, the radiation beam tilts
away from the end-fire direction and the structure is not suitable to be mounted
on moving platforms. From the comparison, it is clearly seen that our proposed
antenna exhibits the advantages in terms of bandwidth and gain. More
importantly, the proposed conformal antenna can achieve end-fire radiation as
well as minimize the aerodynamic drag for moving platforms.

Table 5.4: Performance comparison of various antennas of high gain

2

Element
Spacing
(0)
0.1

Bandwidth
(|S11| <
-10 dB)
5.8%

Max.
Gain
(dBi)
8.9

Monopole

3

0.053

9.67%

9.7

Tilted

[98]

Dipole

2

0.02

1.05%

6.6

End-fire

[97]

Dipole

3

0.02

1.9%

7.12

End-fire

[153]

Slot

3

0.12

10.3%

8.4

End-fire

This
work

Slot

3

0.1

15.2%

9.1

End-fire

Ref.

Element
Type

Element
No.

[100]

Monopole

[94]

Radiation
Tilted

5.5 Summary
In this chapter, three cavity-backed supergain slot antennas have been presented.
In the first configuration, two substrates on both broad walls of a metallic cavity
are employed to form a back-to-back structure. With suitable positions and
lengths of three slots, the antenna has achieved a maximum gain of 8.4 dBi in the
end-fire direction and a fractional impedance bandwidth of 9.8%. Based on the
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back-to-back supergain slot antenna, conformal structures that are mounted on
cylindrical and conical platforms have also been presented. The conformal
antenna element has achieved a maximum gain above 9 dBi and a fractional
bandwidth over 15% when mounted on large cylindrical and conical conducting
platforms. The proposed antenna has also been extended into an array
configuration with six antenna elements embedded into the conical platform.
The proposed slot supergain antennas have achieved the radiation efficiency
of above 90% over the operating bandwidth. The limitations of traditional
superdirective antennas have been alleviated effectively. The performance of
high gain, end-fire radiation, and enhanced bandwidth performance has been
verified by experimental results showing that the proposed antennas are
promising for many wireless communication applications.
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CHAPTER 6
PLANAR HELICAL ANTENNA OF CIRCULAR
POLARIZATION
6.1 Introduction
Several end-fire antennas with various characteristics such as wide bandwidth,
supergain, and low profile have been proposed in the previous chapters. However,
they are all linearly polarized. In some airborne applications, circularly polarized
(CP) antennas with a low profile are also in great demand to avoid the
polarization mismatch and suppress the multipath reflections.
A rectangular planar helix has found many applications in slow-wave
structures [123]-[126] and linearly polarized antennas [127]-[132], but little
literature has been reported on CP end-fire antennas so far. It is well known that
in order to realize circular polarization, two orthogonal electric fields with equal
amplitude and phase difference of 90° are required. For rectangular planar helical
antennas, two orthogonal electric fields can be generated by the currents traveling
along the perpendicular sides of the helix, respectively. It is expected that if one
side of the rectangle is much longer than the other, the amplitudes of two
orthogonal electric fields will be of great difference. Therefore, it remains a
challenge to achieve CP end-fire radiation for a low-profile planar helical antenna
with a rectangular cross-section, which may be essential for achieving a lowprofile structure.
In this chapter, a planar rectangular helical antenna with straight-edge
connections implemented by plated via-holes is presented, which is very lowprofile and can obtain CP end-fire radiation. Besides the currents flowing along
the strips and via-holes of the helix contributing to the horizontal and vertical
polarizations, respectively, the current on the inner edge of the ground plane
plays an important role in weakening the strong amplitude of the horizontal
electric field generated by the current on the strips, which is critical for achieving
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circular polarization. In addition, tapered helix and conducting side-walls are
utilized in the antenna to improve the axial ratio bandwidth and the radiation
pattern. The proposed planar helical antenna has the following advantages. 1)
The antenna can achieve wide impedance and axial ratio bandwidths. Excellent
CP performance with end-fire radiation is obtained over a 34% frequency band.
2) The antenna has a very low profile, which is only 0.11 𝜆0 at the center
frequency. 3) The structure is very simple, lightweight, and low-cost. It can be
easily fabricated using the printed circuit board technology. 4) It is very suitable
to be mounted on the wings of the unmanned aerial vehicle (UAV) and aircraft.

6.2 Antenna Configuration
The configuration of the proposed planar helical antenna is shown in Figure 6.1.
The helix has a rectangular cross-section, which is formed using printed strips
with straight-edge connections implemented by plated via-holes. As shown in
Figure 6.1(a), the length and width of the antenna are denoted by L and W,
respectively. 𝜀𝑟 and h represent the dielectric constant and thickness of the
substrate, respectively. The diameter of the via-hole of the helix is dv, and the
pitch angle between the top and bottom strip is 𝛼. The width of each printed strip
is uniform, which is represented by Ws. The length of the strip on the bottom layer
of the substrate is denoted by Lsi (i = 1, 2, 3, 4) for the ith turn of the helix. In
order to improve the axial ratio and radiation pattern, the helix is tapered
according to the following ratio
𝑟=

𝐿𝑠2 𝐿𝑠3 𝐿𝑠4
=
=
𝐿𝑠1 𝐿𝑠2 𝐿𝑠3

(6.1)

A coaxial-to-grounded coplanar waveguide (GCPW) transition is employed in
the antenna to feed the helix. As shown in Figure 6.1(b), Wf is the width of the
center strip of the GCPW. g1 and g2 represent the gaps between the center strip
and its adjacent ground planes. df is the distance from the edge of the center strip
of the GCPW to the coaxial probe. If a substrate is chosen, the characteristic
impedance of the GCPW is determined by the strip width Wf and the gap g1, while
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the matching condition from the coaxial probe to the GCPW can be tuned by
varying df and g2.

Figure 6.1: Configuration of the proposed planar helical antenna, (a)
perspective view, (b) top and (c) bottom layers of the substrate.

Generally speaking, a large conducting plane that is vertical to the axis of the
helix should be incorporated in the helical antenna to obtain a good CP radiation
in the end-fire direction. However, it is not suitable for the low-profile structures.
In our proposed antenna, two metallic plates are printed on both the top and
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bottom layers of the substrate to form the horizontal ground planes. Grounded
via-holes with diameter d and spacing s are perforated along the inner edge of the
ground planes and around the GCPW, and they satisfy the following criteria [154]
0.05𝜆𝑔 < 𝑠 < 0.25𝜆𝑔 ,

𝑠 < 2𝑑

(6.2)

to prevent the power from leaking out through the via-gaps, where 𝜆𝑔 is the
guided wavelength. These via-holes can be regarded as a small vertical
conducting wall of the helical antenna, and they can also help to obtain a good
RF ground connection between the top and bottom layers of the substrate and
suppress the unwanted parallel-plate waveguide mode. It should be noted that the
vertical wall is U-shaped, which consists of the vertical back-wall (𝐴𝐴′ ) and sidewalls. The side-walls in the structure can help to increase the gain and to improve
the radiation pattern. Furthermore, Lt and Lb in Figures 6.1(b) and (c) represent
the distances from the vertical back-wall (𝐴𝐴′ ) to the inner edge of the top and
bottom grounds, respectively. They can affect the current distribution on the inner
edge of the horizontal ground plane.

6.3 Antenna Analysis
6.3.1 One-Turn Helix
The proposed low-profile helical antenna with one-turn helix is designed and
analyzed in this part. The substrate used is the Duroid RT 5880 substrate with a
relative permittivity of 𝜀𝑟 = 2.2 and thickness of h = 3.175 mm. The strip length
of the helix is represented by Ls, the other dimensions are the same as those
indicated in Figure 6.1. The effective total length of one-turn helix 𝐿𝑒𝑓𝑓 is chosen
to be around one free-space wavelength in order to achieve CP radiation in the
end-fire direction, which can be expressed as
𝐿𝑒𝑓𝑓 = 2(ℎ × √𝜀𝑒𝑓𝑓1 + 𝐿𝑠 × √𝜀𝑒𝑓𝑓2 ) ≈ 1𝜆
where 𝜀𝑒𝑓𝑓1 ≈ 𝜀𝛾 and 𝜀𝑒𝑓𝑓2 ≈ (𝜀𝛾 + 1)/2 [155], [156].
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(6.3)

Figure 6.2: Current distributions of the low-profile one-turn helical antenna at
different times t = 0, T/4, T/2, and 3T/4 at f = 10 GHz, where T is the period of
time. (a), (c), (e), (g), horizontal currents on the ground plane and strips of the
helix. (b), (d), (f), (h) Vertical currents along the via-holes of the helix.
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Figure 6.3: (a) Magnitude and (b) phase values of surface current density
integration of each segment on the helix and edge of the ground. (c) Magnitude
and phase values of combined total surface current density integrations of xand z-directions.
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In general, circular polarization is generated by two orthogonal electric fields,
which are equal in amplitude and 90° different in phase. For the proposed helical
structure, the currents flowing on the strips and along the via-holes of the helix
contribute to the horizontal electric field 𝐸𝜙 and vertical electric field 𝐸𝜃 ,
respectively. It is expected that the magnitude of 𝐸𝜙 is much stronger than that
of 𝐸𝜃 if the height of the via-hole h is very small compared to the strip length Ls,
which makes it difficult to meet the criteria of achieving circular polarization.
However, in our proposed helical antenna, the current flowing on the inner edge
of the ground plane can help to weaken the strong magnitude of 𝐸𝜙 generated by
the current on the strips. By this way, it is possible to obtain circular polarization
in the end-fire direction over a wide frequency range.
To verify the principle of achieving the circular polarization, the current
distribution along the proposed one-turn helical antenna is analyzed with the aid
of HFSS, as shown in Figure 6.2. The parameters of the one-turn helical antenna
are as follows: W = 37 mm, L = 38 mm, h = 3.175 mm, Ws = 3 mm, Ls = 10 mm,
𝛼 = 28o , dv = 2 mm, d = 1 mm, s = 1.5 mm, Wf = 3 mm, g1 = 0.8 mm, g2 = 1.5
mm, d1 = 1.7 mm, d2 = 1.4 mm, df = 1 mm, Lt = 4.7 mm, Lb = 3.1 mm, Lf = 9.17
mm, dt = 2.77 mm, L1 = 15.3 mm, b = 19.6 mm. When t = 0, it is observed from
Figure 6.2(a) that strong horizontal currents appear on the bottom and top strips,
and also on the inner edge of the ground plane, which are denoted by Ib, It, and
Ig1, respectively. On the other hand, the vertical currents flowing along the viaholes are very small, as shown in Figure 6.2(b). Therefore, it is concluded that
𝐸𝜙 is dominated along the end-fire direction in the far-field region. It should be
mentioned that Ig1 is –x directed, which is opposite to the +x direction of Ib and
It, so that it can somehow weaken the strong amplitude of 𝐸𝜙 generated by Ib and
It. This is critical for achieving circular polarization, as mentioned earlier. Figures
6.2(c) and (d) show the current distributions at t = T/4, where T is the period of
time. It is seen that strong vertical currents Iv1 and Iv2 flow along the via-holes of
the helix in the +z direction, while the horizontal currents, as indicated in Figure
6.2(c) are weak compared to Iv1 and Iv2. In addition, the currents either on the
edge of the ground plane or the strips exhibit two components that are 180° out
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of phase, so that 𝐸𝜙 is very small and 𝐸𝜃 dominates in the far field. The same
phenomenon is observed in Figures 6.2(e)-(h). As seen, the current distributions
at t = T/2, and t = 3T/4 are opposite to those when t = 0 and t = T/4, which also
generate the dominant but out-of-phase 𝐸𝜙 and 𝐸𝜃 , respectively. As a result, lefthand circular polarization in the end-fire direction can be obtained under the
combined influences of the current distributions along the helix as well as on the
ground plane of the proposed antenna.

Figure 6.4: Simulated magnitude ratio and phase difference of the horizontal
electric field 𝐸𝜙 and vertical electric field 𝐸𝜃 , and axial ratio of the proposed
one-turn helical antenna in the end-fire direction.

It is well known that the electric field in the far-field is determined by
integrating the surface current densities over the distributed areas, which can be
represented as [2]
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(6.4)

where i represents each segment on the helix and the edge of the ground for our
one-turn helical antenna. These segments include the bottom and top strips, the
ground edges on each side of the CPW, and two via-holes, which are denoted by
b, t, g1, g2, v1, and v2, respectively. 𝑆𝑖 denotes the surface area of segment i, and
𝑱𝑠𝑖 is the surface current density distributed on 𝑆𝑖 . k is the wavenumber. 𝑅𝑖 and
𝑅𝑖′ are the distances from the current source to the far-field for amplitude and
phase terms, respectively. It is noticed that if we assume that there are no
amplitude and phase differences between each current source to the far-field
region, the ratio of the horizontal E-field and vertical E-filed approximately
equals to that of the combined total integrations of surface current densities over
the distributed areas of x component ∬ 𝑱𝑠𝑥 𝑑𝑆 and z-component ∬ 𝑱𝑠𝑧 𝑑𝑆 in the
end-fire direction. With the aid of the fields calculator of HFSS, the magnitude
and phase values of surface current density integration of each segment on the
helix and the edge of the ground are plotted in Figures 6.3(a) and (b). We use
Int_Jsi (i = b, t, g1…) to represent the integration of surface current density over
the area of each segment. The input power is set as 1 Watt. As shown, Int_Jsb
and Int_Jst are almost in-phase, which are nearly 180° out-of-phase with Int_Jsg1
near the center frequency of 10 GHz. In addition, Int_Jsv1 and Int_Jsv2 are almost
in-phase, which have phase difference around 90° with Int_Jsb and Int_Jst near
the center frequency. These phenomena are in accordance with the current
distribution displayed in Figure 6.2. The magnitude and phase values of the xand z-components of the combined total surface current density integrations are
also depicted in Figure 6.3(c). It is seen that the magnitudes of x- and zcomponents are very close, and the phase difference is around 90° near the center
frequency of 10 GHz. It is worth noting that no phase differences between each
current source to the far-field region is assumed for the analysis in order to
basically clarify the physical concept of achieving circular polarization. By
taking the phase variations into account, the magnitude ratio and phase difference
between the horizontal electric field 𝐸𝜙 and vertical electric field 𝐸𝜃 , and axial
ratio of the proposed one-turn helical antenna in the end-fire direction are plotted
151

in Figure 6.4. It is seen that the magnitude ratio of 𝐸𝜙 and 𝐸𝜃 is close to one and
the phase difference between two orthogonal fields is almost 90° near the center
frequency of 10 GHz. Resultantly, a good circular polarization in the end-fire
direction is obtained and the 3-dB AR bandwidth ranges from 9.6 to 10.45 GHz.
Additionally, it should be noted that the vertical conducting wall made up of
via-holes can prevent the power from leaking out through the via-gaps.
Resultantly, the current flowing on the ground plane outside the vertical wall is
very small. Therefore, the ground length L1 starting from the wall to the left edge
of the substrate and the ground width W, as shown in Figure 6.2(a), are of
insignificance to the antenna performance, which makes the proposed antenna
suitable to be mounted on a large conducting platform.
Furthermore, the helical antennas can achieve wide bandwidth when they
operate in the axial mode. This is because the helical antenna is a traveling-wave
structure; the outgoing current at the input end and the reflected current at the
open end of the helix decay rapidly [19]. In our proposed structure, a coaxial-toGCPW transition is employed to feed the antenna. By choosing proper
parameters Wf, g1, g2, and df, a good impedance match can be obtained. Figure
6.5 shows the simulated input impedance and reflection coefficient |S11| of the
proposed one-turn helical antenna. It is seen that the input impedance can
maintain a small variation within a wide frequency range, and the 10-dB return
loss bandwidth is from 7.2 to 12.5 GHz.

6.3.2 Parametric Study
A parametric study is conducted in order to examine the effects of the key
parameters on the radiation performance and help to facilitate the practical design
of the proposed low-profile planar helical antenna. The important parameters
include the number of helical turns N, the length of the strip Ls, the pitch angle
between the top and bottom strips 𝛼, the distances from the vertical back-wall to
the inner edge of the top ground Lt and bottom ground Lb, and the strip-length
ratio r. Other parameters such as the width of the strip Ws and the diameter of the
via-hole dv are of less importance although they also slightly affect the radiation
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performance, and they will not be discussed in detail below. In the parametric
study, only one parameter is varied at one time while the others remain
unchanged as follows: W = 40 mm, L = 60 mm, h = 3.175 mm, Ws = 3 mm, dv =
2 mm, d = 1 mm, s = 1.5 mm, Wf = 2.2 mm, g1 = 0.6 mm, g2 = 2 mm, d1 = 2 mm,
d2 = 1.5 mm, df = 1.1 mm, Lf = 8.75 mm, dt = 2.25 mm, L1 = 17.5 mm, and b =
22 mm.
1) Number of Turns N: Basically, the helical antenna can achieve better
circular polarization performance and higher gain if more turns of the helix are
employed. Figures 6.6 and 6.7 show the effects of the number of turns N on the
axial ratio (AR) and radiation pattern of the proposed antenna, respectively. It is
seen that the fractional AR bandwidths (AR ≤ 3 dB) are 8.5, 16, 26, and 28.3%
for N = 1, 2, 4, and 6, respectively. In addition, the gain values at the center
frequency f = 10 GHz are 6.2, 6.9, 7.3, and 7.5 dBi for N = 1, 2, 4, and 6,
respectively. These results indicate that although the axial ratio bandwidth and
gain can be both enhanced with the increase of N, the improvement is small when
N is larger than 4. This is due to the fact that the current decays when it travels
along the helix [107]. When N is large, the current along the last few turns of the
helix is small, slightly contributing to the performance of the antenna. Based on
this study, we choose N = 4 in our proposed structure.
2) Strip Length Ls: As mentioned earlier, the effective circumference of a helix
𝐿𝑒𝑓𝑓 should be around one free-space wavelength in order to achieve CP
radiation in the end-fire direction. Therefore, the strip length Ls is a key parameter
to determine the operating frequency band of circular polarization if the substrate
thickness is fixed. The effect of Ls on the AR of the proposed helical antenna is
shown in Figure 6.8. It is observed that the 3-dB AR frequency band shifts to a
lower one as the length Ls increases. When Ls = 10.5 mm, the 3-dB AR bandwidth
can cover from 8.6 to 11.2 GHz.
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Figure 6.5: Simulated input impedance and |S11| of the proposed one-turn
helical antenna.

Figure 6.6: Effects of the number of turns N on the axial ratio of the proposed
helical antenna (Ls = 10.5 mm, 𝛼 = 28o , Lt = 4 mm, Lb = 2.3 mm).
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Figure 6.7: Effects of the number of turns N on the radiation pattern of the
proposed helical antenna at f = 10 GHz, (a) xy-plane, (b) yz-plane (Ls = 10.5
mm, 𝛼 = 28o , Lt = 4 mm, Lb = 2.3 mm).
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Figure 6.8: Effects of the strip length Ls on the axial ratio of the proposed
helical antenna (N = 4, 𝛼 = 28o , Lt = 4 mm, Lb = 2.3 mm).

Figure 6.9: Effects of the angle 𝛼 on the axial ratio of the proposed helical
antenna (N = 4, Ls = 10.5 mm, Lt = 4 mm, Lb = 2.3 mm).
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3) Pitch Angle 𝛼: The pitch angle 𝛼 plays an important role on the current
distribution on the top and bottom strips so that it can affect the axial ratio of the
proposed helical antenna. As shown in Figure 6.9, the 3-dB AR bandwidth is
12.5% for a small angle 𝛼 = 20o , and it can be enhanced by increasing the value
𝛼 appropriately. When the angle 𝛼 = 28o and 𝛼 = 32o , the AR bandwidths are
both around 26%. On the other hand, it should be mentioned the gain values in
the end-fire direction are 7.6, 7.4, 7.3, and 7 dBi for 𝛼 = 20o , 24o , 28o , and 32o ,
respectively, which indicates that a larger 𝛼 may slightly degrade the gain of the
antenna. This is due to the fact that the current flowing on the strips can be
divided into x- and y-directed components, a larger 𝛼 results in an increase of the
y-directed component and decrease of the x-directed one, which can enhance the
sidelobe of the radiation pattern and reduce the gain in the +y direction. Therefore,
taking both axial ratio and gain into account, we choose 𝛼 = 28o in the proposed
antenna.
4) Distances Lt and Lb: The distances Lt and Lb exhibit significant effects on
AR performance of the antenna since they can influence the current distributions
on the inner edge of the top and bottom ground planes. As shown in Figure 6.10,
it is found that the AR values of the antenna are sensitive to the variations of Lt
and Lb, and the best AR performance of the proposed structure with four-turn
uniform helix can be obtained when Lt = 4 mm and Lb = 2.3 mm. Therefore, the
values of Lt and Lb should be carefully optimized in order to achieve good CP
performance.
5) Strip-Length Ratio r: The significance of the strip-length ratio r on the
antenna’s AR performance is shown in Figure 6.11. In the parametric study, the
length of the first strip Ls1 is kept as 12.5 mm, and the pitch angle is maintained
as 𝛼 = 28o . The planar helix is uniform when r = 1, and is tapered as r decreases.
It is seen that the values of the AR at higher frequencies are improved and the
AR bandwidth is enhanced when the helix gradually tapers. The best AR
performance of the proposed structure is obtained when r = 0.89. It should also
be noted that r cannot be too small to avoid the overlapping of both edge ends of
printed strips.
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Figure 6.10: Effects of the distance (a) Lt and (b) Lb on the axial ratio of the
proposed helical antenna (N = 4, Ls = 10.5 mm, 𝛼 = 28o ).
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6.3.3 Effects of the Tapered Helix and Conducting SideWall
The radiation pattern of the antenna can be improved by utilizing tapered helix
and conducting side-walls. Figure 6.12 shows the simulated radiation patterns of
three antenna designs, which include Ant. #1: uniform helix without a side-wall,
Ant. #2: tapered helix without side-wall, and Ant. #3: tapered helix with sidewalls. It is seen that the sidelobe levels (SLLs) of the radiation patterns of Ant.
#1 are relatively high. In comparison, by tapering the helix as Ant. #2, the SLLs
are improved, and the gain values increase accordingly at higher frequencies.
Furthermore, comparing the radiation patterns of Ant. #3 and Ant. #2, it is
concluded that employing side-walls can further enhance the gain and improve
the SLLs of the proposed antenna. In addition, the AR values of the three
antennas are compared in Figure 6.13. It is observed that the AR bandwidths of
Ant. #2 and Ant. #3 are almost the same, and they are wider than that of Ant. #1.
Therefore, tapered helix and conducting side-walls are both employed in our final
design considering the improvement of AR, antenna gain as well as the radiation
pattern.

Figure 6.11: Effects of the strip-length ratio r on the axial ratio of the proposed
helical antenna (N = 4, Ls1 = 12.5 mm, 𝛼 = 28o , Lt = 4 mm, Lb = 2.3 mm).
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Figure 6.12: Radiation pattern comparison of three planar helical antenna
designs at different frequencies. (a) Ant. #1: uniform helix without side-wall (r
= 1, Ls1 = 10.5 mm), (b) Ant. #2: tapered helix without side-wall (r = 0.89, Ls1 =
12.5 mm), and (c) Ant. #3: tapered helix with side-walls (r = 0.89, Ls1 = 12.5
mm).
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Figure 6.13: Simulated axial ratio values of three planar helical antenna designs
(Ant. #1: uniform helix without side-wall, Ant. #2: tapered helix without sidewall, and Ant. #3: tapered helix with side-walls.)

6.4 Experimental Verification
A prototype is fabricated to characterize the performance of the proposed planar
helical antenna, as shown in Figure 6.14. The substrate used in this design is
Duroid RT 5880 substrate with permittivity of 2.2, loss tangent of tanδ =
0.0009, and thickness of 3.175 mm. The outer conductor of a 50 Ω SMA
connector is soldered on the bottom layer of the substrate; the inner conductor is
connected to the center strip of the GCPW to feed the antenna. For the matching
purpose, the center strip width of the GCPW is designed to be Wf = 3 mm, the
gaps between the center strip and its adjacent ground planes are g1 = 0.8 mm and
g2 = 1.5 mm, respectively. The distance from the edge of the center strip of the
GCPW to the coaxial probe is df = 1.2 mm. The corresponding characteristic
impedance of the GCPW is 73.1 Ω. Based on the analysis conducted in Section
6.3, the other dimensions are: W = 44 mm, L = 52 mm, Ws = 3.2 mm, Ls1 = 12.5
mm, r = 0.89, 𝛼 = 28o , dv = 2 mm, d = 1 mm, s = 1.5 mm, d1 = 1.83 mm, d2 =
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1.45 mm, Lt = 4.9 mm, Lb = 3.2 mm, Lf = 9.66 mm, dt = 1.86 mm, b = 24.32 mm,
L1 = 15.9 mm, L2 = 16.3 mm, t1 = 4.67 mm, t2 = 2.13 mm, t3 = 3.5 mm.

Figure 6.14: Prototype of the proposed planar helical antenna, (a) top view, (b)
bottom view.
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Figure 6.15: Simulated and measured |S11| results of the proposed antenna.

Figure 6.16: Simulated and measured axial ratio of the proposed antenna.
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Figure 6.17: Simulated and measured radiation patterns of the proposed antenna
at different frequencies. (a) 8.5 GHz, (b) 9.5 GHz, (c) 10.5 GHz, (d) 11.5 GHz.

S-parameter of the proposed antenna is measured using a calibrated Agilent
vector network analyzer N5230A. The comparison between the simulated and
measured |S11| is shown in Figure 6.15. It is seen that the 10-dB return loss
bandwidth ranges from 7.4 to 12.8 GHz for the simulated result, and from 7.2 to
12.9 GHz for the measured one. The corresponding fractional bandwidths are 54%
and 57%, respectively. The slight difference may be due to the fabrication
tolerance.
Axial ratio and radiation pattern of the proposed antenna are measured in an
anechoic chamber. Figure 6.16 shows the simulated and measured axial ratio
values in the end-fire direction. The simulated result indicates that a 3-dB axial
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ratio bandwidth of 34% can be achieved for the proposed antenna, which covers
from 8.2 to 11.6 GHz. The measured result agrees well with the simulated one.
The simulated and measured radiation patterns in the xy-plane and yz-plane at
different frequencies are depicted in Figure 6.17. As seen, end-fire radiations are
obtained over the frequency range from 8.5 to 11.5 GHz, simulated and measured
results are in good agreement as well. It is noted that the radiation patterns are
not very symmetric respect to end-fire direction, which is due to the asymmetry
of the structure. In addition, the sidelobe level (SLL) and front-to-back ratio (F/B)
are relatively high at the lowest frequency of f = 8.5 GHz. Two reasons may
account for this phenomenon. First, the normal mode of the helical antenna may
appear at the lowest frequency, which can distort the radiation pattern of the axial
mode. Second, it is well known that a large conducting wall vertical to the axis
of the helix is generally employed in the traditional helical antennas to improve
the SLL and F/B. However, our structure only employs a small vertical via-wall
rather than a large one for the sake of low profile. The height of the vertical wall
is very small compared to the operating wavelength, which degrades the radiation
pattern, especially at lower frequencies. In addition, the simulated and measured
gain values in the end-fire direction are depicted in Figure 6.18. The simulated
gain is 3.1 dBi at 8.5 GHz and increases to 10.5 dBi at 11.5 GHz. At frequencies
lower than 8.5 GHz and higher than 11.5 GHz, the gain decreases with the
degradation of the end-fire radiation patterns. The measured gain values are
slightly less than the simulated ones. This discrepancy may be due to the
additional loss introduced by the SMA connector and the alignment error of the
measurement setup. Furthermore, it should be mentioned that perfect electric
conductors are assumed in the simulated model. By taking the loss of the
substrate into account, the simulated radiation efficiency is also plotted in Figure
6.18. It is seen that the proposed antenna achieves a very high radiation efficiency.
Table 6.1 summarizes the performance comparison of existing low-profile
helical antennas. It is seen that although the antennas in [128] and [131] retain
much lower thickness than the others, they achieve linear polarization only. The
planar helix antenna in [136] can achieve axial ratio bandwidth of 30% and gain
of 10.3 dBi. However, the antenna consists of two separate layers of substrates,
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Table 6.1: Performance comparison of existing low-profile helical antennas

Ref.

[107]

[115]

Structure

Nonplanar
Nonplanar

Impedance
Bandwidth
(|S11| < -10
dB)

AR
Bandwidth
(AR <3 dB)

Height (λ0 is
the
wavelength at
the center
frequency)

Gain at the
center
frequency
(dBi)

Polarization

Fabrication
Complexity

-

12%

0.19 λ0

9

Circular

Medium

-

14.6%

~0.15 λ0

9.2

Circular

Complex

[120]

Planar

20.5%

Narrow

0.22 λ0

-

Circular

Medium

[128]

Planar

15%

-

0.02 λ0

-

Linear

Simple

[131]

Planar

6.1%

-

0.013 λ0

0

Linear

Simple

[136]

Planar

34%

30%

0.27 λ0

10.3

Circular

Simple

Planar

54%

34%

0.11 λ0

8

Circular

Simple

Our
work
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and the antenna thickness is 0.27λ0, which is relatively thick. In addition, a
ground plane vertical to the axis of the helix is employed in the structure, which
is unsuitable for surface-mounted applications. Compared to the other circularly
polarized low-profile helical antennas, our proposed antenna clearly exhibits the
overwhelming advantages in terms of impedance and AR bandwidths as well as
the antenna thickness. In addition, our proposed planar helical antenna is very
simple and is suitable for mass production with low cost.

6.5 Summary
A planar helical antenna has been presented for achieving wideband end-fire
radiation of circular polarization while maintaining a very low profile. The helix
is formed using printed strips with straight-edge connections implemented by
plated via-holes. The operating principle of achieving the circular polarization
has been analyzed based on the current distribution along the proposed one-turn
helical antenna. The effects of key parameters on the antenna performance have
also been carefully investigated. Furthermore, a tapered helix and conducting
sidewalls have been employed to broaden the axial ratio bandwidth as well as to
improve the end-fire radiation pattern.
The proposed planar helical antenna operates at the center frequency of 10
GHz. It has been shown in the simulated results that the antenna can achieve a
wide impedance bandwidth (|S11| < -10 dB) from 7.4 to 12.8 GHz (54%) and 3dB axial ratio bandwidth from 8.2 to 11.6 GHz (34%) while retaining a thickness
of only 0.110 at the center frequency. A prototype of the proposed antenna has
been fabricated and tested showing that the measured results are in good
agreement with simulated ones.
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CHAPTER 7
CONCLUSIONS AND RECOMMENDATIONS
7.1 Conclusions
This thesis focuses on overcoming the limitations of traditional end-fire antennas
and proposing novel and effective solutions to achieve low-profile and end-fire
antennas, which can be mounted on metallic platforms for airborne applications.
Traditional end-fire antennas such as log-periodic, Yagi, and Vivaldi antennas
can achieve wide bandwidth, but they are not suitable for flush-mounted
applications since the mounting platforms have significant effects on the antenna
performance. H-plane horn antenna can alleviate the ground effect, but it is very
challenging to achieve a wide bandwidth while maintaining a very low profile.
In addition, although superdirective antennas can obtain end-fire radiation, they
suffer from high mismatch loss, narrow bandwidth, and low radiation efficiency.
Furthermore, circularly polarized antennas are also in great demand in airborne
applications. However, very few candidates can meet the requirements of endfire radiation with very low profile. Although many attempts have been made to
achieve circular polarization using planar helical antennas, the cross-section of
the helix is usually square, which is undesirable for low-profile applications.
Surface wave antennas based on grounded dielectric slab are very promising
candidates to meet the requirements of end-fire radiation, wide bandwidth, and
low profile. In Chapter 3, the characteristics of surface waves propagating along
the anisotropic grounded slab have been investigated first. Different from most
open literature that generally assumes that the fields of surface waves are
uniformly distributed along the transverse direction of the infinitely large
grounded slab, we have thoroughly considered the field variations in the direction
transverse to the wave propagation direction, and the corresponding propagation
characteristics of surface waves have been derived on the basis of boundary
conditions and Maxwell’s equations. Three different methods have been
compared to analyze the surface waves on grounded anisotropic slab as well as
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to validate our derivations. In addition, the effects of the relative permittivity
tensor on the propagation characteristics of surface waves have also been
numerically studied. More importantly, our method has taken into account the
finite-width grounded slab with the field distributions non-uniform along the
transverse direction of the slab, which is more suitable for practical engineering.
Following the theoretical analysis of the surface waves on a grounded
dielectric slab, a wideband surface wave antenna based on tapered grounded
ceramic slab has been proposed, which can achieve nearly end-fire radiation over
the frequency range from 6.1 to 18 GHz while maintaining the antenna thickness
of only 0.12at the center frequency. The surface wave is radiated at the position
of the tapered grounded slab where the slab thickness is equal to 𝜆/4√𝜀𝑟 . A
unidirectional surface wave launcher with a broad bandwidth has been realized
by utilizing a probe-fed parallel-plate waveguide with a modified parabolic
reflecting wall and a metallic post. The post has been employed close to the
feeding probe to serve as a matching element, which is essential for improving
the impedance matching of the launcher. The shape of the reflecting wall has
been carefully modified so as to obtain a more uniform amplitude and phase
distribution over a wide bandwidth. In addition, the procedures of designing
proposed surface wave antenna have also been provided.
Next, an H-plane horn antenna has been proposed in Chapter 4, which can
achieve a wider bandwidth from 3.4 to 18 GHz, and the antenna thickness is only
5.508 mm. In order to suppress the higher-order modes in the rectangular
waveguide, the width and height of the waveguide have been carefully selected,
and a pair of metallic posts has been introduced at positions where the maximum
field of TE30 occurs. A cone-shaped probe and a metallic ridge have been
employed in the coaxial-to-rectangular waveguide in order to improve the
impedance matching as well as to enhance the operating bandwidth of TE10 mode.
An ellipse-shaped copper taper and another pair of metallic posts have also been
utilized in the H-plane horn antenna, which effectively smoothen the transition
from the horn aperture to free space and improve the impedance matching of the
antenna. Both planar and conformal versions of the proposed H-plane horn
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antenna have been investigated in this chapter. In the conformal antenna, a
tapered grounded substrate has been employed at the end of the structure, making
the antenna suitable to be embedded into a cylindrical conducting platform. The
effects of the platform on the conformal antenna performance have also been
analyzed. In addition, the proposed conformal antenna has been extended into a
conformal array configuration.
In Chapter 5, three cavity-backed supergain slot antennas have been proposed
for end-fire radiation. In the first structure, we have employed a back-to-back
cavity structure to achieve the end-fire radiation. In the other two conformal
structures, the effects of platforms on the radiation beam angles have been
carefully investigated, nearly end-fire radiation and end-fire radiation have been
obtained using cylindrical and conical platforms, respectively. In the proposed
structures, the bandwidth has been effectively widened by utilizing three slots
with different lengths. The required magnitude and phase of the excited electric
field for achieving supergain have been obtained by adjusting the inter-element
spacing and the position of each slot. Furthermore, the array configuration of the
proposed antenna with six separate antenna elements embedded into the conical
platform has also been fabricated and tested. The array structure is immune to
electromagnetic waves with arbitrary polarization, which is potentially very
useful for airborne applications.
In addition to the above mentioned linearly polarized end-fire antennas, a
planar helical antenna of circular polarization has been proposed in Chapter 6.
The planar helix has been formed using printed strips and straight-edge
connections implemented by plated via-holes. In the proposed antenna, the
current on the ground plane plays an essential role in weakening the strong
amplitude of the horizontal electric field generated by the one on the strips, while
the vertical polarization is contributed by the current flowing along the via-holes.
The operating principle of achieving circular polarization has been analyzed
based on the current distribution of the proposed antenna with one-turn helix.
Parametric studies have been conducted to analyze the influences of the key
parameters on the antenna performance. Furthermore, the effects of the tapered
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helix and conducting side-walls on the radiation pattern and axial ratio have been
studied.
In summary, we have proposed a number of low-profile end-fire antennas. All
antennas have overcome the existing problems of traditional end-fire antennas.
Their wide bandwidth, high gain, end-fire radiation, and circular polarization
have been verified by experimental results. The proposed antennas are very
promising to be mounted on the surface of airborne applications and can be
extended to conformal arrays.

7.2 Recommendations for Future Work
This thesis has presented several low-profile end-fire antennas for airborne
applications with novel concepts and improved performance. However, it still
offers many opportunities for us to have a further investigation. Some of the
suggested studies are listed as follows.
1) In Chapter 3, a surface wave antenna employing tapered grounded
ceramic slab is proposed. The surface wave is radiated at the position of
the tapered grounded slab where the slab thickness is equal to 𝜆/4√𝜀𝑟 .
In the future, we may design surface wave antennas based on metasurface
to achieve wide bandwidth and low profile. Characteristics of surface
waves propagating along and radiating from metasuface should be
carefully investigated. A gradient metasurface is expected to radiate the
surface wave within a wide frequency range.
2) In Chapter 5, supergain antennas have been proposed using three closely
spaced slots and a backed cavity. Generally speaking, more slots are
desirable to be employed in order to take full advantage of the cavity
space. However, it is very challenging to realize supergain in practice
when employing more slots, because it will suffer from the severe
sensitivity of the excitation amplitude and phase for each slot. In addition,
when more slots are employed closely, the radiation resistance of the
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antenna will decrease significantly, leading to a very low radiation
efficiency. These problems may be addressed in the future.
3) Although the planar helical antenna proposed in Chapter 6 can achieve
CP performance with end-fire radiation over a 34% frequency band, it
may not be enough for some wideband applications. Our future
investigation may focus on designing novel low-profile antennas that can
achieve a wide 3-dB axial ratio fractional bandwidth of 100% in the endfire direction. By utilizing the concept of frequency independent structure,
it may be possible to realize the wideband CP performance.
4) When designing conformal antennas, the effects of the platform on the
antenna performance should be taken into account. In our conformal
designs in Chapters 4 and 5, parametric studies have been conducted to
investigate the effects of platforms on the return loss and radiation pattern.
In the future, the suitable theoretical analysis may be conducted to
understand these effects.
5) The recent growth in the ambit of modern wireless communication has
increased the demand for multi-band antennas that can satisfy the
requirement of multiple functionalities. Designing multi-band antenna
can also further reduce the production cost. Therefore, researching on
conformal dual-band and multi-band end-fire antennas may be the topics
for our further investigation.
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APPENDIX A
DERIVATION OF THE FIELD DISTRIBUTIONS
AND DISPERSION RELATIONS IN ANISOTROPIC
SLAB
For the anisotropic slab with the relative permittivity tensor 𝜀̿ and relative
permeability tensor 𝜇̿ , the Maxwell’s equations can be written as
̅
∇ × 𝐸̅ = −𝑗𝜔𝜇0 𝜇̿ ∙ 𝐻

(A.1a)

̅ = 𝑗𝜔𝜀0 𝜀̿ ∙ 𝐸̅
∇×𝐻

(A.1b)

where 𝜀̿ and 𝜇̿ are expressed as (3.1). We assume that surface waves propagate
along the +y direction with a propagation factor of 𝑒 −𝑗𝛽𝑦 . By solving the above
two equations, the vector equations of all E-fields and H-fields can be expressed
as
− 𝑗𝛽𝑦 𝐸𝑧 −

𝜕𝐸𝑦
= −𝑗𝜔𝜇0 𝜇𝑥 𝐻𝑥
𝜕𝑧

(A.2a)

𝜕𝐻𝑦
= 𝑗𝜔𝜀0 𝜀𝑥 𝐸𝑥
𝜕𝑧

(A.2b)

− 𝑗𝛽𝑦 𝐻𝑧 −

𝜕𝐸𝑥 𝜕𝐸𝑧
−
= −𝑗𝜔𝜇0 𝜇𝑦 𝐻𝑦
𝜕𝑧
𝜕𝑥

(A.2c)

𝜕𝐻𝑥 𝜕𝐻𝑧
−
= 𝑗𝜔𝜀0 𝜀𝑦 𝐸𝑦
𝜕𝑧
𝜕𝑥

(A.2d)

𝜕𝐸𝑦
+ 𝑗𝛽𝑦 𝐸𝑥 = −𝑗𝜔𝜇0 𝜇𝑧 𝐻𝑧
𝜕𝑥

(A.2e)

𝜕𝐻𝑦
+ 𝑗𝛽𝑦 𝐻𝑥 = 𝑗𝜔𝜀0 𝜀𝑧 𝐸𝑧
𝜕𝑥

(A.2f)

From (A.2b) and (A. 2e), 𝐸𝑥 and 𝐻𝑧 can be derived as
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𝐸𝑥 =

𝜕𝐸𝑦
𝜕𝐻𝑦
1
[𝛽𝑦
− 𝜔𝜇0 𝜇𝑧
]
2
2
𝜕𝑥
𝜕𝑧
𝑗(𝜀𝑥 𝜇𝑧 𝑘0 − 𝛽𝑦 )

(A.3a)

𝐻𝑧 =

𝜕𝐻𝑦
𝜕𝐸𝑦
1
[𝛽𝑦
− 𝜔𝜀0 𝜀𝑥
]
2
2
𝜕𝑧
𝜕𝑥
𝑗(𝜀𝑥 𝜇𝑧 𝑘0 − 𝛽𝑦 )

(A.3b)

Similarly, 𝐻𝑥 and 𝐸𝑧 can be derived from (A.2a) and (A. 2f) as
𝐻𝑥 =

𝜕𝐻𝑦
𝜕𝐸𝑦
1
[𝛽𝑦
+ 𝜔𝜀0 𝜀𝑍
]
2
2
𝜕𝑥
𝜕𝑧
𝑗(𝜀𝑧 𝜇𝑥 𝑘0 − 𝛽𝑦 )

(A.3c)

𝐸𝑧 =

𝜕𝐸𝑦
𝜕𝐻𝑦
1
[𝛽
+
𝜔𝜇
𝜇
]
𝑦
0
𝑥
𝜕𝑧
𝜕𝑥
𝑗(𝜀𝑧 𝜇𝑥 𝑘02 − 𝛽𝑦2 )

(A.3d)

Therefore, all field components can be found once 𝐸𝑦 and 𝐻𝑦 are determined.
In addition, by substituting the corresponding field expressions into (A.2c) and
(A.2d), the dispersion relations in anisotropic media as indicated in (3.10) can
then be directly obtained. It should be mentioned that the field distributions and
dispersion relations in air regions can be also derived following the same
procedures.
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APPENDIX B
DERIVATION

OF

SURFACE

WAVE

MODES

UNIFORMLY DISTRIBUTED ON ANISOTROPIC
GROUNDED SLAB
For the grounded slab with infinite width as shown in Figure 3.1, pure TM or TE
modes can be supported if the field distribution of surface wave along the
transverse direction of the slab is assumed to be uniform (𝑅𝑥 = 0).
For TM surface wave, substituting 𝐵I = 𝐵II = 0 into (3.5a)-(3.6d) and
applying continuities of all the tangential fields across the interface lead to
𝑘𝑧 tan(𝑘𝑧 𝑡) = 𝜀𝑦 𝑘𝑜𝑧

(B.1)

By solving Maxwell’s equations based on (A.2a) and (A.2b), the dispersion
relations in Regions I and II can be derived as
Region I
𝛽𝑦2 +

𝜀𝑧 2
𝑘 = 𝜀𝑧 𝜇𝑥 𝑘02
𝜀𝑦 𝑧

(B.2)

Region II
2
𝛽𝑦2 − 𝑘0𝑧
= 𝑘02

(B.3)

For TE surface wave, 𝐴I = 𝐴II = 0. Similarly, the boundary conditions and the
dispersion relations in the anisotropic medium lead to
𝑘𝑧 cot(𝑘𝑧 𝑡) = −𝜇𝑦 𝑘𝑜𝑧

(B.4)

𝜇𝑧 2
𝑘 = 𝜀𝑥 𝜇𝑧 𝑘02
𝜇𝑦 𝑧

(B.5)

𝛽𝑦2 +

2
𝛽𝑦2 − 𝑘0𝑧
= 𝑘02 .

175

(B.6)

APPENDIX C
DERIVATION OF SURFACE WAVE MODES BASED
ON MARCATILI’S METHOD
In [140], Marcatili introduced an approximate method to describe how the guided waves
propagate through rectangular dielectric waveguides. Based on his method, the surface
waves are divided into Ez and Ex modes. For Ez mode, the field component Ez is strong,
while Hz is assumed to be zero, which represents the quasi-TM mode in our discussion.
Similarly, the Ex mode represents the quasi-TE mode, in which case the field Ex is strong
and Hx is assumed to be zero. In addition, the fields in Regions V and VI as shown in
Figure 3.2(b) are assumed to be negligible. Based on these assumptions, the quasi-TM
and quasi-TE modes can be analyzed separately.
For quasi-TM mode, Hz and Hx of Regions I, II, III, and IV can be expressed
as
𝐻𝑧I = 𝐻𝑧II = 𝐻𝑧III = 𝐻𝑧IV = 0

(C.1a)

𝐻𝑥I = 𝐴I (𝑒 −𝑅𝑥𝑥 + 𝑟1 𝑒 𝑅𝑥𝑥 )𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 𝑧)

(C.1b)

𝐻𝑥II = 𝐴II (𝑒 −𝑅𝑥 𝑥 + 𝑟1 𝑒 𝑅𝑥𝑥 )𝑒 −𝑗𝛽𝑦 𝑦 e−𝑘0𝑧𝑧

(C.1c)

𝐻𝑥III = 𝐴III 𝑒 −𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 𝑧)

(C.1d)

𝐻𝑥IV = 𝐴IV 𝑒 𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 cos(𝑘𝑧 𝑧)

(C.1e)

Based on the fields Hz and Hx, all field distributions and dispersion relations in
four regions can then be derived by solving Maxwell’s equations.
The continuity conditions of Ey and Hx at z = t give
𝑘𝑧 tan(𝑘𝑧 𝑡) = 𝜀𝑦 𝑘𝑜𝑧
In addition, Ez and Hy are continuous at x =  a, which leads to
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(C.2)

𝑅0𝑥 𝜇𝑦 (𝜀𝑦 𝜇𝑥 𝑘02 − 𝑘𝑧2 )

𝑒 −𝑅𝑥 𝑎 +𝑒 𝑅𝑥 𝑎
𝑒 −𝑅𝑥 𝑎 −𝑒 𝑅𝑥 𝑎

= 𝜀𝑦 𝜇𝑥 𝑅𝑥 (𝑘02 − 𝑘𝑧2 )

(C.3)

The dispersion relations in four regions are derived as
𝛽𝑦2 −

𝜇𝑥 2 𝜀𝑧 2
𝑅 + 𝑘 = 𝜀𝑧 𝜇𝑥 𝑘02
𝜇𝑦 𝑥 𝜀𝑦 𝑧

(C.4)

2
𝛽𝑦2 − 𝑅𝑥2 − 𝑘0𝑧
= 𝑘02

(C.5)

2
𝛽𝑦2 − 𝑅0𝑥
+ 𝑘𝑧2 = 𝑘02

(C.6)

It is seen that y, Rx, Rox, kz, and koz can be solved for given k0, t, 𝜀̿ and 𝜇̿ based
on (C.2)-(C.6).
For quasi-TE mode, Hz and Hx in Regions I, II, III, and IV can be expressed as
𝐻𝑥I = 𝐻𝑥II = 𝐻𝑥III = 𝐻𝑥IV = 0

(C.7a)

𝐻𝑧I = 𝐵I (𝑒 −𝑅𝑥 𝑥 + 𝑟2 𝑒 𝑅𝑥𝑥 )𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 𝑧)

(C.7b)

𝐻𝑧II = 𝐵II (𝑒 −𝑅𝑥 𝑥 + 𝑟2 𝑒 𝑅𝑥𝑥 )𝑒 −𝑗𝛽𝑦 𝑦 e−𝑘0𝑧 𝑧

(C.7c)

𝐻𝑧III = 𝐵III 𝑒 −𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 𝑧)

(C.7d)

𝐻𝑧IV = 𝐵IV 𝑒 𝑅0𝑥𝑥 𝑒 −𝑗𝛽𝑦 𝑦 sin(𝑘𝑧 𝑧)

(C.7e)

Similarly, based on Maxwell’s equations and boundary conditions, five
equations with five unknowns y, Rx, Rox, kz, and koz can be derived and they are
summarized below
−𝑘𝑧 cot(𝑘𝑧 𝑡) = 𝜇𝑦 𝑘𝑜𝑧
𝑅𝑥 (𝑘02 + 𝑅02 )
𝛽𝑦2 −

𝑒 −𝑅𝑥 𝑎 −𝑒 𝑅𝑥 𝑎
𝑒 −𝑅𝑥 𝑎 +𝑒 𝑅𝑥 𝑎

= 𝑅0𝑥 𝜀𝑥 (𝜀𝑦 𝜇𝑧 𝑘02 + 𝑅𝑥2 )

𝜀𝑥 2 𝜇𝑧 2
𝑅𝑥 + 𝑘𝑧 = 𝜀𝑥 𝜇𝑧 𝑘02
𝜀𝑦
𝜇𝑦
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(C.8)
(C.9)

(C.10)

2
𝛽𝑦2 − 𝑅𝑥2 − 𝑘0𝑧
= 𝑘02

(C.11)

2
𝛽𝑦2 − 𝑅0𝑥
+ 𝑘𝑧2 = 𝑘02 .

(C.12)

178

AUTHOR'S PUBLICATIONS
Journal papers
1.

Z. Chen and Z. Shen, “Planar helical antenna of circular polarization,”
IEEE Trans. Antennas Propag., vol. 63, no. 10, pp. 4315 - 4323, Oct.
2015.

2.

Z. Chen and Z. Shen, “Wideband flush-mounted surface wave
antenna of very low profile,” IEEE Trans. Antennas Propag., vol. 63,
no. 6, pp. 2430-2438, Jun. 2015.

3.

Z. Chen and Z. Shen, “A compact cavity-backed endfire slot antenna,”
IEEE Antennas Wireless Propag. Lett., vol. 13, pp. 281–284, 2014.

Conference papers
1

Z. Chen and Z. Shen, “Conformal cavity-backed slot antenna
embedded in a conical platform for end-fire radiation,” IEEE
Antennas Propag. Soc. Int. Symp., 2017, Accepted.

2

Z. Chen and Z. Shen, “Design considerations of conformal wideband
end-fire antenna mountable on cylindrical platforms,” Progress in
Electromagnetics Research Symp. (PIERS), 2016.

179

3

Z. Chen, Z. Hu, Y, Zhao, and Z. Shen, “Wideband and low-profile
end-fire antennas mountable on metallic platforms,” IEEE Int. Conf.
on Antenna Measurements Applications (CAMA), 2015, pp. 1 - 2.

4

Z. Chen and Z. Shen, “Broadband and low-profile H-plane ridged
horn antenna,” IEEE Antennas Propag. Soc. Int. Symp., 2015, pp.
2319 - 2320.

5

Z. Chen and Z. Shen, “A conformal cavity-backed supergain slot
antenna,” IEEE Antennas Propag. Soc. Int. Symp., 2014, pp. 1288–
1289.

180

BIBLIOGRAPHY
[1]

J. L. Volakis, Antenna Engineering Handbook, 4th ed. New York:
McGraw-Hill, 2007.

[2]

C. A. Balanis, Antenna Theory Analysis and Design, 3rd ed. New York:
Wiley, 2005.

[3]

W. W. Hanson and J. R. Woodyard, “A new principle in directional
antenna design,” Proc. IRE, vol. 26, pp. 333-345, Mar. 1938.

[4]

S. Uda, “Wireless beam of short electric waves,” J. IEE (Japan), pp. 273282, Mar. 1926, and pp. 1209-1219, Nov. 1927.

[5]

H. Yagi, “Beam transmission of ultra short waves,” Proc. IRE, vol. 26,
pp. 715-741, Jun. 1928. Also Proc. IEEE, vol. 72, no. 5, pp. 634–645,
May 1984; Proc. IEEE, vol. 85, no.11, pp. 1864–1874, Nov. 1997.

[6]

G. A. Thiele, “Analysis of Yagi-Uda-type antennas,” IEEE Trans.
Antennas Propag., vol. 17, no. 1, pp. 21–30, Jan. 1969.

[7]

D. E. Isbell, “Log periodic dipole arrays,” IRE Trans. Antennas Propagat.,
vol. 8, no. 3, pp. 260-267, May 1960.

[8]

P. J. Gibson, “The Vivaldi aerial,” in Proc. 9th Eur. Microw. Conf., 1979,
pp. 101–105.

[9]

J. Ramakrishna and D. Schaubert, “Analysis of the tapered slot antenna,”
IEEE Trans. Antennas Propag., vol. 35, no. 9, pp. 1058–1065, Sep. 1987.

[10]

S. Sugawara, Y. Maita, K. Adachi, K. Mori, and K. Mizuno, “A mm-wave
tapered slot antenna with improved radiation pattern,” in IEEE MTT-S Int.
Microw. Symp. Dig., 1997, pp. 959–959.

[11]

E. Gazit, “Improved design of the Vivaldi antenna,” IEE Proc. Microw.,
Antennas, Propag., vol. 135, no. 2, pp. 89–92, Apr. 1988.

[12]

A. W. Love, Electromagnetic Horn Antennas, New York, IEEE Press,
1976.

[13]

T. S. Chu and R. A. Semplak, “Gain of electromagnetic horns,” Bell Syst.
Tech. J., vol. 44, pp. 527–537, Mar. 1965.

[14]

M. S. Narasimahn and V. V. Rao, “Radiation characteristics of corrugated
E-plane sectoral horns,” IEEE Trans. Antennas Propag., vol. 21, no. 3,
pp. 320-327, May 1973.
181

[15]

R. K. Jha and J. A. Aas, “H-plane sectoral dielectric horn antenna,” IEEIERE Proc., vol. 15, no. 2, pp. 69–77, Mar. 1977.

[16]

K. Liu, C. A. Balanis, C. R. Birtcher, and G. C. Barber, “Analysis of
pyramidal horn antennas using moment methods,” IEEE Trans. Antennas
Propag., vol. 41, no. 10, pp. 1379–1388, Oct. 1993.

[17]

A. P. King, “The radiation characteristics of conical horn antennas,” Proc.
IRE, vol. 38, no. 3, pp. 249–251, Mar. 1950.

[18]

J. D. Kraus, “Helical beam antennas,” Electronics, vol. 20, pp. 109-111.
Apr. 1947.

[19]

D. J. Kraus and R. J. Marhefka, Antennas: For All Applications, 3rd ed.
New York, NY, USA: McGraw-Hill, 2002.

[20]

H. A. Wheeler, “A helical antenna for circular polarization,” Proc. IRE,
vol. 35, no. 12, pp. 1484–1488, Dec. 1947.

[21]

D. Sievenpiper, L. Zhang, R. F. J. Broas, N. G. Alexopolous, and E.
Yablonovitch, “High-impedance electromagnetic surfaces with a
forbidden frequency band,” IEEE Trans. Microw. Theory Tech., vol. 47,
no. 11, pp. 2059–2074, Nov. 1999.

[22]

L. B. Felsen, “Radiation from a tapered surface wave antenna,” IRE Trans.
Antennas Propag., vol. 8, no. 6, pp. 577–586, Nov. 1960.

[23]

L. O. Goldstone and A. A. Oliner, “A note on surface waves along
corrugated structures,” IEEE Trans. Antennas Propag., vol. 7, no. 3, pp.
274-276, Jul. 1959.

[24]

L. A. Vainshtein, “Propagation of electromagnetic waves on a corrugated
surface,” Soviet Phys.-Tech. Phys. 1, pp. 379, 1956.

[25]

J. Ehrlich and L. L Newkirk, “Corrugated surface antennas,” in Proc. IRE
Nat. Conv. Rec., Mar. 1953, pp. 18–33.

[26]

G. L. Yip, “Launching efficiency of the HE11 surface wave mode on a
dielectric rod,” IEEE Trans. Microw. Theory Tech., vol. 18, no. 12, pp.
1033–1041, Dec. 1970.

[27]

A. Snyder, “Surface mode coupling along a tapered dielectric rod,” IEEE
Trans. Antennas Propag., vol. 13, no. 5, pp. 821-322, Sep. 1965.

182

[28]

S. M. Hanham, T. S. Bird, A. D. Hellicar, and R. A. Minasian, “Evolvedprofile dielectric rod antennas,” IEEE Trans. Antennas Propag., vol. 59,
no. 4, pp. 1113-1122, Apr. 2011.

[29]

C. Kumar, V. V. Srinivasan, V. K. Lakshmeesha, and S. Pal, “Design of
short axial length high gain dielectric rod antenna,” IEEE Trans.
Antennas Propag., vol. 58, no. 12, pp. 4066-4069, Dec. 2010.

[30]

S. S. Attwood, “Surface-wave propagation over a coated plane conductor,”
J. Appl. Phys., vol. 22, no. 4, pp. 504-509, Apr. 1951.

[31]

F. E. Butterfield, “Dielectric sheet radiators,” IRE Trans. Antennas
Propag., vol. 2, no. 4, pp. 152–158, Oct. 1954.

[32]

C. W. Oseen, “Die einsteinsche nadelstichstrahlung und die maxwellshen
gleichungen,” Ann Phys., vol. 69, pp. 202, 1922.

[33]

T. T. Taylor, “A discussion of the maximum directivity of an antenna,”
Proc IRE, vol. 36, pp. 1135, 1948.

[34]

S. A. Schelkunoff, “A mathematical theory of linear arrays,” Bell System
Tech. Journal, vol. 22, pp. 80-87, Jan. 1943.

[35]

A. I. Uzkov, “An approach to the problem of optimum directive antennae
design,” Comptes Rendus (Doklady) de l’Academie des Sciences de
l’URSS, vol. 53, pp. 35–38, 1946.

[36]

E. E. Altshuler, T. H. O’Donnell, A. D. Yaghjian, and S. R. Best, “A
monopole superdirective array,” IEEE Trans. Antennas Propag., vol. 53,
no. 8, pp. 2653–2661, Aug. 2005.

[37]

L. Josefsson and P. Persson, Conformal Array Antenna Theory and
Design, Piscataway: IEEE Press, 2006.

[38]

H. Chireix, “Antennes à rayonnement zénithal réduit,” L’Onde Electrique,
vol. 15, pp. 440–456, 1936.

[39]

Y. Qian, W. Deal, N. Kaneda, and T. Itoh, “Microstrip-fed quasi-Yagi
antenna with broadband characteristics,” Electron. Lett., vol. 34, pp. 194–
2196, 1998.

[40]

G. Zheng, A. A. Kishk, A. W. Glisson, and A. B. Yakovlev, “Simpliﬁed
feed for modiﬁed printed Yagi antenna,” Electron. Lett., vol. 40, no. 8,
pp. 464–466, 2004.

183

[41]

J. Wu, Z. Zhao, Z. Nie, and Q. Liu, “Bandwidth enhancement of a planar
printed quasi-Yagi antenna with size reduction,” IEEE Trans. Antennas
Propag., vol. 62, no. 1, pp. 463–467, Jan. 2014.

[42]

X. Ding and B. Z. Wang, “A novel wideband antenna with reconﬁgurable
broadside and endﬁre patterns,” IEEE Antennas Wireless Propag. Lett.,
vol. 12, pp. 995–998, 2013.

[43]

Y. J. Cheng and Y. Fan, “Millimeter-wave miniaturized substrate
integrated multibeam antenna,” IEEE Trans. Antennas Propag., vol. 59,
no. 12, pp. 4840–4844, Dec. 2011.

[44]

M. E. Morote, B. Fuchs, J. F. Zürcher, and J. R. Mosig, “A printed
transition for matching improvement of SIW horn antennas,” IEEE Trans.
Antennas Propag., vol. 61, no. 4, pp. 1923–1930, 2013.

[45]

M. E. Morote, B. Fuchs, J. F. Zurcher, and J. R. Mosig, “Novel thin and
compact H-plane SIW horn antenna,” IEEE Trans. Antennas Propag., vol.
61, no. 6, pp. 2911-2920, Jun. 2013.

[46]

H. F. Hammad, Y. M. M. Antar, A. P. Freundorfer, and S. F. Mahmoud,
“Uni-planar CPW-fed slot launchers for efficient TM0 surface-wave
excitation”, IEEE Trans. Antennas Propag., vol. 51, no. 4, pp. 1234–1240,
Apr. 2003.

[47]

S. K. Podilchak, A. P. Freundorfer, and Y. M. M. Antar, “Surface-wave
launchers for beam steering and application to planar leaky-wave
antennas,” IEEE Trans. Antennas Propag., vol. 57, no. 2, pp. 355–363,
Feb. 2009.

[48]

N. G. Alexopoulos, P. B. Katehi, and D. B. Rutledge, “Substrate
optimization for integrated circuit antennas,” IEEE Trans. Microw.
Theory Tech., vol. 31, no. 7, pp. 550–557, Jul. 1983.

[49]

R. E. Collin, Field Theory of Guided Waves, New York: McGraw Hill,
1960.

[50]

E. H. Newman, J. H. Richmond, and C. H. Walter, “Superdirective
receiving arrays,” IEEE Trans. Antennas Propag., vol. 26, no. 5, pp. 629–
635, Sep. 1978.

[51]

R. P. Haviland, “Supergain antennas: possibilities and problems,” IEEE
Antennas Propag. Mag., vol. 37, no. 4, pp. 13–26, Aug. 1995.
184

[52]

A. D. Yaghjian, T. H. O’Donnell, E. E. Altshuler, and S. R. Best,
“Electrically small supergain endfire arrays,” Radio Sci., vol. 43, no. 3,
pp. 1-13, Jun. 2008.

[53]

M. R. Hamid, P. Gardner, P. S. Hall, and F. Ghanem, “Review of reconfigurable Vivaldi antennas,” in Proc. IEEE APS Int. Symp., Jul. 11–17,
2010, pp. 1–4.

[54]

F. Zhang, F. Zhang, G. Zhao, C. Lin, and Y. Jiao, “A loaded wideband
linearly tapered slot antenna with broad beamwidth,” IEEE Antennas
Wireless Propag. Lett., vol. 10, pp. 79–82, 2011.

[55]

X. Yin, Z. Su, W. Hong, and T. J. Cui, “An ultra wideband tapered slot
antenna,” in Proc. IEEE Antennas Propag. Soc. Int. Symp., Jul. 2005, pp.
516–519.

[56]

D. S. Woo, Y. G. Kim, K. W. Kim, and Y. K. Cho, “Design of quasi-Yagi
antennas using an ultra-wideband balun,” Microw. Opt. Technol. Lett.,
vol.50, no. 8, pp. 2068-2071, Aug. 2008.

[57]

K. Han, Y. Park, H. Choo and I. Park, “Broadband CPS-fed Yagi-Uda
antenna,” Electron. Lett., vol. 45, no. 24, Nov. 2009.

[58]

S. Hopfer, “The design of ridged waveguides,” IRE Trans. Microw.
Theory Tech., vol. 3, no. 5, pp. 20–29, Oct. 1955.

[59]

N. Marcuvitz, Waveguide Handbook. Stevenage, U.K.: Peregrinus, 1986.

[60]

F. Young and J. Hohmann, “Characteristics of ridge waveguides,” Appl.
Sci. Res. vol. 8, pp. 321-336, Apr. 1960.

[61]

S. B. Cohn, “Properties of ridged wave guide,” Proc. IRE, vol. 35, no. 8,
pp. 783–788, Aug. 1947.

[62]

P. B. Mital, “Broadband waveguide feed for parabolic reflectors,” Active
and Pasive Elec. Comp., vol 17, pp. 9-19, Jan. 1994.

[63]

Y. Utsumi, “Variational analysis of ridged waveguide modes,” IEEE
Trans. Microw. Theory Tech., vol. 33, no. 2, pp. 111–120, Feb. 1985.

[64]

W. Yi, E. Li, G. Guo, and R. Nie, “An X-band coaxial-to-rectangular
waveguide transition,” IEEE International Conference on Microwave
Technology and Computational Electromagnetics (ICMTCE) , pp. 129131, 2011.

185

[65]

Y. Zhou, E. Li, G. F. Guo, T. Yang, and L. S. Liu, “Design of millimetre
wave wideband transition from double-ridge waveguide to coaxial line,”
J. Infrared Millimeter THz Waves, vol. 32, no. 1, pp. 26–33, Jan. 2011.

[66]

Y. Tikhov, I. S. Song, J. H. Won, and J. P. Kim, “Compact broadband
transition from double-ridge waveguide to coaxial line,” Electron. Lett.,
vol. 39, no. 6, pp. 530–532, Mar. 2003.

[67]

C. Bruns, P. Leuchtmann, and R. Vahldieck, “Analysis and simulation of
a 1-18 GHz broadband double-ridged horn antenna,” IEEE Trans.
Electromagn. Compat., vol. 45, no. 1, pp. 55–60, Feb. 2003.

[68]

Z. Shen and C. Feng, “A new dual-polarized broadband horn antenna,”
IEEE Antennas Wireless Propag. Lett., vol. 4, pp. 270–273, 2005.

[69]

M. A. Morgan and T. A. Boyd, “A 10-100-GHz double-ridged horn
antenna and coax launcher,” IEEE Trans. Antennas Propag., vol. 63, no.
8, pp. 3417–3422, Aug. 2015.

[70]

A. R. Mallahzadeh and S. Esfandiarpour, “Wideband H–plane horn
antenna based on ridge substrate integrated waveguide (RSIW),” IEEE
Antenna Wireless Propag. Lett., vol. 11, pp. 85-88, 2012.

[71]

Y. Zhao, Z. Shen, and W. Wu, “Wideband and low-profile H-plane ridged
SIW horn antenna mounted on a large conducting plane,” IEEE Trans.
Antennas Propag., vol. 62, no. 11, pp. 5895-5900, Nov. 2014.

[72]

Y. Zhao, Z. Shen, and W. Wu, “Conformal SIW H-plane horn antenna on
a conducting cylinder,” IEEE Antenna Wireless Propag. Lett., vol. 14, pp.
1271-1274, 2015.

[73]

S. H. Kim, J. H. Choi, J. W. Baik, and Y. S. Kim, “CPW-fed log-periodic
dumb-bell slot antenna array,” Electron. Lett., vol. 42, no. 8, pp. 436–438,
Apr. 2006.

[74]

A. Roederer, “A log-periodic cavity-backed slot array,” IEEE Trans.
Antennas Propag., vol. 16, no. 6, pp. 756–758, Nov. 1968.

[75]

P. G. Ingerson and P. E. Mayes, “Log-periodic antennas with modulated
impedance feeders,” IEEE Trans. Antennas Propag., vol. 16, no. 6, pp.
633–642, Nov. 1968.

[76]

M. I. Dyakonov, “New type of electromagnetic wave propagating at an
interface,” Sov. Phys. JETP, vol. 67, no. 4, pp. 714-716, Apr. 1988.
186

[77]

D. Artigas and L. Torner, “Dyakonov surface waves in photonic
metamaterials,” Phys. Rev. Lett., vol. 94, no. 1, pp. 013901(1)–(4), Jan.
2005

[78]

S. Chen, Z. Shen, and W. Wu, “Analysis of Dyakonov surface waves
existing at the interface of an isotropic medium and a conductor-backed
uniaxial slab,” J. Opt. Soc. Am. A, vol. 31, no. 9, pp. 1923–1930, Sep.
2014.

[79]

D. M. Pozar, Microwave Engineering, 3rd ed. New York: Wiley, 2005.

[80]

S. H. Liu, C. H. Liang, W. Ding, L. Chen, and W. T. Pan,
“Electromagnetic wave propagation through a slab waveguide of
uniaxially anisotropic dispersive metamaterial,” Prog. Electromagnet.
Res., vol. 76, pp. 467-475, 2007.

[81]

R. D. Nevels and K. A. Michalski, “On the behavior of surface plasmons
at a metallo-dielectric interface,” J. Lightw. Technol., vol. 32, no. 19, pp.
3299-3305, Oct. 2014.

[82]

D. R. Smith and D. Schurig, “Electromagnetic wave propagation in media
with indefinite permittivity and permeability tensors,” Phys. Rev. Lett.,
vol. 90, no. 7, pp. 077405(1)–(4), Feb. 2003.

[83]

W. Yan, L. Shen, L. Ran, and J. A. Kong, “Surface modes at the interfaces
between isotropic media and indefinite media,” J. Opt. Soc. Am. A, vol.
24, no. 2, pp. 530–535, Feb. 2007.

[84]

A. Knoesen, T. K. Gaylord, and M. G. Moharam, “Hybrid guided modes
in uniaxial dielectric planar waveguides,” J. Lightw. Technol., vol. 6, no.
6, pp. 1083-1104, Mar. 1988.

[85]

T. A. Maldonado and T. K. Gaylord, “Hybrid guided modes in biaxial
planar waveguides,” J. Lightw. Technol., vol. 14, no. 3, pp. 486-499, Mar.
1996.

[86]

S. R. Seshadri and W. F. Pickard, “Surface waves on an anisotropic
plasma sheath,” IEEE Trans. Microw. Theory Tech., vol. 12, no. 5, pp.
529–541, Sep. 1964.

[87]

N. Engheta and P. Pelet, “Surface waves in chiral layers,” Opt. Lett., vol.
16, no. 10, pp. 723-725, May. 1991.

[88]

C. Rockstuhl and F. Lederer, “Intrinsic surface and bulk defected modes
187

in quasi-periodic photonic crystals,” J. Lightw. Technol., vol. 25, no. 9,
pp. 2299-2305, Sep. 2007.
[89]

K. C. Kelly and R. S. Elliott, “Serrated waveguide—Part II: Experiment,”
IRE Trans. Antennas Propag., vol. 5, no. 3, pp. 276–283, Jul. 1957.

[90]

T. F. Carberry, “Beam tilt-angle compensation for a rotatable flushmounted surface-wave antenna on an asymmetrical ground plane,” IEEE
Trans. Antennas Propag., vol. 16, no. 1, pp. 135–136, Jan. 1968.

[91]

R. Yang, Z. Lei, L. Chen, Z. Wang, and Y. Hao, “Surface wave
transformation lens antennas,” IEEE Trans. Antennas Propag., vol. 62,
no. 2, pp. 973–977, Feb. 2014.

[92]

B. T. Stephenson and C. H. Walter, “Endfire slot antennas,” IRE Trans.
Antennas Propag., vol. 3, no. 2, pp. 81-86, Apr. 1955.

[93]

J. W. Eberle, C. A. Levis, and D. McCoy, “The flared slot: A moderately
directive flush-mounted broad-band antenna,” IRE Trans. Antennas
Propag., vol. 8, no. 5, pp. 461-468, Sep. 1960.

[94]

D. Arceo and C. A. Balanis, “A compact Yagi-Uda antenna with
enhanced bandwidth,” IEEE Antennas Wireless Propag. Lett., vol. 10, pp.
442–445, 2011.

[95]

S. R. Best, E. E. Altshuler, A. D. Yaghjian, J. M. McGinthy, and T. H.
O’Donnell, “An impedance-matched 2-element superdirective array,”
IEEE Antennas Wireless Propag. Lett., vol. 7, pp. 302–305, 2008.

[96]

G. A. Thiele, E. P. Ekelman, Jr., and L. W. Henderson, “On the accuracy
of the transmission line model for folded dipole,” IEEE Trans. Antennas
Propag., vol. 28, no. 5, pp. 700–703, Sep. 1980.

[97]

S. Lim and H. Ling, “Design of a closely spaced, folded Yagi antenna,”
IEEE Antennas Wireless Propag. Lett., vol. 5, pp. 302–305, 2006.

[98]

S. Lim and H. Ling, “Design of a planar, closely spaced Yagi antenna,”
in Proc. IEEE APS Int. Symp., Honolulu, HI, Jun. 2007, pp. 5997–6000.

[99]

S. R. Best, “Improving the performance properties of a dipole element
closely spaced to a PEC ground plane,” IEEE Antennas Wireless Propag.
Lett., vol. 3, pp. 359–363, 2004.

188

[100] D. Arceo and C. A. Balanis, “A multiport impedance-matching feed
network for directional antennas,” IEEE Antennas Wireless Propag. Lett.,
vol. 11, pp. 1548–1551, 2012.
[101] C. Volmer, M. Sengul, J. Weber, R. Stephan, and M. A. Hein,
“Broadband decoupling and matching of a superdirective two-port
antenna array,” IEEE Antennas Wireless Propag. Lett., vol. 7, pp. 613–
616, 2008.
[102] J. M. Tranquilla and S. R. Best, “A study of the quadrifilar helix antenna
for global positioning system (GPS) applications,” IEEE Trans. Antennas
Propag., vol. 38, no. 10, pp. 1545–1550, Oct. 1990.
[103] H. Nakano, H. Oyanagi, and J. Yamauchi, “A wideband circularly
polarized conical beam from a two-arm spiral antenna excited in phase,”
IEEE Trans. Antennas Propag., vol. 59, no. 10, pp. 3518–3525, Oct. 2011.
[104] J. Huang, “Microstrip antenna developments at JPL,” IEEE Antennas
Propag. Mag., vol. 33, no. 3, pp. 33–41, Jun. 1991.
[105] Y. M. Pan, S. Y. Zheng, and B. J. Hu, “Wideband and low-profile
omnidirectional circularly polarized patch antenna,” IEEE Trans.
Antennas Propag., vol. 62, no. 8, pp. 4347–4351, Aug. 2014.
[106] J. W. Baik, K. J. Lee, W. S. Yoon, T. H. Lee, and Y. S. Kim, “Circularly
polarised printed crossed dipole antennas with broadband axial ratio,”
Electron. Lett., vol. 44, no. 13, pp. 785–786, Jun. 2008.
[107] H. Nakano, H. Takeda, T. Honma, H. Mimaki, and J. Yamauchi,
“Extremely low-profile helix radiating a circularly polarized wave,”
IEEE Trans. Antennas Propag., vol. 39, no. 6, pp. 754-757, June 1991.
[108] H. Nakano, H. Takada, T. Honma, H. Mimaki, and J. Yamauchi, “An
extremely low-profile helical array antenna,” IEEE AP-S Symp. Digests,
May 1990, pp.702-705.
[109] H. Nakano, H. Takeda, Y. Kitamura, H. Mimaki, and J. Yamauchi, “Lowprofile helical array antenna fed from a radial waveguide,” IEEE Trans.
Antennas Propag., vol. 40, no. 3, pp. 279-284, Mar. 1992.
[110] R. C. Fenwick, “A new class of electrically small antennas,” IEEE Trans.
Antennas Propag., vol. 13, no. 3, pp. 379–383, May 1965.

189

[111] J. Rashed and C. T. Tai, “A new class of resonant antennas,” IEEE Trans.
Antennas Propag., vol. 39, no. 9, pp. 1028–1031, Sep. 1991.
[112] S. R. Best, “On the performance properties of the Koch fractal and other
bent wire monopoles,” IEEE Trans. Antennas Propag., vol. 51, no. 6, pp.
1028–1031, Jue. 2003.
[113] M. G. Ibambe, Y. Letestu, and A. Sharaiha, “Compact printed quadriﬁlar
helical antenna,” Electron. Lett., vol. 43, no. 13, pp. 697–698, 2007.
[114] H. Nakano, N. Aso, N. Mizobe, and J. Yamauchi, “Low-profile
composite helical-spiral antenna for a circularly polarized tilted beam,”
IEEE Trans. Antennas Propag., vol. 59, no. 7, pp. 2710-2713, Jul. 2011.
[115] H. T. Hui, K. Y. Chan, and E. K. N. Yung, “The low-profile
hemispherical helical antenna with circular polarization radiation over a
wide angular range,” IEEE Trans. Antennas Propag., vol. 51, no. 6, pp.
1415–1418, Jun. 2003.
[116] H. T. Hui, E. K. N. Yung, C. L. Law, Y. S. Koh, and W. L. Koh, “Design
of a small and low-profile 2×2 hemispherical helical antenna array for
mobile satellite communications,” IEEE Trans. Antennas Propag., vol.
52, no. 1, pp. 346–348, Jan.. 2004.
[117] J. P. Casey and R. Bansal, “Square helical antenna with a dielectric core,”
IEEE Trans. Antennas Propag., vol. 30, no. 4, pp. 429–436, Nov. 1988.
[118] H. L. Knudsen, “Radiation field of a square, helical beam antenna,” J.
Appl. Phys., vol. 23, no. 4, pp. 483-491, Apr. 1952.
[119] S. A. Nauroze, “In-wafer helical antenna for automotive radars,” in Proc.
Eur. Conf. Antennas Propag. (EUCAP), Apr. 2013, pp. 2835–2838.
[120] N. Somjit and J. Oberhammer, “Three-dimensional micromachined
silicon-substrate integrated millimeter-wave helical antennas,” IET
Microw. Antennas Progag., vol. 7, no. 4, pp. 291-298, Jan. 2013.
[121] C. J. Wang, C. F. Jou, and S. T. Peng, “Small microstrip helical antenna,”
Asia Pacific Microw. Conf., Nov. 1999, pp. 367-370.
[122] B. T. Strojny and R. G. Rojas, “Bifilar helix GNSS antenna for unmanned
aerial vehicle applications,” IEEE Antenna Wireless Propag. Lett., vol.
13, pp. 1164-1167, 2014.

190

[123] C. Chua, S. Aditya, and Z. Shen, “Planar helix with straight-edge
connections in the presence of multilayer dielectric substrates,” IEEE
Trans. Electron Devices, vol. 57, no. 12, pp. 3451–3459, Dec. 2010.
[124] S. Aditya and R. K. Arora, “Guided waves on a planar helix,” IEEE Trans.
Microw. Theory Tech., vol. 27, no. 10, pp. 860–863, Oct. 1979.
[125] C. Zhao, S. Aditya, and C. Chua, “Connected pair of planar helices with
straight-edge connections for application in TWTs,” IEEE Trans.
Electron Devices, vol. 61, no. 6, pp. 1692–1698, Apr. 2014.
[126] C. F. Fu, Y. Y. Wei, W. X. Wang, and Y. B. Gong, “Dispersion
characteristics of a rectangular helix slow-wave structure,” IEEE Trans.
Electron Devices, vol. 55, no. 12, pp. 3582–3589, Dec. 2008.
[127] T. F. Huang, “Methodology of external dual-band printed helix design,”
in Proc. IEEE Antennas Propag. Soc. Int. Symp., Jul. 2005, pp. 458–461.
[128] H. Ma and H. Y. D. Yang, “Miniaturized integrated folded helical
antennas,” in Proc. IEEE Antennas Propag. Soc. Int. Symp., Jul. 2011, pp.
753–756.
[129] W. Hong, Y. Yamada, and N. Michishita, “Designing of a simple tap
structure for low profile small normal mode helical antenna,” in Proc.
IEEE Antennas Propag. Soc. Int. Symp., Jul. 2008, pp. 1–4.
[130] L. Xing, Y. Su, J. Ding, and C. Guo, “Investigation on modified planar
helical antenna,” in Proc. Int. Symp. on Signal, Systems and Electronics.,
Sep. 2010, pp. 1–4.
[131] D. Seo, Y. Yu, S. Jeon, and J. Choi, “An integrated two-wire helical
antenna for Bluetooth application,” in Proc. IEEE Antennas Propag. Soc.
Int. Symp., Jun. 2007, pp. 3552–3555.
[132] A. K. Rashid, Z. K. Tan, S. Aditya, and D. Lim, “A novel antenna based
on confined planar helix,” Int. Conf. Information, Communication and
Singal processing (ICICS), Dec. 2007, pp. 1-3.
[133] S. Aditya and R. P. Bhave, “A novel circularly polarized printed antenna,”
Int. Conf. Antennas Propag., Apr. 1993, pp. 536-539.
[134] Y. Zhang and T. Fukusako, “Design of circularly polarized low-profile
and slender antenna with a helical element,” IEEE Antennas Wireless
Propag. Lett., vol. 11, pp. 523–526, 2012.
191

[135] A. C. Kommalapati, A Rectangular Helix Microwave Structure for
Antenna Applications, Final Year Project: Nanyang Technological
University, 2014.
[136] A. C. Kommalapati, C. Zhao, and S. Aditya, “A printed planar helix
antenna,” in Proc. Eur. Conf. Antennas Propag. (EUCAP), Apr. 2015, pp.
1–4.
[137] S. Liu, L. Chen, and C. Liang, “Guided modes in a grounded slab
waveguide of uniaxially anisotropic left-handed material,” Microw. Opt.
Technol. Lett., vol. 49, no. 7, pp. 1644-1648, Jul. 2007.
[138] P. Baccarelli, P. Burghignoli, F. Frezza, A. Galli, P. Lampariello, G.
Lovat, and S. Paulotto, “Fundamental modal properties of surface waves
on metamaterial grounded slabs,” IEEE Trans. Microw. Theory Tech., vol.
53, no. 4, pp. 1431-1442, Apr. 2005.
[139] M. Olyphant, Jr., “Measuring anisotropy in microwave substrates,” in
IEEE MTT-S Int. Microw. Symp. Dig., 1979, pp. 91-94.
[140] E. A. J. Marcatili, “Dielectric rectangular waveguide and directional
coupler for integrated optics,” Bell Syst. Tech. J., vol. 48, no. 7, pp. 20712102, Mar. 1969.
[141] Z. Hu and Z. Shen, “Reconfigurable leaky-wave antenna based on
periodic water grating,” IEEE Antennas Wireless Propag. Lett., vol. 13,
pp. 134–137, 2014.
[142] M. Sato, Y. Konishi, and S. Urasaki, “A traveling-wave fed parallel plate
slot array antenna with inclined linear polarization at 60 GHz,” 10th Int.
Conf. Antennas Propagat. (ICAP), 1997, pp. 14-17.
[143] Y. J. Cheng, W. Hong, and K. Wu, “Millimeter-wave substrate integrated
waveguide multibeam antenna based on the parabolic reflector principle,”
IEEE Trans. Antennas Propag., vol. 56, no. 9, pp. 3055-3058, Sep. 2008.
[144] E. Alfonso and P. S. Kildal, “Parabolic cylindrical reflector antenna at 60
GHz with line feed in gap waveguide technology,” 7th Eur. Conf.
Antennas Propagat. (EuCAP), 2013, pp. 319–323.
[145] H. F. Hammad, Y. M. M. Antar, A. P. Freundorfer, and M. Sayer, “A new
dielectric grating antenna at millimeter wave frequency,” IEEE Trans.
Antennas Propag., vol. 52, no. 1, pp. 36–44, Jan. 2004.
192

[146] T. Tamir and S. T. Peng, “Analysis and design of grating couplers,” Appl.
Phys., vol. 14, no. 3, pp. 235–254, Feb. 1977.
[147] R. E. Collin, Foundations for Microwave Engineering, New York:
McGraw-Hill, 1966.
[148] P. Wang, G. Wen, H. Zhang, and Y. Sun, “A wideband conformal endfire antenna array mounted on large conducting cylinder,” IEEE Trans.
Antennas Propag., vol. 61, no. 9, pp. 4857–4861, Sep. 2013.
[149] Z. Hu, Z. Shen, W. Wu, and J. Lu, “Low-profile log-periodic monopole
array,” IEEE Trans. Antennas Propag., vol. 63, no. 12, pp. 5484–5491,
Dec. 2015.
[150] Z. Chen and Z. Shen, “Wideband ﬂush-mounted surface wave antenna of
very low proﬁle,” IEEE Trans. Antennas Propag., vol. 63, no. 6, pp.
2430–2438, Jun. 2015.
[151] Q. Li and Z. Shen, “Inverted microstrip-fed cavity-backed slot antennas,”
IEEE Antennas Wireless Propag. Lett., vol. 1, pp. 98-101, 2002.
[152] J. Hirokawa, H. Arai, and N. Goto, “Cavity-backed wide slot antenna,”
Proc. Inst. Elect. Eng., vol. 136, pp. 29–33, Feb. 1989.
[153] Z. Chen, and Z. Shen, “A compact cavity-backed endfire slot antenna,”
IEEE Antennas Wireless Propag. Lett., vol. 13, pp. 281–284, 2014.
[154] D. Deslandes and K. Wu, “Accurate modeling, wave mechanisms, and
design considerations of a substrate integrated waveguide,” IEEE Trans.
Microw. Theory Tech., vol. 54, no. 6, pp. 2516-2526, Jun. 2006.
[155] L. C. Kuo and H. R. Chuang, “A study of printed dipole antennas for
wireless communication applications,” J. Electromagn. Waves Appl., vol.
21, no. 5, pp. 637–652, Jan. 2007.
[156] K. G. Thomas and G. Praveen, “A novel wideband circularly polarized
printed antenna,” IEEE Trans. Antennas Propag., vol. 60, no. 12, pp.
5564–5570, Dec. 2012.

193

