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Abstract

In recent years, the market of consumer electronics has witnessed a growing demand

for portable devices with high-fidelity audio playback functionality. For battery-powered

devices like smart phones, smart watches and tablets, their form factor as well as weight

keep on shrinking to enable the good portability required by the customers. As a result,

the board space left for the battery is likely to be further reduced. On the other hand,

more functional blocks are expected to be integrated into the system which will deplete the

battery even more quickly. Therefore, low quiescent power and high power efficiency have

become key performance metrics for audio amplifiers designed for portable applications.

Switched mode amplifiers such as class D amplifier have been quite popular in the

market of audio amplifiers. Its switching nature minimizes the conduction loss of the output

stage and hence high power efficiency is achieved. However, it is generally considered inferior

in linearity as compared to its linear amplifier counterparts. More importantly, the switching

noise generated at the output stage will cause electromagnetic interference (EMI) problems

which may affect the performance of other Radio Frequency (RF) blocks. Besides, its output

filter is comprised of huge inductor and capacitor which increases the implementation cost.

Therefore, this research project focuses on the development of high linearity, high efficiency

linear amplifiers for audio applications.

In order to enhance the power efficiency of a typical linear amplifier, e.g. class AB

amplifier, emphasis should be drawn on the conduction losses at the output stage. The

supply voltage is usually determined based on the requirement of the output voltage swing.

However, when the output swing becomes small, there will be substantial amount of volt-

age drops across the power transistors which ultimately leads to conduction losses. As a

straightforward solution, class G amplifier which uses two different supply rails for the out-

put stage is proposed. However, the power efficiency is still low once the higher supply rail is

selected. To further optimize the power efficiency, we proposed a novel class H architecture
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which operates with only single-rail supply. The supply to the output stage is designed

to be adaptive to the instant input signal level so that the voltage drop across the power

transistor is kept constant. Therefore, compared with other linear amplifier architectures

(class B/AB/G), the proposed design features much better overall power efficiency.

An existing issue with the above-mentioned adaptive-supply amplifiers is the additional

distortions that occur during mode switching. For class G topology when the switching

threshold is reached, the supply voltage sees step changes during the low to high transitions.

These abrupt changes tend to add distortions to the outputs of the amplifier. Therefore,

for conventional adaptive-supply amplifiers, there is a sudden burst in the Total Harmonic

Distortion (THD) when the high supply starts operating. In this research, we proposed a

common-mode modulation (CMM) scheme to resolve this problem. Instead of changing the

system configuration upon the triggering of mode switching, the amplitude information of

the input signal is extracted and embedded into the common-mode (CM) voltage of the

output. As the CM voltage cancels out at the output stage, this scheme yield a much

more smooth transition during mode switching, and no additional distortion is added to the

output signal.

To validate the proposed amplifier architecture, a prototype of the design was fabricated

in the 0.18-µm CMOS process. Measurement results show that the proposed amplifier

achieves 80.4% peak power efficiency which is the highest among all linear amplifiers in the

literature. In the intermediate output power range it demonstrates more than 25% higher

power efficiency as compared to class AB and class G amplifiers. It also achieves a lowest

THD+N value of -80.5 dB and no degradation on THD+N performance is observed during

mode transition. Thus, the high linearity is preserved for the entire load range. Its quiescent

power consumed by the whole system is 3.52 mW which is also significantly lower than the

benchmark class H amplifier design due to the reduced circuit complexity.



Nomenclature

ADC Analog-to-Digital Converter

Audio CODEC Audio coder/decoders, which are a type of audio data converters that encode

analog audio as digital signals and decode digital audio back into analog

BTL Bridge-Tied-Load

CCM Continuous Conduction Mode

CM Common Mode

CMC Current-Mode Control

CMFB Common Mode Feedback

COT Constant ON-Time

DCM Discontinuous Conduction Mode

DDA Differential Difference Amplifier

DR Dynamic Range

DSP Digital Signal Processing

EA Error Amplifier

EMI Electromagnetic Interference

iv
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EPP End-Point Prediction

ESR Equivalent Series Resistance

FCCM Forced Continuous Conduction Mode

FLL Frequency-Locked Loop

GBW Gain Bandwidth Product

GM Gain Margin

GSM Global System for Mobile communication

IAD Input Amplitude Detection

LDO Low Dropout Voltage Regulator

LHP Left-Half Plane

MC Miller Compensation

MIM Metal Insulator Metal

MOSFET Metal Oxide Semiconductor Field Effect Transistor

NMC Nested Miller Compensation

NMCNR Nested Miller Compensation with Nulling Resistor

PAR Peak-to-Average Ratio

PFM Pulse-Frequency Modulation

PGA Programmable Gain Amplifier

PM Phase Margin

PSRR Power Supply Rejection Ratio
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PWM Pulse-Width Modulation

RHP Right-Half Plane

RMS Root Mean Square

SMPS Switch Mode Power Supply

SMPS Switching Mode Power Supply

SNR Signal-to-Noise Ratio

SPL Sound Pressure Level

TDMA Time-division Multiple Access

THD+N Total Harmonic Distortion Plus Noise Ratio

VMC Voltage-Mode Control

ZCD Zero-Current Detection
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Chapter 1

Introduction

1.1 Background and Motivation

In recent years, there is a growing demand on the battery-powered electronic devices.

These devices are ubiquitous in our daily life which cover people’s needs for communication,

data acquisition, entertainment, health monitoring and so forth. Audio processing unit,

as one of those building blocks mounted on the battery-powered platform, is also going

through evolutions form generation to generation. The requirements for audio unit has

changed dramatically from basic requirements like two-way voice communication to more

advanced functions like hi-fidelity music playback and stereo game sounds [1].

Audio power amplifier is a indispensable component in the audio processing unit. It

amplifies the analog electronic signals within the audio frequency band (20 Hz to 20 kHz) and

provides sufficient current to drive the external speaker or headphone. Although it seems

that the design of audio amplifier has matured for several decades, new design challenges

emerge for audio amplifier used in battery-powered systems [2, 3]. In a typical on-chip

audio function unit, the audio signals are first processed in the digital domain. After going

through filters and high precision digital-to-analog converters (DACs), they are eventually

1
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fed into the audio amplifier as input signals. As the last stage from the digital audio input

to the analog output, the linearity performance of the headphone amplifier determines the

signal fidelity of this audio system. An important performance metric is the total harmonic

distortion plus noise ratio (THD+N). It measures how much distortion and noise has been

added to the amplified signal with respect to the original input. As mentioned previously,

in order to alleviate the stringent power budget and achieve longer audio playback time,

low quiescent power and high power efficiency are definitely desired for the audio amplifier.

The power efficiency is defined as the ratio of useful power delivered to the headphone

load compared to the power consumed from the battery. Another critical factor that the

circuit designer has to consider is the amplifier’s ability to suppress noise coming from the

supply rail. Different from a stand-alone audio device like a MP3 player, a cellular phone

is indeed a noisy environment for the audio amplifier. For instance, in a GSM system, the

RF power amplifier switches periodically at a constant frequency of 217 Hz to transmit

the TDMA bursts [4]. As different functional blocks are placed in close proximity for a

compact board design, it is very likely that the power supply of the amplifier contains noise

within the audio signal band. The third challenge is on the circuits’ ability to reject supply

noise, which is usually quantified by the power supply rejection ratio (PSRR). Last but not

least, implementation cost is also a determining factor as eventually the design will be in

production and the cost of it has to be competitive when compared to those already existed

commercial products.

In summary, the above analysis generally delineates the requirements for the audio

amplifier designed for a battery-powered system. An idealized solution should feature high

linearity (very low THD+N ratio), low quiescent power, high power efficiency, high im-

munity to supply disturbances (high in-band PSRR) and low system complexity with less

implementation cost at the same time.
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The audio amplifiers available in the market can roughly be classified into two cat-

egories: the switched mode amplifier (class D-based) and the linear amplifier (class AB-

based). This classification is based on the output stage topology. The power transistors in

a class D amplifier are operated as switches connecting to either the supply or the ground.

A train of square pulses are generated by modulation schemes which are similar to those

used in the switch mode power supply (SMPS). The fundamental frequency component of

the pulsating signal which is essentially the amplified signal can be recovered with the out-

put filter. The most prominent advantage resulting from this switched nature is the high

power efficiency. Ideally the energy is stored and transferred with passive components like

inductor and capacitor, therefore the theoretical power efficiency can be 100%. Even with

non-ideality like power transistor on-resistance and switching losses, its power efficiency can

still exceed 85% easily. However, class D amplifiers are generally considered inferior to their

linear amplifier counterparts in terms of linearity and power supply noise rejection, which

is mainly due to the switching activities associated with the output stage. In some recent

class D amplifier designs [5–7], with the help of high-order loop filters, very good THD+N

(≤0.02%) and PSRR performance (≥90 dB) are achieved.

However, to recover the original signal modulated with the high-frequency pulses, a

bulky LC tank is needed at the output stage of a class D topology. The inductor used in a

class D amplifier is usually large in value(>10µH) and expensive [8]. As a result, the cost of

class D amplifier is generally higher than linear amplifiers. Recently, some research works

have been conducted on the filter-less class D topology where the LC filter is no longer

needed [9–11]. However, such topology has many limitations on the speaker itself in the

sense that the power amplifier must be in close proximity to the speaker. Secondly, the

considerations on EMI (Electromagnetic Interference) issues further restrict the application

of a class D amplifier. As the board space is premium, the designers are more motivated

to eliminate the enclosure or shielding which are used to suppress adverse effect of EMI

and switching noise [12]. As a consequence, a trade-off exists between the high fidelity
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Figure 1.1: Comparison between a switched mode (class D) amplifier and a linear
mode (class AB) amplifier

performance and low implementation cost for a class D amplifier. Thus, the linearity of

class D amplifier is arguably comparable to its linear counterparts. Despite the high power

efficiency of a class D amplifier, its intrinsic drawbacks make it generally not suitable for

audio amplifier used in a battery-powered system. Therefore, the rest of this thesis will be

focusing on the analysis and design of linear mode audio power amplifiers.

Fig 1.1 compares the different operation principle of a switched mode amplifier and a

linear mode amplifier. Unlike switched mode amplifier where the gate control signals are

pulsating, the gate of output stage transistors in a linear mode amplifier are controlled by

analog signals from the preceding stages. Thus, the power transistors can still be viewed as

voltage-controlled current sources instead of power switches. This ensures separation from

the output terminal to the power supply. As a result, linear amplifier exhibits inherently

better capability of supply noise rejection compared to switched amplifiers. As the name

implies, linear amplifiers adopt continuous-time linear topology at the output stage, thus

all transistors including the power transistors should be biased at the correct operation

region. The Metal Oxide Semiconductor Field Effect Transistor (MOSFET), which is the

most widely-used semiconductor device in the present-day technology, requires a certain

amount of voltage across its drain and source terminals in order to operate in the saturation

region. These headroom voltages, however, contribute to conduction losses and reduce the

power efficiency. As compared to the switched amplifier, it is evident that the overall power
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efficiency of a linear power amplifier will become lower.

Class AB output stage is dominating in the selection of linear amplifier topology due to

the minimization of crossover distortion as compared to class B topology and better efficiency

as compared to class A topology. In view of the evolution of class AB amplifiers [4, 13–21],

optimizations have been done in terms of frequency compensation, quiescent current control,

reducing minimum operating voltage, enhancing PSRR and signal to noise ratio (SNR).

Serval designs have been dedicated for audio amplifiers in battery-powered system [4,19–21].

The state-of-the-art design on class AB audio amplifier [4] has achieved THD+N of -95

dB, 120 dB PSRR and dynamic range (DR) of 111 dB. However, for all class AB audio

amplifiers, one issue that cannot be circumvented is the low power efficiency. As much

power is dissipated as heat at the output stage, the peak load power is limited otherwise

heat sinks will be needed to alleviate the overheating problem. Among all those class AB

candidates targeting for portable devices in the literature, the peak load power is capped

up to 93.8 mW [20], which narrows its area of application as an audio power amplifier.

The basic concept for improving power efficiency of class AB amplifier is to minimize

the conduction loss on power transistors. In other words, the culprit to low power efficiency

is that the supply voltage to the output stage is unnecessarily high for amplifying an input

signal with relatively small amplitude. Thus, if the supply voltage can be adjusted according

to the input signal amplitude, the power efficiency can be much improved. This gives the

motivation of designing an adaptive-supply power amplifier, in which the supply of the

output stage is adjustable rather than fixed. Such kind of amplifiers are usually called the

adaptive-supply power amplifiers, two examples of this concept are named as the class G

and class H amplifiers. A class G amplifier senses the input signal amplitude and selects

the proper supply voltages accordingly, the lower supply voltage reduces the conduction loss

and improves the efficiency. However, once the triggering point is activated and the high

supply voltage is selected, its advantage on efficiency over class AB topology diminishes.

Therefore, the improvement on efficiency of class G amplifier is still marginal. In view
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of the above analysis, it is highly desired to have a power amplifier that combines the

advantages of a class AB and a class D amplifier. Reference [22] proposed a supply-tracking

audio amplifier where a dc-dc converter is modulated to generate a variable supply voltage

that keeps the power transistor headroom constant. The authors named their proposed

amplifier as ’class I’, however, the concept of their work is is similar to the concept of a

class H amplifier. Therefore, to avoid confusion on the naming, in the rest of this thesis the

naming of such topologies will be unified as class H amplifiers. In the benchmark design,

the circuit configuration is changed constantly depending on the instant signal amplitude.

Therefore its linearity is jeopardized during large signal swing. As a result, the THD+N for

supply-tracking mode is only 0.06%. This gives the research motivation of designing a novel

architecture for such supply-tracking amplifier with better linearity performance.

1.2 Objectives

The main objective of this Ph.D. thesis focuses on the design and implementation of

a class H adaptive-supply amplifier dedicated for audio applications in a battery-powered

system. More specific objectives are listed as below:

(i) To analyze the design considerations of a supply-tracking power amplifier targeted

for audio applications. To have an investigation on the design tradeoffs among key

performance metrics with emphasis on linearity performance and power efficiency, and

hence to provide guidelines for design and implementation of a class H adaptive supply

audio amplifier as in objective (ii).

(ii) To propose a novel class H amplifier architecture operated with only single-rail power

supply which should inherit the good linearity performance of a class AB amplifier

and exhibit comparable power efficiency compared to a class D amplifier. This archi-

tecture should not introduce additional distortion during transitions between different

operation modes which is the major drawback of the state-of-the-art design.
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(iii) To propose an improved control algorithm for the SMPS unit which should maximize

the power conversion efficiency especially for light load condition.

(iv) To implement a prototype of the proposed architecture as in (ii) which includes design

and simulation with computer aided design (CAD) tools and silicon realization with

a standard CMOS technology. On the basis of lab bench testing results, to compare

the performance of the chip with benchmark design as well as other topologies in the

literature, and hence validate the superiority of the proposed architecture.

1.3 Contributions

In the market for linear audio amplifier with adaptive supplies, based on the author’s

survey, the class G topology still dominates. This is mainly due to the lack of competence

among the class H products. The major drawback is still the poor linearity issue, thus

making them less qualified for audio amplification. This thesis aims to provide an optimal

solution in terms of linearity, power efficiency and cost. The contributions that the author

has made are listed below:

(i) On the basis of audio signal characterization, an investigation was conducted on the

performance comparison among different linear amplifier topologies, the power effi-

ciency of class G and class H amplifiers were derived and compared to conventional

class AB amplifier.

(ii) More specifically, an investigation was conducted on the analysis of class H ampli-

fier with single-rail power supply. The relationship between overall power efficiency

and several design parameters including minimum operating supply voltage, power

transistor headroom and supply noise rejection were studied.

(iii) A novel class H topology with common-mode modulation (CMM) scheme was pro-

posed and analyzed. The new architecture is able to work with only single-rail power
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supply hence eliminates the need for generation of negative supply. More important-

ly, the proposed structure achieves a smoother transition between different modes

without any increase in distortion.

(iv) A buck dc-dc converter was developed with focus on the reference-tracking capability.

The converter is able to track an audio band reference signal pertaining to the infor-

mation of input signal amplitude. Multi-mode control scheme as well as zero current

detection function were also implemented for an optimized conversion efficiency.

(v) A prototype of the proposed design was fabricated with the AMS 0.18-µm CMOS

process. The experimental results show that the chip achieves a peak power efficiency

of 80.4% while is able to deliver a peak out power of 526 mW to a 16 Ω resistive

load. The peak THD+N ratio measured is 0.01%(-80 dB) at input frequency of 20

kHz. The whole system consumes a quiescent power of 3.52 mW under a 3.3 V supply.

The proposed design achieves the best efficiency performance among all linear power

amplifiers and much better linearity performance compared to the state-of-the-art

class H amplifier design to-date at the writing of this thesis.

1.4 Organization

The organization of subsequent chapters of the thesis are delineated as follows:

In Chapter 2, a comprehensive literature survey on linear audio amplifier is shown. It

includes the basic characterization of audio electronic signals, evolution of class AB output

stage and the developing trend towards linear amplifiers with adaptive supplies.

In Chapter 3, more specific analysis are provided for both the class G and H adaptive

supply amplifiers. This includes the derivation of power efficiency, selection between single-

rail operation or dual-rail operation and current design challenges.

In Chapter 4, the proposed class H amplifier architecture is illustrated and several
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design considerations for performance optimization is discussed.

In Chapter 5, the circuit-level implementation of the class H amplifier is shown, which

consists of three blocks, the input amplitude detection (IAD) block, the fully-differential

class AB amplifier and the reference-tracking buck converter.

In Chapter 6, the experimental results based on the silicon chips are presented. The

data are collected and compared with previous designs on linear power amplifier from both

academic papers and commercial products

In Chapter 7, conclusions are drawn and suggestions for future works are proposed.



Chapter 2

Literature Review on Linear Audio

Amplifiers

2.1 Introduction to Audio Systems on Portable De-

vices

The market for portable electronic devices has experienced a rapid development in the

past decade. High quality audio playback is one of the functionalities that companies have

been seeking to optimize user experience. As a result, the target applications for most of

the audio amplifier designs have shifted toward portable devices recently. Fig 2.1 depicts

the system-level block diagram of an audio codec together with a digital signal processing

(DSP) core which is a typical integrated audio solution for handheld devices. As digital

representations of audio signals are ubiquitous in modern consumer electronics, audio codec

serves a very important role in the interface and communication between the digital core and

the real analog world [23,24]. The audio CODEC consists of two separate signal processing

chains. The encoder path provides the interface between the recorded audio signal and the

10
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Figure 2.1: System-level block diagram of an audio CODEC

DSP core, since the sensed analog audio input signal is relatively small in amplitude (around

the level of a few mV), a pre-amplifier stage is hence required to amplify the signal to the

line level. In the opposite direction, the recorded or processed signals from the DSP core

will be converted into analog domain by high-precision analog-to-digital converters (ADC).

In the next stage, these converted analog signals will be amplified by the programmable

gain amplifiers (PGAs) for volume control purposes. In real applications, the intermediate

stage will be more complicated compared to the illustration in the figure, which may include

other features such as equalization for adjusting the bass and treble, the tone controllers as

well as fixer for additional electronic effects. Finally after going through all those functional

blocks, the processed analog signals are to be amplified by the power amplifiers to drive the

external headphones or loudspeakers.

As can be observed from the Fig 2.1, the power amplifier acts as the last stage in

the signal processing chain for an audio CODEC. The voltage gain required at this stage is

usually not large due to the preamplifier stages. However, in order to drive the small resistive

load of the headphone substantial current gain is needed at the power amplifier stage. As a
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result, the current driving capability of the power amplifier must be strong enough to meet

the output swing specifications. Hence, not only linearity but also high power efficiency is

definitely desired for a good power amplifier.

2.2 Audio Signal Characterization

Generally speaking, audio signal is the representation of the sound in the nature. When

being processed in electronic circuits, it is represented typically as electrical voltage levels in

a continuous manner. The properties of audio signals is widely studied, in the remaining sec-

tions, its property in terms of power level, frequency distribution and amplitude distribution

will be introduced respectively.

2.2.1 Audio Signal Power Level

It is useful to introduce the terminology Dynamic Range (DR) [25] when dealing with

the power level of audio systems. The DR of a system is defined as the ratio between the

maximum power level the system can withstand and the power level of the system’s noise

floor. The power level of the sound can be quantified by a parameter called Sound Pressure

Level (SPL). For example, the human hearing system has a threshold SPL of 2× 10−5

Pascals (Pa) for middle band frequencies, and could bear a maximum pressure level of up to

200 Pa before any damage occurs, which yields a dynamic range of 140 dB [25]. For human

hearing system, 0 dB SPL is defined as the hearing threshold 2× 10−5 Pascals (Pa). Table

2.1 listed several situations of sound levels and the corresponding power rating requirements

on the power amplifiers used.
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Table 2.1: Amplifier power needed for different sound pressure levels

SPL [dB] Sound Pressure
Level (SPL) is
equivalent to:

Power in LS for
that SPL @ dis-
tance from LS

Necessary amplifier
power rating

50 Low level back-
ground music at
1m

100mW @ 1m 1.5mW

60 Normal speech at
1m

1mW @ 1m 15mW

80 Orchestra in con-
cert hall

1W @ 3m 15W

110 Rock band 2kW @ 4.5m 30kW

2.2.2 Audio Signal Frequency Distribution

Frequency is an important characteristic of the audio signal, it is related to the vibration

frequency of the audio signal source. From a human’s perspective, the difference in frequency

simply reflects the pitch of the tone. The hearing range defines the range of frequencies

that can be heard by humans, which is normally given as 20 Hz to 20 kHz. Although

20 kHz is set as the upper bound of the hearing range, most people are not able to hear

signals with such high pitches. Some high frequency harmonics around 10 kHz are mainly

harmonics or overblows of some music instruments such as violin and piccolo. Such high

frequency harmonics are harsh and unpleasant for a good hearing experience, this is to say

that although the hearing range is quite wide, the focus for audio signals especially voice

and music playbacks should be on the low and medium frequency range.

A previous report shows a study on the frequency distribution of audio signals [26]. In

order to make the test more realistic, 80 music fragments were selected from various types of

CDs which includes classical music, rock music, pop music, human speech signals an so forth.

The frequency distribution of the selected music fragments are plotted as in Fig 2.2. The

Fast Fourier Transform (FFT) was conducted to analyze the frequency distribution of those

samples. The FFT analysis gives the power of different frequency harmonics in a certain

fragment. The plotted data shows the integration of power normalized to total signal power
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Figure 2.2: Accumulated power normalized to total signal power over frequency plot
for various music fragments

across the frequency band. It can be inferred from the graph that for most of the samples,

the accumulated normalized power ratio reaches 0.6 at 1 kHz and a substantial portion can

even be higher than 0.8. Therefore, the averaged curve of frequency distribution is close to

a S-shaped curve where the incremental power is large for low to medium frequency (50 Hz

to 1 kHz) and gradually saturated for higher frequency (>1 kHz). The different emphasis

on different fragments are due to the various music style. In summary, the investigation on

audio signal frequency distribution reveals the fact that despite the wide range of audible

frequency band, most of the signal power falls within a narrower range from 50 Hz to 3 kHz.

2.2.3 Audio Signal Amplitude Distribution

A sinusoidal wave is usually used for testing of the audio amplifier, however, the am-

plitude of real audio signals is constantly changing and has very large variations from time

to time. To have a better view of the amplitude distribution of a signal, a parameter named

Peak-to-Average Ratio (PAR) is introduced to see how fluctuating the signal is. As the
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Figure 2.3: PAR distribution for all music fragments

name implies, it is defined as the ratio of the signal’s peak amplitude over its Root Mean

Square (RMS) value across time and it can be expressed in the equation below.

PAR = 20 · log10(
V peak

V RMS
) (2.1)

The PAR is also referred as the crest factor in audio engineering, for a sine wave input

its PAR value can be calculated as 3 dB. However, things are much different for real audio

signals like music. According to the audio signal characterization in previous works [26,27],

the PAR distribution for 80 music fragments is shown in the histogram in Fig 2.3. As can

be seen from the figure, the value of PAR for most of the samples fall within the range of 12

dB to 18 dB, even the minimum value is still larger than 8 dB. The averaged PAR of all the

fragments is 15 dB, this gives a totally different view on how the audio signal characterize

the difference between its peak power level and its average power level can be very large.

Therefore, it is more practical and meaningful to consider the effect of PAR when calculating

the power efficiency of an audio amplifier. The results with purely sinusoidal wave may not

be solid when subject to real audio applications.
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2.3 Performance Metrics of Audio Power Amplifier

2.3.1 Total Harmonic Distortion Plus Noise Ratio

The Total Harmonic Distortion Plus Noise ratio (THD+N) is a commonly-used param-

eter that measures the linearity performance of a amplifier. It is defined as the ratio of the

power of the fundamental frequency component to the power of all the in-band harmonics

plus the noise power, which can be expressed as in the formula below.

THD +N =

√
V 22 + V 32 + V 42 + . . .+Noise2

V 1
(2.2)

In the ideal case, the amplifier should not output any additional harmonics other than

the amplified fundamental frequency component. With all the non-ideality, the THD+N is

a straightforward measurement of the purity of the output sine wave with respect to the

single-tone input signal. In audio applications, a smaller THD+N ratio is always desired to

preserve high fidelity of the input signals. For linear audio amplifiers, it is easy to obtain a

THD value of less than 0.1% (-60 dB). However, to further reduce the distortion and noise

effects to the level of beyond 0.01% (-80 dB), extra attention has to be paid to every detail

of the chip design process including component matching in layout and PCB routing. In the

literature, the class AB-based linear audio amplifier designed by Mediatek [28] achieves a

lowest THD+N ratio of 0.0017%(-95 dB) and hence sets the benchmark for ultra high-fidelity

audio amplifier.

2.3.2 Signal-to-Noise Ratio and Dynamic Range

The Signal-to-Noise Ratio (SNR) and Dynamic Range (DR) are used to measure the

level of desired signal compared to the background noise level. It is usually considered that

these two terms are interchangeable for they are describing the same property of the system.
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However, a closer look reveals that these two parameters still have some difference. DR by

definition is the difference in level between the highest peak output signal where just before

waveform clipping occurs and the highest spectral component of the noise floor. The highest

peak output signal for a linear amplifier is usually defined as the point at which the THD

value increases to 1%. While for SNR measurement, the signal level can be arbitrary and

does not have to be at the maximum possible level. A high DR does not guarantee good

SNR since it is also determined by how the amplifier is being operated. The A-weighted DR

is a commonly-used parameter for comparison, it is quite normal to achieve a value of more

than 80 dB for modern audio amplifiers.

2.3.3 Power Supply Rejection Ratio

Power Supply Rejection Ratio (PSRR) is used to measure the circuit’s immunity to

disturbance from the power supply. It is defined as the ratio of the signal gain when the

supply is ac grounded and the supply noise gain when the input is ac grounded. The

expression is shown in the following formula.

PSRR =
Aid(vsup = 0)

Asup(vid = 0)
(2.3)

PSRR is becoming a critical specification in audio products for mobile devices. For

conventional stand-alone audio amplifiers, the power supplies are normally pre-regulated

and clean, thus the supply noise is no big issue. However, for audio amplifiers used on mobile

devices, the cellular phone environment can no longer be considered as quite. The battery

itself is not a clean power source, besides various Radio Frequency (RF) functional blocks

which operate with high and periodical frequencies will make the supply to the amplifier

even more noisy. For instance, the RF power amplifier switches on and off constantly at a

frequency of 217 Hz to transmit TDMA bursts in a GSM system, which generates voltage

droops and spikes at a low frequency rate. Therefore, requirement for high PSRR is prevalent



CHAPTER 2. LITERATURE REVIEW ON LINEAR AUDIO AMPLIFIERS 18

in today’s audio amplifier design. A PSRR of at least (60 dB) is desired for the whole audio

frequency band.

2.3.4 Power Efficiency and Maximum Output Power

The power efficiency of a audio amplifier is defined as the total power delivered to the

load over the total power acquired from the power source. Generally it can be expressed as

η =
P load

PDC
(2.4)

The numerator is the RMS power that is delivered to the headphone load, and the DC power

in the denominator includes all kinds of losses dissipated within the system. For a linear type

amplifier, the power efficiency increases when the output power becomes larger. However,

there is a maximum output power for each circuits. As the output power increases, the

output voltage swing increases correspondingly. As a result, the headroom voltages for the

power transistors are gradually squeezed. The linearity of the amplifier will be jeopardized

with the reduced headroom voltage and finally there will be a surge in the value of THD+N

ratio. The maximum output power is defined as the maximum power the amplifier is capable

to output to the load before the output signal THD+N ratio increases to above 1% (-40 dB).

The 1% criterion is widely adopted among the commercial products. When THD+N exceeds

1% there will be significant amount of distortion which can be heard by human ear, therefore

the amplifier is considered no longer capable for audio amplification.
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2.4 Linear Amplifier Output Stage Topologies

2.4.1 Class A and Class B Output Stages

The simplified configuration of a class A output stage is depicted in Fig 2.4 on the left.

The most distinct portion of the class A amplifier is the constant current source used to bias

the output transistor. The output transistor will be conducting the entire cycle (360°) to

amplify a periodical input signal. The good thing is that the signal is amplified by the same

device at any time, there is no distortion due to the handover process between two devices.

Therefore class A is generally considered to have the best linearity performance. Despite

its excellent linearity performance, it also exhibits defects that limit its application. The

circuit in the figure has a limited current sourcing capability and an unlimited current sinking

capability (the power transistor). In order to match the current source and sink required

by an audio power amplifier, the current source should be designed very large. Therefore

a huge quiescent current will flow through the output stage even when it is producing zero

output. This results in very low power efficiency and enormous amounts of wasted power,

these power ultimately transfer to heat and hence bulky heat sinks are needed for reliability

concern.

Figure 2.4: Simplified circuit configuration for class A (left) and class B (right) output
stages
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Class B amplifier make use of two complementary power transistors to deliver current

to the load, the schematic of which is shown on the right of Fig 2.4. The common-drain

structure used here is to increase the output stage driving capability. Instead of making one

transistor conducting the whole cycle, power transistors in class B output stage are supposed

to conduct for only half the cycle (180°). Each power transistor will only source/sink current

when it is needed by the load. Hence, the quiescent current as well as wasted power is

significantly reduced. Since the two power transistors are working towards the same direction

as indicated by the input signal, the class B output stage is also referred as the push-pull

structure. However, this complementary conducting scheme give rise to additional distortion

which is called the crossover distortion. Ideally the two signal paths should have a seamless

transition from one to the other as both of them are conducting for half a cycle. However, this

is never the case as transistor behaves in an analog manner that it needs certain threshold

voltage to turn on. Hence there be a blind region when both power transistors are considered

not conducting and the input signal is missed. In summary, class A and B type output stages

are the most basic topologies proposed in the early days for power amplifier. Due to their

intrinsic defects in terms of efficiency and distortion, they are obsolete and replaced by the

class AB topology.

2.4.2 Class AB Output Stage

Class AB output stage is proposed to combine the advantages of a class A and a class

B output stages. As mentioned before, class B topology is more power efficient but suffering

from the crossover distortion problem. Therefore, the concept of class AB mainly focuses

on eliminating the distortion caused by the dead zone during transition. The topology of a

class AB output stage is shown in Fig 2.5.

The operation principle of class AB output stage is simple, in order to eliminate the

dead zone where both transistors are off, the conduction angle of each transistor can be

extended a bit to more than half a cycle (>180°). So that the operation region of the two
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Figure 2.5: Simplified circuit configuration for class AB output stage

complementary transistors are overlapped and no dead zone is found during the handover

process. To implement the overlapped conduction region, the gate control signals for the

two output transistors are dc level-shifted as shown in Fig 2.5. The VTH is to illustrate

the bias voltages which some designers call them the "floating battery". It does not affect

the ac signal gains seen from the two different paths, while for dc analysis it boosts the

gate-to-source voltages of the power transistors by one threshold voltage, so that the output

transistors are turned on in advance to avoid the dead zone. As compared with class A

output stage, the class AB structure still make use of the push-pull concept and eliminates

the enormous constant current source, hence the quiescent current consumption as well as

wasted power is much reduced. While due to the handover process the linearity is slightly

degraded as the price paid. Compared to class B structure, the class AB amplifier eliminates

the dead zone of conduction. While as a penalty, a larger quiescent current IQ flows in the

output stage even though it is much smaller than in the case of class A. To sum up, class

AB structure shows a good trade-off between linearity and efficiency concern.

As class AB is a dominant structure for the linear mode amplifier, details of its prop-

erties will be discussed in the remaining part of this section. The power efficiency of a class

AB amplifier can be calculated as



CHAPTER 2. LITERATURE REVIEW ON LINEAR AUDIO AMPLIFIERS 22

η =
P load,RMS

P dc
=

π · V OUT
2

4V DD(V OUT + π ·RloadIQ)
(2.5)

VOUT, VDD and IQ are the output swing, supply voltage and the quiescent current

respectively. It can be noticed from the equation that the ideal maximum efficiency of a

class AB amplifier is the same as a class B which is 78.5%. However, this is under the

condition that the output stage achieves full rail-to-rail swing and it does not consume any

quiescent power. However, in real case the output stage is not supposed to swing rail-to-

rail but leave certain headroom voltages to bias the conducting transistor in the correct

operation region, otherwise the output transistors will be working in linear region and the

forward gain of the amplifier is sacrificed. By denoting this headroom to be VDSAT, the

modified expression of class AB efficiency becomes

η =
π · (V OUT − V DSAT)2

4V DD(V OUT − V DSAT + π ·RloadIQ)
(2.6)

From this expression we can see the trade-offs for different design parameters. To

achieve a higher power efficiency, the headroom voltages VDSAT as well as the quiescent

current IQ should be minimized. Consider the same resistive load, the smaller the headroom

voltage, the higher the output swing and hence more current is demanded from the power

MOSFET. It translates into a even smaller equivalent on-resistance of the power transistor.

This can be obtained by either increasing the power transistor’s geometric ratio (W/L) or its

gate voltage swing. However, both methods are not free of charge, the former one directly

increases the size of the chip while the latter one stresses the operation region of transistors

in the prior stage. For the other parameter IQ, a smaller value means the power transistors

are closer to their off state during transition and hence makes it vulnerable to crossover

distortion. To gain a better understanding of how the class AB stage is realized, the most

widely used structure which is based on the translinear principle [13] will be analyzed.

Fig 2.6 depicts the transistor-level implementation of a typical class AB output stage
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Figure 2.6: Transistor-level illustration of the class AB output stage based on the
translinear loop principle

with translinear principle. Vin is the output signal from the prior stages of the amplifier,

MP and MN are the complementary power MOSFETs at the output stage where VP and VN

are the gate driving signals, respectively. In contrast to the schematic in Fig 2.5, for this

rail-to-rail class AB configuration, MP is the sourcing power transistor whereas MN is the

sinking power transistor. For a simple illustration, the biasing circuitry are replaced with

ideal constant current sources. The analysis of the class AB amplifier can be done in two

different perspectives, the dc I/V characteristics and the ac small-signal analysis.

For dc I/V characteristics, the output current is defined as the current flowing out from

the output node which has an expression as:

IO = IMP − IMN (2.7)

which can be further extended with the MOSFET square law I/V characteristic equations



CHAPTER 2. LITERATURE REVIEW ON LINEAR AUDIO AMPLIFIERS 24

as below

IO = KP(V OV,P − V in)2 −KN(V OV,N + V in)2

= KP/N(V OV,P + V OV,N)(V OV,P − V OV,N + 2V in)

where KP/N =
1

2
· µCOX(

W

L
)P/N, V OV = |V GS| − |V TH|

(2.8)

For a symmetrical current driving capability, it is assumed that the parameter KP is

equalized to KN. Then, by assuming the threshold voltages to be the same for both PMOS

and NMOS output transistor, the effective gate overdrive voltages VOV,P and VOV,N under

quiescent state are also the same. Therefore, under the condition that the amplified ac

signal on gate control voltages VP and VN are smaller than the overdrive voltage VOV, the

expression in equation (2.8) reduces to:

IO = 4K · V OVV in, when |V in| < V OV (2.9)

For larger ac input Vin>VOV or Vin<-VOV, the change in the gate control voltages VP

and VN will cause either of the power transistor to be weakly conducting and the output

current expression modifies to:

IO = K(V OV − V in)2, when V in < −V OV

IO = −K(V OV + V in)2, when V in > V OV

(2.10)

Based on the above analysis, the I/V characteristics is plotted in Fig 2.7. As shown in

equation (2.8), (2.9), for input signal with small amplitude, both power transistors are fully

on and the output current has a linear relationship with the input signal. As input increases

further, one of the power transistor will be weakly on and kept a minimum current Imin unlike

fully switched off as in the case of class B, while current in the other power transistor will

yield a quadratic relationship with the input signal and hence the current driving capability
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Figure 2.7: I/V characteristics of class AB and class B output stages

is ensured. Compared with the class B characteristics, the class AB output stage has a good

definition of the current flowing in the transistor that is supposed to be off. Hence, there

is never a moment when both transistors are off. When input signal increases further, the

quadratic relationship between input signal and output current may no longer be valid. This

is due to the shift of dc operation region of the power transistor. For instance, when Vin

increases, the NMOS sinks current from the load and hence the output terminal is pulled

down. For the power NMOS transistor, its gate-to-source voltage keeps increasing while its

drain-to-source voltage keeps decreasing, finally it enters the linear region and the square law

I/V relationship is no longer valid. As a result, the current will not increase quadratically

but gradually saturates to the limit it can provide.

It is ideal that the class AB output stage works in the quadratic and near linear regions

shown in Fig 2.7 as the power transistor are supposed to be working in the saturation

region. However, this implies the output transistors need to be extremely wide, the large

parasitics associated with the power transistors will in turn pose compensation problems.

As a compromise, it is acceptable that the power transistors work in the triode region, and

the penalty is, higher order harmonics will be present. With the high-gain feedback loop, the

distortion can be linearized and sufficiently good THD performance can still be obtained.
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Figure 2.8: small-signal illustration of the class AB output stage

The ac analysis can be done with the help of the small-signal equivalent circuit which is

plotted in Fig 2.8, where gmi indicates the transconductance of transistor Mi in Fig 2.6. The

input ac signal injected from transistor M3 is denoted as a voltage controlled current source

(vccs) in parallel with its impedance. The impedance notation Ztop and Zbottom denote the

impedances seen from Vp and Vn to ground, respectively. In order to analyze the small-

signal properties of the output stage, it is necessary to know the impedance looking up from

node Vn. In is defined as the small-signal current that flows upward through node Vn and is

equal to the current that flows through the top current source Ztop. By using KCL equation,

the voltage-current relationship can be derived as:

In = gm2V n − gm1V p = Iztop

= gm2V n − gm1InZtop

(2.11)

Rearranging equation (2.11), the small-signal impedance looking up from node Vn can be

obtained as:
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Zn =
V n

In
=

1 + gm1Ztop

gm2
(2.12)

Therefore the small-signal gain from Vn to Vp can be calculated as.

V p

V n
=
Ztop

Zn
=

gm3Ztop

1 + gm4Ztop
(2.13)

For balancing between the current sink and source capabilities of the output stage, the

small-signal parameters of transistor M1 and M2 as well as the power transistors MP and

MN are designed to match. Thus, it can be obtained from equation (2.13) that for small

input signals, the gain from Vn to Vp approximately reduces to 1, which means the gate

control signal of MP will simply follows that of MN and the push-pull effect is ensured to

avoid distortion during the crossover region. However, the above analysis will no longer

be valid as the amplitude of the input signal increases, this is due to the change of circuit

configuration during large signal transient. The dc operating conditions of the output stage

are reconfigured and the small-signal analysis has to be analyzed case by case.

The small-signal models under the two large signal transient conditions are depicted

in Fig 2.9. The schematic on the left shows the circuit configuration when there is a large

positive swing at the output. Under such circumstance, Vin increases to pull down both

of the control signals Vp and Vn. As shown in Fig 2.6, the gate voltage of transistor M1

is clamped by the biasing current Ibias as well as the sizing of the two diode-connected

transistors Mpa and M1a. Any further reduction of Vp will lower the source-to-gate voltage

of M1 and eventually switches it off. Thus, the effect of M1 is cut off from the rest of the

circuitry and is drawn with dashed lines in Fig 2.9. The small-signal analysis is conducted

as follows. Since M1 is cut off, M2 now serves as a common-gate current buffer which simply

pass the ac current variation caused by Vin to Vp. Thus, the small-signal gain from Vn to

Vp can be derived as.
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Figure 2.9: small-signal illustrations of the class AB output stage during positive and
negative large signal transients

V p

V n
= gm2 · (Ztop ‖ gm2rds,2Zbottom) ≈ gm2Ztop (2.14)

It can be seen that the gain of the class AB stage is still preserved which is part of the

forward open-loop gain of the amplifier, thus higher voltage swing can be generated at Vp,

and sufficiently large gate swing is ensured for better current source capability of the output

stage. While for node Vn it becomes a low impedance node and the effect of Vin is minimal.

Its biasing condition is now dependent on the translinear loop formed by MN, M2, M2a and

MNa. The translinear principle regulates the gate-to-source voltage of MN as follows:

V GS,N = V GS,Na + V GS,2a − V GS,2

=

√
2Ibias
K ′Na

+ V TH,Na +

√
2Ibias
K ′2a

+ V TH,2a

−
√

2 · 2Ibias
K ′2

− V TH,2

(2.15)

If M2 and M2a are well matched, the above expression can be simplified to
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V GS,N =

√
2Ibias
K ′Na

+ V TH,Na + (1−
√

2)

√
2Ibias
K ′2

(2.16)

It is interesting to notice that the VGS expression is very similar to that of the quiescent

state, the difference is that under this condition all the bias current flows through M2 and

hence the gate-to-source voltage of MN is slightly smaller than in its quiescent state. This

explains the difference between the quiescent state current IQ and the minimum current Imin

as shown in Fig 2.7. Using the same method, the analysis can be done for the condition where

output has a large negative swing. The small-signal model for such condition is depicted

on the right of Fig 2.9. As the bottom current sink is closed by the diminishing Vin, both

Vn and Vp are charged up by the top current source, as a consequence, M2 gradually enters

the cut-off region and is denoted by the dashed lines. Now Vn becomes a high impedance

node and the high gain is preserved for large gain swing, so that the current sink capability

is ensured. As for node Vp, the small-signal gain can be derived as

V p

Ztop
=
V n

Zn
thus,

V p

V n
=
Ztop

Zn
=

Ztop

gm1rds,1Ztop
=

1

gm1rds,1
(2.17)

In contrast to equation (2.14), we can see that for either case, whether the output is

having a positive or negative swing, higher dc gain is always kept for the output stage which

exhibits current source capability to the load. The minimum current flowing in the weakly

conducting transistor is well defined by the translinear loop associated. Hereby, we can

summarize the properties and design trade-offs of a class AB output stage as below.

(i) For quiescent state, the output stage should have a well-defined static operating cur-

rent, it should have minimum variation through different Process, Voltage and Tem-

perature (PVT) corners. The amount of quiescent current trades with the suppression

of crossover distortion. Although further increase in IQ will only results in marginal
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benefit in linearity, it is the worst case of the fabrication corner that matters. There-

fore, it is highly desirable that the IQ has a minimum deviation through all process

corners.

(ii) For signal transient, the class AB output stage is supposed to preserve high gain to

the strongly conducting device and can also accurately limit the current in the weakly

conducting device.

(iii) A trade-off exists on the sizing of the power transistors over the required gate voltage

swing for a specified load condition. The smaller the width of the transistor the larger

gate swing needed to provide the same amount of current. And consequently larger

supply voltage is required for the output stage.

(iv) A trade-off exists on the maximum output swing and hence the peak power efficiency

over the linearity performance for a given geometric ratio of the power transistors.

The larger the output swing, the smaller voltage drop wasted on the power transistor

and hence better efficiency can be obtained. However, as the headroom voltage of

the power transistors shrinks, they are more prone to work in the triode region which

introduce higher order harmonics and makes linearity worse. To discard the said

trade-off and keep both the benefits at the same time, a wider transistor or larger

gate swing voltage is required. The situation goes back to (iii), and either area or

supply headroom is increased.

2.5 Analysis and Design of state-of-the-art class AB

Amplifiers

In view of the properties and trade-offs of class AB amplifier design, many novel struc-

tures are proposed for improvement. Instead of tangling with the efficiency and headroom

voltage trade-offs, previously reported works mainly focused on the method for reducing the
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quiescent power consumption [13,17–19,28–30]. One way of doing it is through reducing the

minimum operating voltage of the output stage [17,18,28], while the other way is to reduce

the quiescent current variations through process corners [19, 29, 30]. In this section, a more

in-depth review will be carried out on the state-of-the-art designs of class AB amplifiers.

2.5.1 Class AB Amplifier Using Output Buffers with Adaptive

Load

As mention previously, one direction for improvement is towards a lower supply voltage

at the output stage which directly translates into lower quiescent power. One method using

this concept is the class AB amplifier using output buffers with adaptive load [17], the

schematic of it is depicted in Fig 2.10.

Figure 2.10: Schematic of a class AB amplifier design achieving lower minimum op-
erating supply voltage
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The schematic in Fig 2.10 depicts only the output stage of the design which contains

the major novelty. Note that voltages at node A and B are actually the gate control signals

driving the complementary power MOSFETs. Different from normal class AB amplifier, an

additional adaptive load formed by M5(M6) and M7(M8) is added to either PMOS or NMOS,

respectively. The idea behind this is that the adaptive load can reconfigure to change its

impedance according to the load conditions. For quiescent state operation, take the NMOS

side for instance, the biasing voltage Vb2 is set to VTH,N+2VDSAT. M8 works in saturation

region and the impedance seen at node B is small with a magnitude of 1/gm8. Therefore,

the gain from Vin to VA(VB) is small under quiescent state and the voltage variation at the

power transistor’s gate is reduced. Hence, the quiescent state current of the output stage

is less sensitive to the process variations. For large signal transient, we still take NMOS as

an example. When VB increases and output is supposed to swing towards ground, due to

the fixed biasing at Vb2 the drain voltage of M8 will drop and hence pushing M8 into linear

region. As a result M8 now behaves like a voltage-controlled resistor instead of a diode-

connected transistor, thus the impedance looking into the M6 path is boosted drastically

and the high gain from Vin to VA(VB) is retrieved.

The benefit of adopting this adaptive load structure is that for quiescent state the

reduced gain of the intermediate stage will desensitize the impact of process variation on

quiescent current, while for large load transient the high gain enforces the voltage driving

capability of the power transistor’s gate. Most importantly, compared to the classic design

[13] it achieves a minimum value of VGS+2VDSAT. However, the drawbacks of this design

are also easy to figure out. First, the diode structure will reduce the open-loop gain of the

amplifier under quiescent state. If it is used as single-ended output driver, a larger dc error

due to offsets can be found at the output. This again results in a quiescent state current if

there is no dc decoupling capacitor. Secondly, the quiescent state current is not well defined

although the gate voltage is not sensitive to the process variations. The fabricated chips

may still yield large deviation on IQ due to the large scaling factor β.
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2.5.2 Class AB Amplifier with internal feedback

The schematic of another design that uses a lower supply voltage is depicted in Fig

2.11. The ac signal coming from the preceding stage is denoted a voltage-controlled current

source gmVin. Transistor M7-9 and M11 serve as a minimum current sensor and comparator,

M7-9 are designed with the same size and the scaling factor for M7-9 to M10 and from M11

to M12 are to be identical. The differential pair formed by M1-4 will regulates the current in

M6 to be equal to M5, which is the reference current. For quiescent state operation, since

the VGS of M9 is close to that of M10, only very small headroom voltage is given to M7,

and thus it works in the triode region. Now M7-9 form a current mirror with a 1:2 mirroring

ratio. Therefore, the IQ can be defined to 2β · IQ, where β is the scaling factor. For large

signal transient, when Vin increases dramatically, both VP and VN drop. Larger headroom

is given to M7 and it operates in saturation region. As a result, M7 and M8 serve as a 1:1

current mirror and M9 works as a current buffer for the internal feedback loop. Therefore,

Figure 2.11: Schematic of a class AB amplifier design achieving lower minimum op-
erating supply voltage
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the current in the weakly conducting transistor M12 is regulated to β · IQ while the strongly

conducting transistor M10 is not affected by the internal feedback loop. Similar concept

applies for the Vin reducing phase as now the drain of M7 is pulled almost to VDD and M9

regulates the current in the weakly conducting M10 with the nested feedback loop.

As can be extrapolated from the schematic, the minimum supply voltage of this am-

plifier can be VGS+2VDSAT which is the same as in the previous design. However, both VP

and VN are high impedance nodes which will not dilute the high open-loop gain as required.

Meanwhile, the current for the quiescent state as well as the minimum on current are both

well defined with respect to the reference current. Therefore, it is very promising for used

as audio power amplifier. The only flaw is the slightly increased complexity.

2.5.3 Reducing IQ Variation Due to Channel Length Modula-

tion(CLM)

Another issue with the class AB amplifier is the quiescent current IQ variation due

to poor matching from reference to the output stage. Take a second view of the class AB

amplifier with translinear loop as in Fig 2.6, it is desired that the IQ in the output stage is

precisely defined by the reference current. More specifically, it is assumed that the transistors

MN and MNa are designed with same ratio but MNa has a much larger number of fingers.

This finger number is usually referred as the scaling factor. Ideally if the gate voltages of the

two transistors are matched then the output stage current IQ is well defined. However, due

to the diode-connected structure of MNa, the drain-to-source voltages of the two transistors

are different and can result in large IQ variations as large as ±26% over different process

corners [29]. Therefore certain design techniques are needed to reduce the CLM-induced

quiescent current variation.

One method for reducing the CLM-induced variation is shown in Fig 2.12. The proposed

design [30] make use of the translinear loop concept similar to [13]. Instead of using two
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Figure 2.12: Schematic of a class AB amplifier design achieving lower CLM-induced
IQ variation

stacked diode-connected transistor, the drain of the scaled-down transistor MPa is connected

to the gate of M1a. In this case, the drain-to-source voltage of MPa is equal to VGS,Pa+VGS,1a

which is approximately equal to half of the supply voltage. Same concept applied for the

NMOS part and better drain-to-source matching for the power transistor and the scaled-

down transistor is thus achieved. However, despite the low accuracy on VDS matching, the

effectiveness of this technique is also dependent on the real values of the power supply and

transistor threshold voltages, hence it is difficult to be mapped to other process.

Another design which embody the similar consideration is depicted in Fig 2.13 [29]. In

this design, additional pair of OTAs are introduced to regulate the drain-to-source voltage

of the scaled-down transistor. Take PMOS side for an example, if the drain voltage of

transistor MPa is larger than the output common-mode voltage VCM, the output of OTA

A1 will goes up and consequently the source voltage of M1a will increase. This reduces the

gate-to-source voltage of MPa and making its drain terminal drained by the current source.

With the help of this negative feedback loop, the mismatch of the drain-to-source voltage
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Figure 2.13: Schematic of a class AB amplifier design with lowest CLM-induced IQ
variation

for the two transistors can be reduced to be less than 1 mV. Thus, it significantly reduces

the current variation due the CLM effect. According to reference [29], the output stage

quiescent current variation over different PVT corners is reduced to ±1.5%.

The only concern here is the stability issue due to the nested feedback loop at the output

stage. Therefore, OTAs with very simple structure are used to achieve very high bandwidth

for the feedback loop to ensure no additional pole or zero located within the operation

frequency range of the class AB amplifier. For the above design, a simple differential pair is

adopted. As a penalty, the gain contributed by the OTA is only around 30-40 dB. However,

since the requirement for VDS matching is not stringent, a simple structure is good enough

for suppressing the CLM-induced quiescent current variation.



Chapter 3

Audio Amplifiers with Adaptive

Power Supplies

3.1 Introduction to Power Amplifiers with Adaptive

Supply Rails

As mentioned previously in Chapter 2, the theoretical maximum power efficiency of a

class AB amplifier equates to π/4 which is around 78.5%. This is under the condition that a

sine input is used, the maximum rail-to-rail output swing is achieved and quiescent current

is neglected during the calculation. Things would be different if real audio signals with

high PAR value are used as input. As the amplitude of typical audio signal has a Gaussian

(normal) distribution, the probability density function (PDF) of audio signal amplitude

information can be described as below [31]:

f(x) =
1√

2πσ2
· exp(

−x2

2σ2
) ,where σ = VRMS (3.1)

37
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Thus, the average value of the signal amplitude can be acquired from the mean value

of equation (3.1) as:

V AVG = µx =

∞∫
−∞

x√
2πσ2

· exp(
−x2

2σ2
)dx

= 2 ·
∞∫
0

x√
2πσ2

· exp(
−x2

2σ2
)dx

= 2 · −σ√
2π
· exp(

−x2

2σ2
)

∣∣∣∣∞
0

=

√
2

π
· σ

(3.2)

By applying equation (2.4) the power efficiency of class AB amplifier with PAR value

taken into account can be expressed as:

η =
PRMS

PDC

=
V RMS

2/2RL

V PeakV AVG/RL

=
V RMS

2/2

V RMS · PAR ·
√

2
πV RMS

=

√
π

2
· 1

PAR

(3.3)

Note that the efficiency of class AB amplifier is now inverse proportional to the value of

PAR. According to reference [26], the averaged PAR value of 80 samples of music fragments

can be as high as 15 dB. Therefore, the actual power efficiency of a class AB amplifier is

very low when amplifying real audio signals. Fig 3.1 plots the power efficiency of a class AB

amplifier with a sine wave input and a 15 dB PAR input respectively. It can be seen that

the maximum power efficiency when amplifying real audio signals can be as low as around

20%. This is due to the fixed high voltage supply used for class AB output stage where

it defines the maximum output swing of the amplifier. However, for most of the time the

signal level remains relative low and a large portion of the supply voltage is applied to the
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Figure 3.1: Comparison of class AB amplifier efficiency with different PAR input

power transistor. Thus, the conduction loss wasted on the power transistor is tremendous

under this condition. A straightforward solution to this issue is to adaptively change the

level of power supply voltage so that the instant supply voltage does not need to be as high

as that required by the peak voltage swing. In ideal case, it can be at a precise level for

which the output swing requirement of the current signal amplitude is just satisfied. This

gives the definition of an adaptive supply power amplifier.

Comparing to the evolution from class A and class B amplifiers to class AB amplifi-

er where the output stage of linear amplifier is modified to overcome the distortion issue,

the change into adaptive supply focuses more on the output stage architecture where the

adaptive supply is used. The concept of the adaptive supply power amplifier is illustrated

in Fig 3.2. Briefly, an adaptive supply amplifier consists of three major building blocks, the

input signal amplitude sensing block, the adaptive power supply unit and the linear power

amplifier. The linear amplifier module used is usually a typical class AB power amplifier for

its good linearity performance and mature structure. The other two blocks construct the
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Figure 3.2: Conceptual block diagram of the adaptive supply power amplifier

adaptive supply generation module, the sensing block senses the instant input signal ampli-

tude and generates the reference voltage for the power supply unit, then the power supply

unit will adjusts its output accordingly. The power conversion efficiency of this power con-

verter is vital to the efficiency of the system as now it serves as the supply to the amplifier.

Therefore, Switching Mode Power Supply (SMPS) becomes the only choice for this architec-

ture. Generally there are two types of power converters, the switched capacitor-based and

the switched-inductor based power converters. Both power converters when implemented as

SMPS are also known as dc-dc converters. Although both converters transfer power to the

load in a switched manner, there are still huge differences in terms of individual applica-

tions. The switched capacitor dc-dc converters can only obtain high conversion efficiency at

the predefined conversion ratios. Thus, for highly efficient power conversion, the switched

capacitor converter can only output at several discrete voltage levels. For switched inductor

converter like buck converter, the conversion efficiency is high for a wide output range and

is considered capable to output a continuously changing output which tracks the reference

voltage.

Based on the discrete and continuous output voltage levels the power converter can



CHAPTER 3. AUDIO AMPLIFIERS WITH ADAPTIVE POWER SUPPLIES 41

produce, the architectures of the adaptive supply amplifier are further classified into class

G and class H amplifiers. In [26], the class H is referred as a special category of class G

amplifier in which the higher supply voltage is realized by a bootstrapped capacitor and

only temporary power from this higher supply voltage is available. In [22], an adaptive

supply power amplifier which is able to continuously adjust the supply output is proposed

but is referred to as class I amplifier. To the author’s best knowledge, there is yet a naming

convention for such architecture. However, the idea of this topology is actually one step

further from the class G amplifier. To avoid any confusion resulting from the naming, such

adaptive amplifier with a continuously changing supply is referred as class H amplifier in

this thesis.

In the market for modern audio amplifiers, the adaptive supply amplifiers have become

a popular topic for its good balance between linearity and power efficiency. For the rest

of this chapter the two categories of the adaptive supply power amplifier will be analyzed

and discussed. Their advantages and disadvantages are to be evaluated to appreciate the

challenges of designing an optimal adaptive supply amplifier. Then the proposed class H

amplifier architecture with output common-mode modulation will be delineated.

3.2 Class G Power Amplifiers

3.2.1 Power Efficiency of Class G Amplifiers

A class G amplifier is basically an analog linear amplifier which uses different supply

voltage levels depending on the current amplitude of input signal level. Generally it has two

sets of power supply rails, namely the high voltage supply VDDH and the low voltage supply

VDDL. The supply of the output stage selects between the two discrete values and thus the

class G topology is sometimes referred as the "supply switcher". Fig 3.3 depicts a typical

dual-rail class G output stage and its output waveforms. In this case, the supplies of the
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Figure 3.3: A typical class G output stage with dual-rail power supplies and its output
waveform

output stages constantly switch among four different values including two sets of negative

voltage levels so as to bias its output node to ground level.

As can be observed from the figure, the supplies of class G amplifier involves four

switching activities for one sinusoidal cycle. The red solid lines indicate the amount of

voltage drop across the power transistor that is strongly conducting, multiplied with the

instant current it provides to the load it gives the conduction loss dissipated by the power

transistor at that moment. As compared to class AB design where two fixed supplies VDDH

and VSSH are adopted, the class G topology reduces such conduction loss by shrinking the

supply voltage, better overall power efficiency can therefore be achieved.

To validate its efficiency superiority, the power efficiency of class G amplifier should be

calculated. It is obvious that the power supply configuration of class G amplifier varies for

different input signal levels. If the amplitude of the input signal keeps on being high above

the switching threshold, then VDDH/VSSH will be selected throughout the cycle. As a result,

the power efficiency of a class G amplifier makes no difference from a class AB amplifier.

However, if the amplitude continues to be very small the VDDL/VSSL will be selected, and

the voltage drop wasted on power transistor is cut drastically. Therefore it is evident that
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the efficiency analysis of a class G amplifier needs to be calculated in a piecewise manner [27].

Meanwhile it is also dependent on the ratio of low supply to high supply as it shows directly

to what extend the power is saved. Here the low-to-high supply ratio is denoted as α =

VDDL/VDDH, where α ranging from 0 to 1.

The efficiency of class G amplifier is analyzed with a sinusoidal input signal. The input

amplitude is increased from 0 to the maximum level where the peak output swing is reached.

When input signal level is small and the output swing is within the range that the VDDL

can handle, no switching to the VDDH is triggered, thus the system operates as a normal

class AB amplifier under the supply of VDDL and its efficiency for such condition can be

expressed as:

ηG1 =
π

4α
· V OUT

V DDL
, for 0 < V OUT ≤ V DDL (3.4)

For larger input amplitude, VDDL is insufficient to provide the output swing and the

supply is going to switch to VDDH. For this condition, the average power draw from the

supply must be calculated by integration for different supply voltage respectively. The

transition angle from where VDDH is activated for a sine wave cycle can also be determined.

The expression of the power efficiency for larger input signal level can be expressed as:

ηG2 =
π

4
· V OUT

V DDH
· 1

α+ (1− α)cosθt
, where θt = sin−1(

V DDL

V OUT
)

for V DDL < V OUT ≤ V DDH

(3.5)

By combining the expressions for the two input scenarios the power efficiency of the

class G amplifier can be acquired. For a better illustration, the output power is normalized

to the maximum output power to describe the instantaneous signal level with respect to

the maximum power level of the amplifier. It is also important to take note that rail-to-rail

output swing is assumed for the above calculation, thus we equalizes the peak output swing

VPEAK to the supply voltage VDDH which is usually not the case for a real linear power
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Figure 3.4: Efficiency comparison among class G amplifiers with different VDDL and
class AB amplifier with same VDDH

amplifier. Therefore, the above efficiency obtained is the theoretical value and the values for

real cases should be lower. As can be observed from the equations, besides the output swing

which determines the transition angle from VDDL to VDDH, the low-to-high supply ratio α

is also a variable that shapes the efficiency curve. Therefore, to have a better understanding

of the class G amplifier efficiency, the efficiency is plotted over the normalized output power

for different values of α as in Fig 3.4.

As shown in the figure, the efficiency of a class G amplifier incurs a sharp drop as

VDDH is selected as the supply voltage. Therefore for the region where the input signal

exceeding the threshold voltage, the class G operates just as a conventional class AB and

again substantial amount of voltage is wasted across the power transistor which makes the

conduction loss surges. For the value of VDDL, there does not exist a rule of thumb saying

which value is better, as it be seen clearly from the chart that there is a trade-off between

light load efficiency and medium load efficiency when the α ratio increases from 0.4 to 0.7.

However, it is true that the power efficiency is closely related with the PAR value of the
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input signal. For example, for audio signals with high PAR values, a smaller α ratio would

be beneficial as most of the time VDDL is sufficient to provide the output power. While the

medium load range efficiency becomes important as the PAR ratio drops therefore rendering

the optimization of α ratio input dependent.

3.2.2 Class G Amplifier with Dual-rail Power Supply

Class G amplifier with dual-rail power supplies has been a hot research topic in recent

years [4,28,32–35]. It is convenient to use dual-rail supply as the output node can be biased to

ground level and hence eliminate the use of a bulky dc decoupling capacitor which normally

exists in the design of a single supply amplifier. The topology of class G amplifier with

dual-rail power supply is relatively fixed as the output CM level is referenced to the ground

at all times, it usually consists of a single-ended class AB amplifier, a switched capacitor

dc-dc converter for generating VDDL and a negative charge pump to produce the negative

replica of the supply voltages. In recent designs, the research work mainly focuses on the

performance optimization of the amplifier system. For instance, class AB quiescent current

control [4], class AB PSRR enhancement [4, 28, 32], soft switching techniques to mitigate

distortion during mode transition [34, 35] and control algorithms to improve overall power

efficiency [4, 28].

Fig 3.5 depicts the schematic of one approach of dual-rail supply class G amplifier

[34]. Two pairs of power transistors being supplied by two sets of dual-rail power supplies

VDDL/VSSL and VDDH/VSSH serve as the class G output stage. The class G operation is

enabled by steering the current that flowing in the class AB biasing circuitry and controlling

the gate drive voltages of each power transistor. A dc voltage VOFFSET is used as the

threshold to trigger the transition at the output stage in advance, so that clipping can be

avoided. The merit of using two pairs of power transistors is that the supply node will not

endure a sharp step change from VDDL to VDDH or vice versa. Instead it goes through

a handshake process between the two power transistors. Thus the disturbance from the
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Figure 3.5: Schematic of one dual-rail supply class G amplifier embodying parallel
output stages

supply node becomes much gentler. However, due to the handshake process the continuity

of the current driving capability is affected, thus distortion can be expected during the

transition of output stage. Moreover, the decision of shifting to higher supply is made by

assessing the level of output voltage which has a latency from the real input. Therefore,

the sensing of input signal level is kind of delayed as compared to the real-time input signal

stream, which may cause waveform clipping as the frequency of input signal increases. The

reported THD+N value is -80 dB for class AB mode when signal level is small, and it incurs

a degradation of 6 dB as signal level increases and class G operation starts to take over.

Another method using the parallelled output stages is shown in Fig 3.6 [4]. Different

from the previous one where the parallelled output stages are supplied by different supply

voltages, the parallelism in this design is embodied with a combination of class AB and

class B output stages. Being supplied with the same power rails, the class B output stage
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is simply an auxiliary current provider which supports the current driving capability of the

class AB output stage during large signal transient. Whereas the function of class AB is

only as a quiescent current controller and amplifier for light load conditions. The voltage

level shifter biases the gate of class B transistors and make sure they only become activated

when the load is demanding. The benefit of doing so is that the size of class AB transistors

can be designed relatively smaller (5 times smaller in this case) than its usual size as now

it only takes care of the quiescent state and small-signal currents. As a result, the variation

of quiescent current due to mismatch can be alleviated.

However, the reduction on the sizing of class AB transistors also bring in problems.

With smaller transistors, the output stage transconductance gm reduces, which results in

smaller gain for the quiescent state as well as the light load conditions. Hence, the feedback

loop gain of the amplifier is reduced which increases the distortion. To increase the loop

gain of the system, an additional high-order loop filter is inserted before the class AB/B

amplifier. The price paid here is the increased complexity and power consumption of the

system. The measurement results exhibit a PSRR of 120 dB and a THD of -95 dB, but

these performances are mainly ascribed to the high-order loop filter instead of the novelty

of the output stage.

The schematic of the latest work on dual-rail class G amplifier is depicted in Fig 3.7 [28].

In this approach a single class AB output stage is used and it is supplied with the outputs of

the positive and negative charge pumps. The quiescent current of the two power transistors

are sensed, averaged and compared with a reference value and finally the gate drive voltages

are adjusted to get a predefined quiescent current. The circuitry in the red box shows the

negative feedback loop used for quiescent current control. Since the supply voltages for the

output are from dc-dc converters and are usually quite noisy, a pair of supply noise correction

circuits are added in this design. The noise from the supply is sensed and coupled to the gate

drive voltage so that the supply noise cancels out in the expression of gate-to-source voltage,

hence the bandwidth of PSRR is much extended. Another improvement of this design is
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Figure 3.6: Schematic of one dual-rail supply class G amplifier embodying class B/AB
output stages

on the algorithm of the charge pump controller. In normal class G systems, the output of

charge pump toggles between VDDL and VDDH depending on the amplitude of the signal. In

this design, to avoid the power losses resulting from the excessive switching activities and the

charge pump, a minimum hold time is defined and implemented. Once the class G threshold

is reached, the system will generates a minimum hold time of 100 ns, and the output of the

charge pump will stay at VDDH during this period. Therefore excessive switching between

the two voltage levels is forbidden which results in better overall efficiency.

With the help of the supply noise correction circuits, the above mentioned class G am-

plifier achieves a remarkably high PSRR of 130 dB. However, its quiescent current variation

from die to die is never mentioned. Due to the supply noise correction loop, the quies-

cent current sensing amplifier is actually separated from the output stage. Therefore, its

quiescent current control capability would have been compromised.

In summary, class G amplifier with dual-rail supply have been optimized in terms of
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Figure 3.7: Schematic of one dual-rail supply class G amplifier with PSRR-enhanced
class AB stage

linearity and supply noise rejection ratio. Some designs achieve even better performance than

the pure class AB amplifiers. However, in order to generate the negative power supplies,

additional charge pumps have to be added into the system. As switched capacitor dc-dc

converter has already resides within the system for VDDL generation, the added charge

pump would become a hindrance to the precious chip area. For previously reported class

G amplifiers operating with dual-rail supply, the maximum RMS output power is capped

at 62 mW [28]. This may be enough for driving a headphone in a portable device like cell

phone, while for other applications like driving the speaker in a tablet a few hundreds of mW

output power is required. For a even larger output power requirement, the area for power

switches as well as flying capacitors will become a big issue. Meanwhile, the existence of

negative supply requires the use of deep n-well process technology which further increases

the implementation cost. Applications for class G amplifier with dual-rail supply are limited

by the output power rating as well as implementation cost.
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(a)

(b)

Figure 3.8: Single supply class G amplifier waveforms with (a) fixed output dc bias,
(b) adaptive output dc bias

3.2.3 Class G Amplifier with Single-rail Power Supply

For class G amplifier with only single-rail supply, the output of the amplifier is dc biased

at half the supply voltage to achieve maximum output swing. Unlike the amplifier with

dual-mode supply, output of a single supply amplifier is not ground-referenced. Therefore

a dc-decoupling capacitor is added to block the dc current under quiescent state. However,

the size of this capacitor is normally in terms of hundreds of µF for the high-pass filter to

have a cut-off frequency at the lower boundary of the audio signal band. The size of this

capacitor is so huge that it has to be eliminated for a compact design. Thus differential

output stage like the bridge-tied-load (BTL) structure seems to be the only solution for
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single-rail supply amplifier, like in reference [36] two class AB amplifiers are connected tail-

to-tail to implement the BTL structure. Another benefit differential output stage introduces

is that the maximum output swing gets doubled hence makes the maximum output power

four times larger.

A common problem encountered in single supply class G design is on the output dc

biasing level. As mentioned above, output dc level should always be biased at half of the

supply voltage. For class G amplifiers, since the supply voltage is switching between two

levels, the output common mode voltage should also be changed accordingly. If output dc

stays at half of the low supply, clipping will occur when the signal level becomes larger,

which can be seen from Fig. 3.8(a). When the output dc bias is changing with the input

signal level, clipping can be avoided as shown in Fig. 3.8(b). Although the waveforms of the

two output nodes in Fig. 3.8(b) looks highly distorted as the common mode (CM) voltage

is also switching, the differential output waveform can still be recovered as the CM voltage

cancels out.

However, the switching nature of the output CM voltage brings additional concerns on

the amplifier’s linearity performance. Since the output CM level is now switching between

half of VDDL and VDDH, it becomes pulsating as well. Therefore, the linearity performance

of a single-rail supply class G amplifier is compromised as large step signals are applied not

only to the power supply but also to the Common-mode Feedback circuit (CMFB). The

THD performance of reference [36] is only 0.02% which is almost 20 dB larger than the

state-of-the-art of dual-rail class G counterparts.
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Figure 3.9: Typical class H amplifier and its output waveforms

3.3 Class H Power Amplifiers

3.3.1 Power Efficiency of Class H Amplifiers

Class H amplifier, as its naming implies, is actually one step further from the class

G concept. The idea of class H operation is quite similar to that of a class G where the

efficiency is improved by reducing the voltage drop wasted on power transistors. Different

from the class G amplifier the supply of which connects directly to the high supply once the

signal level reaches its switching threshold, the supply of a class H amplifier tracks the input

signal level and keeps the voltage drop across the power transistors to a predefined value

when the switching threshold is met. The output waveforms of a typical class H amplifier

are plotted in Fig 3.9. Therefore, the efficiency of class H amplifier will not incur a drastic

drop when the high supply kicks in and keeps increasing as the output power becomes larger.

Therefore its efficiency plot is expected to have a similar shape as that of class D amplifiers.

Before deriving the efficiency expression for a class H amplifier, a set of terms should

be defined as follows. VDDL is the low voltage supply and VDDH is the high voltage supply,

VDSAT is the headroom voltage defined for power transistor to ensure its correct operation

region, RL is the load resistance and IQ is the quiescent current consumed by the whole
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system. The maximum output swing under the low voltage VDDL is equal to VDDL-2VDSAT.

The power efficiency is defined as the RMS output power delivered to the load over the

average power draw from the battery. For a sine wave input, the output is also supposed to

be a sine wave signal. It is easy to calculate the rms power of a sinusoidal signal once the

amplitude and the load resistance is given. Thus the tricky part falls on the calculation of

average power which is normally acquired through integration over one period. For small

input levels, the dc power consumption is identical to the case of a class AB, while for larger

signal levels, the expression becomes much more complicated as it has both the class AB

and class H operation. Since the output waveform is quite symmetrical, the calculation can

be done for one fourth of the whole cycle which eases the tedious derivation process. The

average dc power obtained from the source for class H mode operation can be mathematically

expressed as:

PDC =
1

T/4
(

ttrans∫
0

PAB · dt+

T/4∫
ttrans

PH · dt) (3.6)

where in this expression, PAB and PH stand for the power consumption for class AB mode

and class H mode respectively, and ttrans represents the instant when the switching threshold

is reached and the circuit architecture transform from class AB into class H. The reason for

doing it in a piecewise way is because the supply voltage under class H mode is varying with

signal amplitude, thus making the calculation widely different from the way for class AB.

The transition instant for one quarter of the cycle can be found as:

ttrans =
1

ω
sin−1(

V DDL − 2V DSAT

V OUT
) (3.7)

VOUT in equation (3.7) stands for the output voltage swing, evidently if the desired

output swing VOUT is even smaller than VDDL, it means the switching threshold will not be

triggered and no transition into class H mode will happen. Thus VOUT must be larger than
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VDDL-2VDSAT to satisfy the threshold of class H mode operation. With this condition, the

power consumption expression for class AB mode and supply-tracking mode within T/4 can

be expressed as:

PAB = V DDL · (
V OUT sinωt

RL
+ IQ),

for 0 < ωt ≤ sin−1(
V DDL − 2V DSAT

V OUT
)

PH = (V OUT sinωt+ 2V DSAT) · (V OUT sinωt

RL
+ IQ),

for sin−1(
V DDL − 2V DSAT

V OUT
< ωt ≤ π/2)

(3.8)

The average efficiency under for a class H cycle can be calculated by dividing the rms

output power to the average input dc power. The final expression of efficiency can be derived

as:

ηH =
POUT,rms

PDC
=

V OUT
2/2RL

1
T/4(

ttrans∫
0

PAB · dt+
T/4∫

ttrans
PH · dt)

(3.9)

substitute equation (3.8) into (3.6) we can obtain the expression for the averaged input

power under class H mode operation. For a clearer illustration, the quiescent current IQ

can be neglected during the derivation as normally it is much smaller than the load current

under class H mode. Therefore, equation (3.9) can be extended into:

ηH =
V OUT

2/2RL

1
T/4(

ttrans∫
0

V DDL · V OUT sinωt · dt+
T/4∫

ttrans
(V OUT sinωt+ 2V DSAT) · V OUT sinωt · dt)/RL

(3.10)
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with proper simplification, the final expression for power efficiency under class H mode is

shown as below:

ηH =
V OUT

2

a · sin 2θ + b · cos θ + c · θ + d

where a =
V OUT

2

π
, b =

4V OUT

πRL
(2V DSAT − V DDL)

c =
−2V OUT

2

π
, d = V OUT

2 +
4

π
V OUTV DDL

θ = sin−1(
V DDL − 2V DSAT

V OUT
)

(3.11)

From equation (3.11), it can be observed that three variables directly affect the efficiency

performance of a class H amplifier, they are the output swing VOUT, the power transistor

headroom voltage VDSAT and the low voltage supply VDDL. Their effects on the efficiency

performance will be analyzed individually. First the value of VDDL is fixed and the impact

on VDSAT is analyzed. Fig 3.10 plots the power efficiency curves for class H amplifier with

different values of VDSAT, and to show the superiority of class H topology on power efficiency,

the theoretical efficiency curves for class G and class AB amplifiers are also included. For

a fair comparison, the values for high and low supplies are selected to be 3V and 1.2V

respectively.

It is quite evident that the overall power efficiency of class H amplifier is much higher

than its linear mode counterparts. This is mainly due to the input-tracking supply which

fixes the voltage drops across those power transistors, unlike the case of class G, the efficiency

curve of a class H amplifier increases in a monotonic manner all the way to its maximum

power level. Before the input-tracking supply kicks in, the efficiency curve of class H topology

grows in the same way as a class AB amplifier with a smaller supply VDDL. After passing

the switching point, although the voltage drop is clamped to VDSAT, with the increment of

output swing (output power), the portion of voltage wasted as VDSAT gradually becomes

relatively smaller as compared to the current supply voltage. This explains why the efficiency

of class H amplifier increases with a smoother slope after the transition point. As for curves
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Figure 3.10: Efficiency comparison among class H amplifiers with different power
transistor headroom voltage VDSAT, class AB and class G amplifier

with different values of VDSAT, it is also clear that a smaller VDSAT gives better overall

efficiency. Smaller VDSAT simply means the power transistor works more like a power switch

rather than a single-transistor amplifier, thus the efficiency looks more like that of a class

D amplifier. However, the penalty associated with smaller VDSAT is the degradation on

amplifier’s linearity, thus there exist a trade-off between higher efficiency and linearity.

The next step of the analysis is on the VDDL’s effect on the efficiency. In Fig 3.11,

the efficiency curves of class H amplifier with different VDDL are plotted for comparison.

This time VDSAT is fixed to 0.2V, and the α denotes the ratio of VDDL over VDDH. The

trend observed from this graph is very straightforward that a smaller VDDL always gives

better overall power efficiency. This unveils another advantage over the class G amplifier,

unlike the design of class G amplifiers where the selection of VDDL embodies the trade-off

between light load and medium load efficiency, VDDL should be as small as possible for the

case of class H design. Again, the shrink on VDDL does not come for free, it trades with the
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Figure 3.11: Efficiency comparison among class H amplifiers with different low voltage
supply VDDL

structure of the class AB output stage as well the sizing of the power transistors.

3.3.2 Design Considerations of Class H Amplifier with Input-

tracking Power Supply

Similar to the class G amplifiers, the first and most difficulty problem of realizing the

class H concept is on the implementation of the input-tracking power supply. To generate

this input-tracking supply which can adjust its supplying voltage continuously with high

conversion efficiency, the switched inductor dc-dc converter becomes the only feasible solu-

tion. For class G amplifiers, it is still applicable to generate a set of negative supply voltages

VSSL/VSSH by using additional charge pumps, thus making the dual-rail class G topology

rather popular among low power applications. However, for class H operation it is inappro-

priate to invert the phase of the supply voltage simply with charge pumps. First, for normal

operation frequencies (around 1 MHz) an inductor in a dc-dc converter is area-consuming
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and have to be implemented off the chip, thus it is not economical to design the output

power rating small. Moreover, to invert the supply voltage with high power rating, the size

of the charge pump will also increase drastically. Secondly, for the charge pump which is

essentially a switched capacitor dc-dc converter, its higher conversion efficiency is only appli-

cable for a fixed conversion ratio. Hence to convert a voltage that is continuously changing

in an analog manner, the conversion efficiency will be largely compromised. Another way of

generating the negative input-tracking supply is by using the inverting buck-boost topology

or a transformer, but either way will have to make use of the external inductive component

which render these options unpractical.

Since the only option to generate the input-tracking supply is via using one inductor-

based dc-dc converter, the first design issue is on the topology of the converter. The buck

and the boost converter are both very mature and widely-used topologies for dc power

conversions. The only difference is on the input power source. For a typical battery-powered

mobile device, a Lithium ion battery is normally used as the main power source which has a

nominal cell voltage around 3.6 V and a end-of-discharge voltage around 2.8 V-3 V. To avoid

the use of additional dc-dc conversion step, it is highly desirable to have a direct hook-up

from the audio amplifier to the Lithium ion battery. In this case, the boosted voltage may

easily exceed the junction tolerance voltage of transistors in deep sub-micro process and

results in unnecessarily high output power for mobile devices. Therefore, a buck converter

will be more appropriate.

As mentioned above, a buck converter providing single-rail supply voltage is most

suitable for the class H amplifier design. Thus the second concern comes with the dc biasing

points of the output nodes. To maximize the output swing, the output nodes are normally

biased at half of the supply voltage. For amplifier with single-rail supply there will thus be

a constant dc current flowing to the load at quiescent state. This problem gets exacerbated

for audio power amplifiers with small resistive load. In the old days when the board area is

not stringent, a dc decoupling capacitor will simply settle this issue. However, as the devices
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Figure 3.12: Transistor-level illustration of a BTL output stage

keep on shrinking in form factor, designers feel no longer affordable for such bulky passive

components. Therefore, for class H architecture the differential output stage seems to be

the only solution.

The differential output stage can be realized with a fully differential amplifier or a

Bridge-Tied-Load (BTL) output stage. Fig 3.12 delineates the concept of a BTL output

stage used as an audio driver. In this configuration, two pairs of power transistors are

connected in a tail-to-tail manner, and input signals feeding into each single amplifier are 180°

out of phase. During transient, the complementary MOSFETs in the diagonal direction will

be conducting with respect to the phase of the input signal, thus generating either positive

or negative current flowing through the audio load respectively. With such configuration,

the output stage CM level can be biased at half of the supply voltage under quiescent

state and eliminates the need for a dc decoupling capacitor. Moreover, the BTL output

stage effectively doubles the maximum output swing with two output nodes swinging in the

opposite direction. Thus the maximum output power that a BTL stage can deliver becomes

quadruple as compared to a single-ended design whilst only gets the area and quiescent

power consumption doubled. This gives differential output stage a prominent advantage to



CHAPTER 3. AUDIO AMPLIFIERS WITH ADAPTIVE POWER SUPPLIES 60

be used for low power designs where the supply voltage is continually scaling down with

the process technology. Last but not least, the fully differential structure can effectively

suppress the even-order harmonics which will improve the amplifier’s linearity performance.

The differential output stage does resolve the quiescent current issue with single-rail

supplied amplifier. However, a distinction of the adaptive supply amplifiers (class G/H)

from conventional linear amplifiers (class AB) is that the output stage supply voltage varies

with input signal levels. This brings on the third design issue for single-rail supply class

H amplifier that is the output CM biasing voltage. As previously touched in the section

of single-rail supply class G amplifier, Fig 3.8(a) shows that a constant output CM biasing

will lead to waveform clippings when the adaptive supply becomes enabled. This problem

becomes even more tricky for class H mode operation as the adaptive supply is now tracking

the input, thus the solution for class G case in which the output CM level switched between

half of VDDL and VDDH will not work. Therefore, a new method for correct output CM level

definition is required for a class H amplifier topology.

Last but not least, a key deficiency of the adaptive supply amplifier compared with

normal class AB amplifier is the constant switching among different topologies. To make

best use of the supply power, the system configuration morphs according to different load

conditions. As a consequence, unwanted distortions are generated as the uniformity of the

system is breached. Compared to the relatively matured class AB output stage design, it is

usually the system-level uniformity that defines the performance limit of the adaptive supply

amplifiers. Therefore on top of all those concerns on linearity, a desired class H architecture

should not have its configuration vary too much for a wide load range.
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Figure 3.13: Output waveforms and switch signals of the benchmark class H amplifier

3.3.3 Benchmark Design of Single-rail Class H Audio Ampli-

fier

As can be seen from the last section, several design challenges have been hampering

designers in coming up with a practical solution for single-rail supplied class H amplifier. To

the best of the author’s knowledge, there is only one work that achieved mediocre linearity

performance reported in the literature [22]. In the rest of this section, its operation principle

as well as advantages and disadvantages will be delineated thoroughly.

The class H operation mechanism proposed in [22] is illustrated in terms of its output

waveforms in Fig 3.13. S1-3 denote a set of switch control signals which will be explained

later. Switches are closed when the control signal becomes "High" which is denoted as H

in Fig 3.13. In this case a sinusoidal wave with amplitude much larger than the switching

threshold is used as input signal for a clear illustration. At the beginning of each sine wave

cycle, the input amplitude as well as the expected output swing are both small. The output
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stage supply VSUP is fixed as VDDL to save power, thus the output stage common-mode

voltage (VOCM) is clamped to half of VDDL to maximize the output swing. The operation

for the small signal level is the same as a class AB amplifier with low supply voltage of

VDDL. Hence these regions are denoted as "class AB mode" as shown in the figure. When

the amplitude of the sine wave increases further and the switching threshold is reached, the

class H mode operation kicks in and handles the operation for larger signal levels. It can be

observed from the figure that when it is on the edge of transition from class AB into class

H mode, one output node swings up to the value of VDDL-VDSAT while the other swings

down to VDSAT. If the system stays in the class AB configuration then the node swinging

downward will hit the ground level as input level keep increasing, which means clipping

of output occurs. The proposed solution switches VOCM directly to VDSAT once the class

H mode is triggered, and the node swinging downward will stay at the pre-defined value

VDSAT. On the other hand, the node that swings upward will have its gain doubled, hence

the differential mode gain is intact and at the same time the output CM biasing issue is

settled. The input amplitude during the class H mode is sensed and used as the reference

voltage for the dc-dc converter, whereby the converter outputs a input-tracking power supply

which is just one VDSAT above the ascending output node. Through this approach, although

the voltage waveforms at the two output nodes seem to be heavily distorted, the differential

voltage can be recovered.

Implementation of the core circuits of the amplifier is depicted in Fig 3.14. AMP1 serves

as a pre-amplifier stage which amplifies the audio input signals with predefined gains, the

amplified signals are then compared with the window comparators to generate the control

signals S1-4 for all the analog switches. The analog switches together with the resistive

voltage divider which comprises of R1 to R4 are designed to perform the gain doubling or

diminishing actions as mentioned previously. AMP2 and AMP3 are a pair of single-ended

class AB power amplifiers connected in the BTL configuration. AMP4 is used to generates

the reference voltage required by the dc-dc converter. As can be observed from the figure,
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Figure 3.14: Circuit-level implementation of the benchmark class H amplifier

the decision of which mode of operation is determined by the the comparators. Based on

the comparison results, the system reconfigures to enable the class H mode operation. For

different input signal levels, the system has different operation details as follows:

(i) When input signal amplitude is within the switching threshold, S1 and S2 are low

and S3 becomes high. With corresponding switches closed, the amplified differential

signals will go through resistive divider formed by R1, R2 and R3, R4 respectively. At

the last stage the signals are fed into the class AB drivers AMP2 and AMP3 which

are connected in the BTL configuration. By matching the two resistive divider ratios,

the gain seen from the two different signal paths, that is from Vin to Von and from

Vip to Vop will be equalized. The reference voltage to the buck converter will be

fixed at 1.4 V which is indeed the low-voltage supply VDDL. For this case, the system

operates like a normal class AB amplifier with 1.4 V supply at the output stage. The
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differential output voltage can be expressed as:

V OUT = V OP − V ON = V id ·APRE(
R3

R3 +R4
+

R2

R1 +R2
)

Where APRE is the gain of the pre-amplifier stage
(3.12)

(ii) When input signal amplitude exceeds the switching threshold, either S1 or S2 will

becomes high. For example, if S1 controlled switches are closed, amplified signal

through Vn will no longer see the potential divider and Vp will be connected to the

ac ground Vcm. If R1 and R2 are designed to be of the same value, the gain from

Vin to Von is now doubled compared to the case in (i) while the gain from Vip to

Vop is killed. This action allows the Vop to stay at a predefined dc level instead of

hitting the ground, at the same time the differential gain from (Vip - Vin) to (Vop -

Von) is unaffected. Under this case, the output voltage will be either Vin· APRE or

Vin·(-APRE) depending on the polarity of the signals.

From the above analysis we can notice that there is inconformity for the gain expressions

under different signal levels. When the signal amplitude is small at the beginning of each

cycle, the gain for class AB mode is correlated to the resistor ratios, while for class H mode

operation the resistive divider effect is bypassed and the resistor ratios are not present in

the expression. Thus in order to keep the uniformity of the gain and hence the fidelity of

the input signal, the following condition must be fulfilled:

R3

R3 +R4
+

R2

R1 +R2
= 1 or

R3

R4
=
R1

R2
(3.13)

For smaller input level the system remain its configuration as in case (i). Even though

the condition in (3.12) is not met the gain remains the same for each cycle. However, when

input amplitude becomes larger, for one sinusoidal cycle, the configuration of the system

will change constantly between case (i) and (ii), and all the three control signals will be ON
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and OFF in sequence within one cycle as shown in Fig 3.13 (where H means high and L

means low). The system sees three different circuit configurations within one cycle, thus the

differential gain is distorted by the switching activities. In real implementation, there will

be mismatch between the resistor ratios despite the efforts on careful layout. It is very hard

to control the matching of all the resistors as well as linearity performance of those analog

switches. Therefore the proposed topology compromises its linearity performance for the

class H operation. As can be expected, the measured THD+N ratio of the benchmark design

increases from 0.01% to 0.06% once the system operates in class H mode. In summary, the

benchmark work proposed a rough idea of how the single-rail supply class H amplifier works,

however, due to the constant change of the system configuration, linearity performance is still

not comparable to the class AB counterparts. In other words, the benchmark work designed

a good class AB amplifier but only a mediocre class H amplifier. The high linearity merit

of the amplifier is only valid when input signal level is small, and the high signal fidelity is

not preserved for all load conditions.



Chapter 4

Proposed Single-rail Supply Class H

Amplifier

4.1 System Level Illustration of Proposed Architec-

ture

In view of the design considerations for a class H amplifier, it is highly desired to have

a new class H architecture that can operate with single-rail power supply and yet does not

bring on additional distortion due to the innovation on the topology. Take a retrospection

of the class H design in [22], we can find that the major cause of added distortion during the

supply-tracking mode is due to the constant change of system configuration. However, it

seems that such circuit reconfiguration is indispensable in order to achieve the class H mode

operation. This is because the output CM level for low supply mode is fixed at half of VDDL

which is a improper value when the supply moves up with the increasing input amplitude. If

no action is taken, there will be clipping due to the incorrect output dc bias. As for a single-

rail supply class H amplifier, the fully-differential output stage must be applied to eliminate

66
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Figure 4.1: Proposed single-rail supply class H amplifier architecture

the dc decoupling capacitor. Therefore, an intuitive starting point to tackle this issue would

be modulating the output common-mode voltage (VOCM) of the differential amplifier.

In [22] the VOCM is switched between half of VDDL and one VDSAT depending on the

signal levels, thus the system configuration alters with VOCM accordingly. To avoid such

abrupt changes in system topology, a better idea would be making VOCM adaptive to the

input amplitude, whereby the output dc biasing point is correct all the time regardless of the

instantaneous input amplitude. This gives the inspiration of the proposed class H amplifier

architecture. Its detailed operation principle is to be delineated with the help of Fig 4.1 and

Fig 4.2 in the rest of this section.

Fig 4.1 depicts the block diagram of the proposed class H architecture. It comprises

three major building blocks, a fully-differential class AB power amplifier, an input amplitude

detection (IAD) block and a buck dc-dc converter. The balanced input signals are fed into

the IAD block and the class AB amplifier simultaneously. The IAD block will sense the input

signal amplitude and outputs a reference voltage VREF, which is to be used as the reference

voltage of the buck converter. Thus the buck converter output will be tracking this reference

level and is used as the supply voltage for the class AB amplifier output stage. The value
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of this reference level is manipulated so that the output of the dc-dc converter VSUP will be

either VDDL or input-tracking depending on the input signal levels. In order to maximize

the output swing, VOCM is defined as half the value of the instantaneous supply voltage

VREF. With the above definition, the common-mode feedback amplifier (CMFB) will sense

and adjust the output dc bias level of the class AB amplifier to VOCM. The key idea behind

the proposed architecture is that we embedded the input signal amplitude information into

the output CM level of the fully-differential amplifier. So that the gain seen from the two

signal paths are modulated to avoid the waveform clipping issue in a single-ended power

amplifier, at the same time the differential output voltage can still be recovered as the ac

signal in output CM voltage cancels out.

As shown in Fig 4.1, there are actually two signal paths within the system. The one

denoted with red line is the amplification path from input to the main amplifier output.

It is named as the fine gain because the high-gain feedback loop will be applied to ensure

the linearity, thus the closed-loop gain is well defined by the resistor ratios. The blue

path indicates the gain from the input to the input-dependent VOCM, to extract the input

signal amplitude, several processing stages are added along the path including rectification,

comparison, amplification and selection. Considering the distortion and latency along the

path, the linearity of the ac portion in VOCM is jeopardized as compared to the input. Thus

it is labelled as the coarse gain path.

For a better understanding of the proposed architecture, the waveforms of the pertinent

output nodes are plotted in Fig. 4.2. In this figure, a sinusoidal wave with sufficiently large

amplitude to trigger the class H mode operation is used to illustrate the operation principle

of the system. When input signal amplitude is small and the two output nodes swing within

the range of VDSAT to VDDL-VDSAT, the operation of the system is similar to the benchmark

design, which is a fully-differential class AB driver with an output stage supply of VDDL.

Under this condition, the buck converter output is also fixed to VDDL. When the input

amplitude increases and output nodes swing beyond that range, same problem occurs as the
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Figure 4.2: Waveforms of the pertinent output nodes of the proposed class H amplifier
architecture

node swinging downward is going to hit the ground level. For this scenario, the input ac

signal amplitude is extracted out and embedded into the output CM level VOCM so that it

becomes input-dependent. As shown in Fig 4.2, the ac gain in the VOCM signal will be added

to each output node. The values of the fine gain and the coarse gain are then equalized by

using the same feedback resistor ratios. Therefore, the node which is supposed to swing

up will see its ac gain almost doubled while the other output node will see its gain almost

neutralized. The word "almost" used here indicates there is mismatch between the fine and

coarse gain. However, critical matching between the two gain paths is not necessary as the

purpose of an input-dependent VOCM is only meant for avoiding waveform clipping. For

instance, in Fig 4.2, when the system enters supply-tracking mode for the first time, VON

is supposed to have its ac gain cancelled out and stays flat at the level of VDSAT. Due to

mismatch of the two gains, VON may stays at some levels close but not equal to VDSAT.

However, the value of VON under such circumstance only affects the headroom voltage of

the NMOS power transistor, whose performance is insensitive to minuscule change on its
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drain-to-source voltage. On the other hand, the differential output VOUT is intact as the ac

signal through the coarse gain path will be eventually cancelled as CM signals. As a result,

the design requirement on the IAD block design is relaxed and its power consumption can

be reduced.

Table 4.1: Nodal voltage expressions for the proposed class H architecture

Input Con-
dition

|Vin|≤ VTH Vin>VTH Vin<-VTH

Operation
Mode

Class AB Class H(Positive) Class H(Negative)

Buck Out-
put (VSUP)

VDDL 2VDSAT+Acoarse|Vin| 2VDSAT+Acoarse|Vin|

Output
CM Level
(VOCM)

1
2
· VDDL VDSAT+1

2
· Acoarse|Vin| VDSAT+1

2
· Acoarse|Vin|

Negative
Output
(VON)

1
2
(VDDL-

Vin·Afine)
VDSAT-12Vin(Afine-
Acoarse)

VDSAT-
1
2
Vin(Afine+Acoarse)

Positive
Output
(VOP)

1
2
(VDDL-

Vin·Afine)
VDSAT-12Vin(Afine-
Acoarse)

VDSAT-
1
2
Vin(Afine+Acoarse)

Differential
Output
(VOUT)

Afine·Vin Afine·Vin Afine·Vin

Table 4.1 summaries the nodal voltage expressions of the class H amplifier under dif-

ferent loading conditions. It can be observed that for output nodes VON and VOP, due to

the mismatch between the fine gain Afine and the coarse gain Vcoarse, the ac signal gain at

the two nodes are not truly doubled or neutralized. However, the differential output VOUT,

the output CM voltage cancels out and the ac gain expression is kept uniform throughout

different loading conditions. Therefore, there will be no additional distortion generated due
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to different modes of operation and better THD+N performance can be expected for class H

mode. Another benefit acquired from the design is that the output CM voltage is changing

in a more smooth manner as compared to the benchmark design whose output CM volt-

ages switches between two discrete values. Last but not least, the system complexity of the

proposed class H architecture is much reduced, leading to much smaller quiescent power

consumption of the system.

4.2 Design Considerations for Each Functional Block

As mentioned in the previous section, the system comprises two major building blocks,

the main class AB fully-differential amplifier and the input-tracking dc-dc converter. Some

design challenges associated with the proposed class H architectures are to be discussed in

the rest of this chapter.

4.2.1 Enhancing Linearity of The Fully Differential Amplifier

For recent designs of both linear and switching amplifiers, a closed-loop structure with

high in-band loop gain is widely employed to reject nonlinearity and retain high signal

fidelity [4, 7]. According to the feedback theory, any nonlinearity injected along the signal

path will be suppressed by the gain of the prior stages. Therefore high loop-gain is always of

great help in feedback amplifier designs. This principle also applies for the proposed class H

amplifier. There are three main sources of nonlinearity for the adaptive supply amplifier, the

device mismatch, the disturbance injected from the varying output CM voltage level and the

supply noise. The first one is seen in all types of amplifier design which can be mitigated

by careful layout and application of feedback. The second type of disturbance is unique

for single-rail adaptive supply power amplifiers. In methods [22, 36] the output CM level is

switched constantly to enable the amplifier's operation with single-rail supply. These abrupt
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changes on output CM level will lead to high frequency spikes at the output nodes and bring

in more distortions. For the proposed design, the input signal is embedded into the output

CM level which means there will be no sharp step changes in the output CM level. Thus

less higher order harmonics can be coupled to the outputs. The last one is usually referred

as the power supply rejection ratio (PSRR). For an adaptive supply amplifier, the supply

at the output stage is from a dc-dc converter and can be very noisy due to the switching

ripples. The supply of a class G amplifier sees steep and frequent switching between two

supply rails which incorporates high frequency components with relatively large amplitude.

These harmonics can be directly coupled to the output nodes through the large parasitic

capacitances which are associated with the power transistors and hence result in spikes

during mode switching. Unlike class G amplifiers, the supply of the class H amplifier moves

in a smoother manner as its ac signal frequency is within the audio signal band. Therefore,

the output of a class H amplifier should be cleaner than that of the class G. Besides the

adoption of high-gain feedback loop, the symmetry of the fully-differential amplifier also

have a critical impact on the PSRR performance.

Under the ideal condition where the perfect matching for all the devices including

transistors, resistors and capacitors is achieved, the two signal paths in the fully-differential

amplifier can be considered symmetrical. Therefore, the supply noise which is applied to the

differential output stages simultaneously can be treated as a common-mode signal, and will

get cancelled out for the differential output signal. Thus theoretically, the PSRR of a differ-

ential amplifier is infinity. However, such ideality is never the case in real implementation

due to imperfect matching of the two signal paths. Here the effect of component matching

on PSRR will be analyzed. The ac signal flow diagram of he proposed single-rail supply

class H amplifier is shown in Fig 4.3.

The diagram briefly depicts how the supply noise is added to the fully differential

amplifier by treating the amplifier as two balanced half circuits. Unlike a normal differential

amplifier, the class H amplifier has its input stages supplied by a relatively clean power
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Figure 4.3: Signal flow chart of the proposed class H amplifier for PSRR analysis

source, while its output stages are supplied by the relatively noisy power converter. Therefore

the main source of disturbance from the supply is coming from the output stages. Here the

two different signal paths are labeled as a and b which also apply to the input and feedback

resistors. The amplifier is connected in a closed-loop configuration with its gain defined as

R2/R1. The open-loop gain of the amplifier is denoted as Aa/b as in the red box. APa/b

shows the supply noise gain from the output stage supply to the corresponding output node.

For testing of PSRR, the input signals are grounded, and the output differential voltage

across the load over supply noise can be expressed as:

V out+ − V out-

V sup
=

APa

1 +Aa · R1a
R1a+R2a

− APb

1 +Ab ·
R1b

R1b+R2b

(4.1)

By assuming the loop gain of the amplifier is much greater than 1, the expression can

be reduced to:
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V out+ − V out-

V sup
=

APa

Aa · R1a
R1a+R2a

− APb

Ab ·
R1b

R1b+R2b

(4.2)

In the above expression, APa/Aa is basically the open-loop supply rejection ratio of

the half circuit. In real implementation, the signal paths of the two half circuits can not be

perfectly matched hence there is definitely mismatch between this two ratios. For a simple

derivation, the variation of the rejection ratio of path b with respect to path a is denoted

as α, the above equation can be further extended to:

V out+ − V out-

V sup
=
APa

Aa
· (1 +

R2a

R1a
)− APa

Aa
· (1 + α)(1 +

R2a

R1a
)

=
APa

Aa
· [R2a

R1a
− (1 + α)

R2b

R1b
− α]

(4.3)

It can be observed from the equation that both the symmetry of the feedback resistor

network and the amplifier structure play a role in determining the PSRR of the differential

amplifier. Due to the huge geometric ratio of the power transistors, the matching of the

output stages can hardly be guaranteed or predicted. Therefore, to achieve better PSRR

with the existing gain mismatch, the resistor ratios of the feedback networks should be better

matched. As compared to single-ended amplifier, the expression inside the bracket is still

much smaller than the resistor ratio value itself which shows the advantage of better PSRR

for a differential amplifier. As inferred from the above analysis, to enhance the PSRR of

the fully differential amplifier, the open-loop gain of the system should be maximized, the

matching of the fully differential amplifier as well as the feedback resistor ratios should be

accurately matched.

4.2.2 Latency Between the Coarse and Fine Signal Paths

One key challenge in design of adaptive supply amplifier is the latency issue of the power

supply unit. As shown in Fig 4.1, there are two different signal paths the fine gain and coarse
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Figure 4.4: Simulated waveforms of the proposed class H amplifier with latency in-
cluded

gain paths meant for signal amplification and adaptive supply generation respectively. The

signal processing through these two paths are conducted at the same time, under the ideal

condition when there is no delay through those analog building blocks, the event of input

signal level exceeding class H threshold, output CM voltage becoming input-adaptive and

buck converter output becoming input-adaptive should all happen simultaneously. However,

under real cases, there is latency between the real-time input signal and the sensed refer-

ence voltage which indicates the amplitude of the signal level. Moreover, when the sensed

reference voltage is used for the buck converter, it also needs response time for the buck

converter to adjust its output voltage. Therefore, it is evident that there exists delay time

between the main amplifier and the power supply module. During the increasing phase of

the input signal, if the output swing of the amplifier keeps on increasing while the output

stage supply voltage remains low as VDDL due to this delay, the headroom voltages of the

power transistors are going to be further reduced and possibly leads to clipping of wavefor-

m. Fig 4.4 depicts the simulated waveforms of the proposed architecture with this latency

included.



CHAPTER 4. PROPOSED SINGLE-RAIL SUPPLY CLASS H AMPLIFIER 76

The simulation uses a input signal of 2 kHz, and a delay time of 5 µs from Vin to VOCM

and VSUP. It can be noticed that when the threshold of mode switching is reached, that is

when one output node exceeds the value of VDDL-VDSAT, VSUP and VOCM should have the

input amplitude embedded and becomes input-adaptive. However, due to the added delay

time, these two voltages stay at VDDL and half of VDDL respectively. As a consequence,

the drain-to-source voltages left for both power transistor are squeezed which threatens the

linearity performance of the amplifier output stage. In fact, apart from the gain mismatch

between the fine and coarse gain paths, there is also a phase difference between them. As

the latency is relatively fixed considering the physical circuit realization, this problem gets

exacerbated as the frequency of the input signal increases. This is because as the frequency

goes up, the relative phase difference between these two signal increase. Thus the worst

case scenario for this issue should be tested with input signal of 20 kHz which is the upper

boundary of the audio signal band.

To tackle this problem, various approaches had been implemented. One straightforward

solution is to delay the audio input that is fed into the linear amplifier, therefore an additional

delay time is added to the amplifier module [22]. The drawbacks of this solution is that it is

still very hard to match this newly-added latency with the one of the power supply module,

if it is over compensated similar issue will occur when the system is switching back from

class H to class AB mode. Besides, the additional amplifier consume extra power and maybe

more importantly, the distortion generated will jeopardize the linearity performance of the

amplifier. A more popular and effective way used among those commercial products is to

manage the delay in the digital domain as the audio signal is originally in the digital format

before it is converted by the audio digital-to-analog converters (DAC). A good representation

of such approach is illustrated in Fig 4.5 [4].

The magnitude of input signals is sensed and compared in the digital domain with a

threshold voltage. A finite state machine (FSM) takes the comparator outputs to generate
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Figure 4.5: Control scheme of a class G audio amplifier with added latency

the signal that triggers the mode switching of the charge pumps. The latency is also gener-

ated in the digital domain which delays the input signal to the output driver and enables the

predictive signal detection. This scheme achieves excellent prediction on the mode switching

activities for an adaptive supply amplifier as it is more convenient to process and manipulate

the data in the digital domain. However, the cost is that additional signal processing blocks

are added which increases the system-level power consumption as well as design complexity.

Moreover, the digital signal processing blocks are generally not easy to implement for an

analog designer.

In order to mitigate this latency issue without the assistance of digital circuits, the

design of headroom voltage VDSAT has to be reconsidered. In chapter 3, the selection of

VDSAT is only subjected to the consideration of power efficiency. However, as can be seen

from Fig 4.5, a larger headroom also gives better tolerance to the latency, thus sufficient

value should be given to VDSAT. On the other hand, increasing VDSAT also decreases the

overall power efficiency. To maintain a decent power efficiency plot that is comparable

to class D amplifier, more effort should be put to reduce the latency of the power supply
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unit. Therefore, as a key design requirement, the buck converter used in the proposed

architecture should feature ultra-fast reference-tracking capability to allow the output stage

supply voltage quickly settle to the desired level.



Chapter 5

Circuit Implementation

5.1 Architecture of Class H Power Amplifier

In the previous chapter we proposed a novel class H amplifier architecture with single-

rail power supply, the concept of which is shown in Fig 4.1 in terms of block diagrams. In

this chapter we will look into the details of the realization of each block of the system. The

blocks in Fig 4.1 can be further crystalized as in Fig 5.1.

For the whole system, the single positive supply VBAT will be used as the only power

source, which mimics the Lithium-ion battery used for a typical mobile device. The nominal

value of VBAT is defined as 3.3 V, as the real voltage range for a Li-ion battery is from 2.8

V to 4.2 V, these two extreme conditions will also used for testing. Input signals fed into

the system first will be decoupled by the dc decoupling capacitors, this is to remove the dc

bias level from the preceding processing unit which may be a DAC or a pre-amplifier. The

Input Amplitude Detection (IAD) block senses and extracts the amplitude information of

the current signal level. Based on its decision, it will output a reference voltage to both

the CMFB amplifier as well as the buck converter. The buck converter will then adjust its

output voltage to the desired level within its settling time, and together with the modulated

79
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Figure 5.1: System-level architecture of the proposed class H amplifier

output CM voltage, the voltage drop across the strongly conducting power transistor in the

class AB output stage will be optimized to the predefined level VDSAT. Therefore the power

efficiency is much improved compared to a conventional fixed-supply class AB amplifier.

In the following sections of this chapter, the design details of each building blocks will be

delineated.

5.2 Fully-differential Class AB Amplifier

5.2.1 Overview

The linearity performance of the class H amplifier is still embodied by the linear ampli-

fier, thus the design of the class AB amplifier becomes paramount for the class H architecture

to achieve high signal fidelity. As only single-rail power supply is used in this design, the

fully-differential structure is required to eliminate the dc decoupling capacitors. Fig 5.2

depicts the block diagram of the desired three-stage fully-differential class AB amplifier.

For the concerns of signal gains, as discussed in the preceding chapters, a linear feedback
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Figure 5.2: Block diagram of the fully-differential class AB amplifier

loop with high loop-gain is always preferred for better suppression to the nonlinearity and

distortions that are injected into the system. For audio amplifiers, the loads of which are

usually of small resistor values. For instance, a typical headphone load exhibits resistive

load like 16/32Ω together with inductive and capacitive loads. Under the dc condition, the

gain contributed by the output stage is even less than 1. Therefore, to ensure large enough

open-loop gain of the amplifier, the number of stages needs careful consideration. For deep

sub-micro CMOS process, with the shrink of channel length the transistors are becoming

faster but with a penalty of smaller dc gain. A folded cascode structure is normally used for

the input stage as it can extend the input CM range, the gain for a typical folded cascode

stage is around 70 dB [37]. A two-stage topology results in only around 50 to 60 dB open-

loop gain with the output stage considered. To boost up the open-loop gain more stages can

be cascaded, however, increasing of stages does not necessarily extend the Gain Bandwidth

(GBW) of the amplifier due to the Miller compensation. Thus a three-stage is usually the

upper limit as further increase in the stage will bring on more trouble in compensating the

amplifier [16]. In our realization of the amplifier, a three-stage topology is adopted. It

consists of a input stage, a class AB biasing stage and two output stages. The amplifier is

connected in closed-loop configuration with its gain defined by the resistor ratios. Serving

as the output stage driver, the closed-loop gain of the amplifier is usually small, some design
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even adopts a unity-gain feedback configuration [30]. In this design, the closed loop gain is

set to be 2.

Unlike the conventional class AB amplifier design, the output stage supply of this

amplifier is from the output of the buck converter. While for the two preceding stages, the

battery voltage is used. Therefore, the structure of the class AB stage must be carefully

design to cater to the different voltage domains used for the different stages. Having the

largest current driving capability among all the stages, the output stage also occupies most of

the area and consumes most of the quiescent power as well. Therefore, it is always beneficial

to have a lower VDDL for the quiescent power will be reduced proportionally. However, the

large geometric ratios of the output stage make it difficult for a good control of the quiescent

current. This poses the design challenge and limitations on the class AB amplifier.

Last but not least, the bandwidth of the CMFB loop must be carefully designed. In this

case, the CMFB not only defines the dc operating point of the differential output node, it also

serves as an additional input signal injection point where the input amplitude information is

embedded into the output CM level. Thus to cope well with a audio frequency band signal,

the bandwidth of the CMFB loop must be much larger than the upper boundary of the

signal band and stability of this loop must also be ensured.

5.2.2 Input Stage

The input stage of the amplifier is realized using the folded cascode structure as shown

in Fig 5.3. The benefit for using this structure is the extended input CM range so that the

gain of the class AB driver can be reduced. Transistor M1 and M2 form the input differential

pair which are the most critical ones in the amplifier design. For better matching, these two

transistors are broken into even number of fingers and laid out using the common centroid

layout technique to minimize the offset voltage. The size of the input transistors are enlarged

for better 1/f noise suppression. The highest thermal noise contribution is from the bottom
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Figure 5.3: Transistor-level implementation of the input stage

NMOS current source pair M3 and M4. Having the largest amount of current flowing

which equals to the sum of the currents in the two upper branches, M3 yields very large

transconductance and hence outweighs the other transistors when calculating the input-

referred noise. In order to minimize the ratio of gm3/gm1, the input transistor are designed

wide to increase their transconductance for a fixed current consumption budget. For the

same reason, M3 and M4 are designed very long to minimize the transconductance.

Additionally, the current distribution ratio are designed to be asymmetric in the M5

and M11/12 branch. For normal design, to ensure equal slew rate for different phases, it

is usually a rule of thumb to design the current in M1 and M11 to be the same. In our

design, since the input audio signal does not exhibits fast changing rate like a step signal,

the current ratio for M1 to M11 is designed as 4:1. Thus the gm3/gm1 ratio can be further

reduced as now I1 is now 80% of I3. The biasing voltages VBN1, VBN2, VBP1 and VBP2 are

generated with a standard supply independent constant-gm biasing circuit. Due to the fully

differential structure, the CM voltage of the first stage output needs to be defined. This

is done by a CMFB circuit which will be explained in detail later on. The sizing of each
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Table 5.1: Transistor geometric ratios of the input stage (unit in µm)

Transistor Label Finger count×(Width/Length)
M1,2 32×(7.5/0.6)
M5 64×(1.5/1)

M11,12 8×(1.5/1)
M9,10 8×(1.5/1)
M1,2 32×(7.5/0.6)
M7,8 8×(2.4/1.4)
M3,4 40×(0.6/3)

transistor of the first stage is shown in Table 5.1.

5.2.3 Class AB Output Stage

The second stage of the amplifier not only serve as an additional gain stage but also the

biasing circuitry for the output power transistors. Thus although they are still two separated

stages, they will be analyzed as a whole in this section. Based on the analysis of the class

AB output stage in chapter 2 as well as the operation of class H topology in chapter 4, the

desired properties of the class AB output stage can be summarized as below:

(i) Low minimum operating supply voltage VDDL

(ii) Well controlled quiescent current IQ

(iii) High in-band (up to 20 kHz) gain

First, the minimum operating supply voltage is defined as the lowest value of VDDL

that is applicable without pushing all the pertinent transistors out of their correct operating

region. For example, the minimum VDDL for the topology in [13] equals to 2VGS+VDSAT due

to the stacked diode-connected transistors. If this voltage is further reduced, the translinear

loop which defines the quiescent current will be affected, at the same time the headroom

voltage for the current source transistors will be reduced which jeopardize the gain of that
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Figure 5.4: Schematic of the class AB output stage

stage. However, a lower VDDL can always give better overall power efficiency for a class

H amplifier. Secondly, the quiescent current at the output stage contributes most of the

current consumption of the amplifier, therefore a good control on the power transistor gate

biasing voltage is required. Last but not least, the class AB stage should also be able to

provide gain as high as the input stage, thus even with the small voltage gain of the output

stage the high open-loop gain can still be preserved.

Based on the above analysis, the schematic of the class AB output stage is developed

and depicted in Fig 5.4. The input signal is from the first stage output as in Fig 5.3.

M1 and M2 forms an inverting stage with unity gain, thus with the subsequent inverting

class AB biasing stage, the polarity of the second stage becomes non-inverting. Transistor

M4-9 make up a differential pair which regulates the gate voltages of the power transistors

MP and MN. Note that the input ac signal is actually injected as a CM voltage from

the perspective of the differential pair, which satisfies the push-pull effect required by the

class AB output stage. M10-14 form the circuitry that senses the minimum current flowing

in the weakly conducting transistor, together with the differential pair a local feedback
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Table 5.2: Transistor geometric ratios of the class AB output stage (unit in µm)

Transistor Label Finger count×(Width/Length)
M3 4×(0.6/3)
M10 4×(0.6/6)

M11,12,13 4×(18/0.5)
M14 2×(18/0.7)
MP 600×(18/0.5)
MN 300×(18/0.7)

loop is constituted which compares and regulates the quiescent current with respect to

the predefined reference current. With the feedback control mechanism [18], the quiescent

current for different loading conditions is accurately defined. In this design, the scaling

factor between the output power transistor MP/N to the sensing transistor M11/14 is set to

150. The reference current is generated from the biasing circuitry and is designed to be 4

µA, thus the expected quiescent current for each output stage is defined as 4 µA·150 = 600

µA. The transistor geometric ratios for several key transistors are shown in Table 5.2.

The minimum operating voltage VDDL of the output stage can be defined by the largest

headroom voltage seen from each path from VSUP to ground level. It is evident that this

VDDL is now constrained by the voltage swing at VP instead of VN due to the much higher

supply voltage VBAT applied to the second stage. The minimum VDDL is hence defined by

the path comprised of transistor MP, M5 and M4 which equals to VGS+2VDSAT. The VDSAT

here stands for the headroom voltages for M4,5, further reduction of VDDL will push these

two transistors into triode region and the high-gain property of the second stage is ditched.

The adopted class AB biasing also demonstrate high gain for different loading condi-

tions. For small ac input, the class AB biasing works as a cascode structure from the input

to VP and VN, thus the gain of the second stage is in terms of gmro2. Thus the open-loop

gain of the amplifier can easily reach more than 100 dB even with the gain of the output

stage being much smaller than 1. Under large signal transient, the input signal is like CM

voltage to both VP and VN. For the node which is supposed to drive the strongly conducting
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power transistor, its connection to the local feedback loop will be cut off, resulting in high

gain to provide large gain voltage swing. While for the node driving the weakly conducting

transistor, the local feedback loop will fight against the input ac signal. thus the voltage

at this node will not keep increasing/decreasing to completely switch off the power tran-

sistor. Instead it will be regulated to ensure that a certain amount of current is flowing in

the weakly on power transistor. Besides, a second CMFB loop is adopted to boost up the

response of the CMFB loop, the injection of this CM control signal is through the gate of

M9 which serves as the top current source. The trade-offs on selecting the current budget

are also analyzed here. The quiescent current in the power transistor is mainly determined

by the size of the device. If the device is too small, the overdrive voltage required during

peak current sourcing or sinking will become large. On one hand, this will make the power

transistor easily enters triode region when its headroom voltage is small. On the hand, the

proceeding stage will also be stressed as the headroom for the bottom cascode structure

shrinks. Both will jeopardize the linearity performance of the amplifier and results in a

worse THD+N. Moreover, the ratio between the biasing branch to the power stage cannot

be designed to small as large ratio will make the transistor matching to be more difficult.

The biasing currents spent in each branch are highlighted in red as in Fig. 5.4.

5.2.4 Frequency Compensation and CMFB Circuitry

The class AB amplifier used in this design adopts a three-stage topology, thus the

frequency compensation is to be discussed for a stable operation. Miller frequency compen-

sation (MC) is a widely used compensation technique for two-stage operational amplifier

and is also referred as the "pole splitting" technique [38]. It is also theoretically extendable

to the application on multi-stage amplifier topologies. However, due to the gain and power

trade-off, it is most extensively studied for the three-stage topology, and is usually referred

as the Nested Miller Compensation (NMC) [39–41]. The NMC is usually criticized for its

significant reduction on the GBW of the amplifier as well as the requirement for very large
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Figure 5.5: Topology of the three-stage NMC amplifier

transconductance gm at the last stage [42]. It is also considered weak when driving large

capacitive load up to few nF. Hence extensive research works have been done on the de-

velopment of novel frequency compensation techniques for low power designs [43–46]. The

design in [19] achieves driving a capacitive load up to 22 nF. However, in the author’s point

of view, the NMC is still competitive for audio amplifier design. First, the audio amplifier

has an output stage with gigantic current driving capability, therefore the requirement of

large output stage gm can be easily met. Secondly, due to the large output stage gm, the size

of the frequency compensation capacitors as well as the maximum output capacitive load

are both within the acceptable range. Hence it is arguable to apply complicated frequency

compensation techniques to boost the capacitive load driving capability to a level that is

impractical large. In this design, for less circuit complexity, the NMC technique is adopted

for the three-stage class AB amplifier.

The topology of a typical three-stage NMC amplifier is depicted in Fig 5.5, where the

roi and Cpi represent the output resistance and capacitance associated with the output

of each stage. Cm1 and Cm2 are the two compensation capacitors. By applying KCL at

different output nodes of the NMC small-signal circuit, the open-loop transfer function can

be derived. For an audio power amplifier design, the following assumptions are valid. First,

the output stage transconductance is much larger than its two preceding stages. Secondly,
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the compensation capacitor as well as the load capacitor are much larger than the output

capacitors in the intermediate stages. Thus the transfer function of a three-stage NMC

amplifier can be expressed as follows:

ANMC(s) =
gm1gm2gm3ro1ro2RL(1− s · Cm2

gm3
− s2 · Cm1Cm2

gm2gm3
)

(1 + sCm1gm2gm3ro1ro2RL)[1 + s · Cm2(gm3−gm2)
gm2gm3

+ s2 · Cm2CL
gm2gm3

]
(5.1)

The transfer function can be divided into two parts, the first part is the dc gain times

the dominant pole response which is the desired frequency response for a stable one-pole

system. The second part is a biquadratic term having second order terms in both the

numerator and denominator. The numerator describes the locations of the zeros. By noting

that the negative coefficient of s2 terms, we can conclude that there are one Left Half Plane

(LHP) zero and one Right Half Plane (RHP) zero, and the RHP zero stays at lower frequency

as the s term is also negative. In a two-stage MC amplifier, the existence of the RHP zero,

which is due to the feedfoward signal path through the Miller capacitor, degrades the Phase

Margin (PM) and shall be eliminated by compensation techniques. However, this RHP zero

effect is mitigated in a three-stage topology with a power output stage as the last stage.

This is due to the large value of gmL, as can be seen from the expression, the large gmL

leads to small coefficients of the second order term. Thus the feedfoward effect of Cm1 and

Cm2 only occurs at very high frequency. For the denominator side, both the s2 and s term

show positive coefficients. However, this is under the condition that gmL � gm1,2. If this

condition is not met, the (gmL−gm2) of the s term in the denominator will reduce and hence

reduces the damping factor of the second order function. Due to small damping ratio of the

complex pole pairs, a drastic drop in phase plot and a peaking in gain plot can be observed

which make the amplifier instable. In summary, the large value of gmL is required for a stable

NMC three-stage amplifier. It is indeed a concern for normal low power amplifier designs,

however, due to the power output stage this condition can be easily obtained for an audio
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power amplifier. Therefore, the simple NMC scheme is adopted to avoid unnecessary circuit

complexity. Based on the above assumptions, the transfer function of a NMC amplifier can

be further rewritten as:

ANMC(s) =
gm1gm2gm3ro1ro2RL(1− s · Cm2

gm3
− s2 · Cm1Cm2

gm2gm3
)

(1 + sCm1gm2gm3ro1ro2RL)(1 + s · C2
gm2gm3RL

+ s2 · C2CL
gm2gm3

)
(5.2)

C2 in the above equation is a new definition from the conventional design. For con-

ventional analysis [42], it is assumed that the Miller capacitors Cmi(i = 1, 2, 3...) is much

larger than the parasitic capacitance associated to the output node of each intermediate

stage Cpi(i = 1, 2, 3...). Plus the Miller effect, the equivalent capacitance due to Cmi seen

at the input is much larger than these junction capacitances. Thus Cpi is usually neglected

during the derivation. However, in the case of an audio power amplifier, the expression will

be a little different. First, as mentioned before due to the small resistive load at the output

stage, the gain of the last stage is much smaller than 1. The Miller effect which boost the

equivalent capacitance is no longer valid under quiescent state. Secondly, the power transis-

tors are designed with huge geometric ratios which results in large junction capacitance. For

instance, the power PMOS used at the output stage shows a junction capacitance of around

40 pF under quiescent state. Combining these two factors we can find that the equivalent

capacitance C2 seen at the second stage output is no longer dominated by the value of Cm2

which is usually in the term of few pF. Instead it is the sum of all sorts of capacitances seen

at that node. In order to control the time constant of that node, the value of Cm2 must be

increased to a few 10s of pF to show significantly its effect. Thus the analysis of stability

will slightly differ from the conventional analysis of a three-stage NMC amplifier.

Due to large value of gm3, the effects of zeros in the numerator only occur in relatively

high frequency and can be ignored. Hence the stability criteria simply relies on the second

order term in the denominator of equation (5.2) which determines the locations of the two
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non-dominant poles. The roots for the quadratic term can be found by equating it to 0:

1 + s · Cm2

gm2gm3RL
+ s2 · Cm2CL

gm2gm3
= 0

Hence, s = − 1

2CLRL
± 1

2CLRL

√
1− 4gm2/C2

1/(gm3RL2CL)

(5.3)

The condition that the load capacitor CL is much greater than the parasitic capacitance C2

is no longer valid as aforementioned. Thus its effect cannot be neglected any more. It is easy

to find that the term under the square root function in equation (5.3) is always positive,

thus the expression introduces two real poles on the LHP. The pole at higher frequency is

very close to 1/(2πRLCL) which is indeed the pole at the output stage, while the lower

frequency pole is dependent on the values of gm2, gm3 and C2.

For this design the gains generated from the first two stages are approximately 82 dB,

and 63 dB respectively. gm3 of the last stage is designed to be 8.35 mA/V, resulting in a

gain of -17.5 dB under quiescent state. The three-stage topology exhibits a dc open-loop

gain of 127 dB. Suppose the compensated gain plot of the amplifier behaves like a first-order

system, and the GBW of the amplifier is selected to be one decade before the frequency

of the output pole, the dominant pole frequency is determined as around 2.2 Hz. The

compensation capacitor Cm1 is calculated to be around 1 pF. Thus the expressions of the

poles and zeros for the NMC compensated three-stage class AB amplifier is summarised in

Table 5.3. By substituting the real numbers into the expressions, the frequencies for each

pole and zero can be calculated as shown below:

It can be observed from the table that due to the large parasitic capacitance at the second

stage output, a LHP pole p2 exists well within the GBW. As a result, an additional 90° of

phase drop is added and the PM of the amplifier is reduced. The output pole is not a big

issue as it locates well beyond the GBW. The pair of zeros with one locate at RHP and one

at LHP move around the value of gm2/2Cm1 which is also not a big concern. To stabilize
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Table 5.3: Pole and zero expressions and locations in frequency scale for the NMC
compensated amplifier

Poles/Zeros Frequency
p-3dB=− 1

gm2gm3ro2RLCm1ro1
-2.2 Hz

p2=− 1
2CLRL

+ 1
2CLRL

√
1− 4gm2/C2

1/(gm3RL2CL)
-94.27 kHz

p3=− 1
2CLRL

− 1
2CLRL

√
1− 4gm2/C2

1/(gm3RL
2CL)

-49.74 MHz

z1=− gm2
2Cm1

+
gm2
2Cm1

√
1 +

4gm3Cm1
gm2C2

+19.6 MHz

z2=− gm2
2Cm1

− gm2
2Cm1

√
1 +

4gm3Cm1
gm2C2

-47.76 MHz

the amplifier the effect of the first non-dominant pole p2 must be eliminated. This can be

done by either pushing the pole to a higher frequency beyond the GBW or by introducing

an LHP zero that realize a pole-zero cancellation. For the first method, we noticed that in

the expression of p2, the closer the term inside the square root function is to 1, the smaller

the pole frequency will be. Thus pushing this pole to a higher frequency by means of either

increasing gm2, gm3, RL and CL or through reducing C2. RL and CL are fixed value external

components, increasing gm3 will increase the quiescent power of the output stage as well as

the size of the power transistors. C2 is also dominated by the size of the power transistor.

The only doable method is by increasing gm2, however, its effect is still limited as in order

to push this pole output GBW the value of gm2 has to be increased to be even larger than

gm3 which is totally unreasonable. Thus the only feasible approach is by introducing a LHP

zero to realize the pole-zero cancellation.

Recall the design of a two-stage amplifier, a nulling resistor is used to block the feed-

forward path and push the RHP zero to the LHP. Similar concept can be applied to a

three-stage topology to create a LHP zero. In a three-stage power amplifier, due to the gain

from the second stage as well as the large transconductance at the output stage, this RHP
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Figure 5.6: Schematic of the class AB output stage

zero due to feedforward from the compensation capacitor is pushed beyond the frequency

of interest. However, this zero can still be controlled by the value of the nulling resistor

and used to improve the phase margin. The block diagram of the Nested Miller Compensa-

tion with Nulling Resistor (NMCNR) is depicted in Fig. 5.6. The transfer function of the

amplifier with NMCNR compensation scheme is derived as below:

ANMCNR(s) =
gm1gm2gm3ro1ro2RL[1 + s · (Rm1Cm1 +Rm2Cm2) + s2 · (Rm1Cm1Rm2Cm2)]

(1 + sCm1gm2gm3ro1ro2RL)(1 + s · C2
gm2gm3RL

+ s2 · C2CL
gm2gm3

)

(5.4)

As shown in equation (5.4), a LHP zero at the frequency of 1/(Cm1Rm1) is created. In

order for a pole-zero cancellation the frequency of this z1 should be designed to the proxy of

p2 which is around 100 kHz. The frequency of the pole and zero does not have to be exactly

the same as they are meant for frequency compensation purpose, in fact it is advantageous

to design the zero frequency slightly higher than the pole that it needs to match. By doing

so, the gain plot of the amplifier will drop with a slope even steeper than 20 dB/decade

after reaching the pole frequency. Thus the gain crossing point will be pushed to a lower

frequency, it lowers the risk that the PM of the system to be jeopardized by higher frequency

poles or RHP zeros and also increases the Gain Margin (GM). At the same time, the gain
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for the frequency of interest (audio frequency band) is not affected and the introduced LHP

zero will push the PM back to ensure stability of the system. For this reason, the introduced

LHP zero is placed at 4 times the frequency of p2 which is about 400 kHz. Thus the value

of the nulling resistor can be acquired as around 400 kΩ. The realization of this resistor

is by using the p-type poly resistors available in this process. According to the technology

specification, the tolerance of the sheet resistance values for three resistor options are ±8%,

±15% and ±20% respectively, while the value of the sheet resistance is too small for the ±8%

high accuracy resistor. Thus considering both the resistor variation and occupied area, the

resistor with moderate tolerance and sheet resistance value is selected. Since the value of the

nulling resistor is critical to the effect of pole-zero cancellation and hence directly dictates

the stability of the amplifier. Its variations to different process corners must be taken into

account. Consider a tolerance of ±20% for the resistor value, stability simulations of the

amplifier are carried out for nulling resistor ranging from 320 kΩ to 480 kΩ. The results are

illustrated with Bold plots as in Fig 5.7.

It can be observed from the figure that for different values of nulling resistors, the

locations of the introduced LHP zero moves accordingly. As the main purpose of this zero

is to push back the PM, the exact pole-zero cancellation is not necessary. The mismatch

causes a trench in the phase plot as in Fig 5.7, and it is soon recovered by the effect of LHP

zero. PM of more than 75° can be achieved considering the worst corners of the passive

component used. PM of the amplifier with different nulling resistors are shown in Fig 5.8.

The GBW of the amplifier increases almost linearly as the increase of the nulling resistor,

this is because the smaller the nulling resistor the higher the zero frequency will be and

hence the gain will drop more quickly during the "trench region". Thus the gain crossing

point occurs earlier which is indeed the GBW. As can be extrapolated from the bold plots

in Fig 5.7, the GBW value does not have a critical effect on the gain of the amplifier within

the audio frequency range which is vastly determined by the dc gain and the dominant pole
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Figure 5.7: Simulated open-loop frequency response of the amplifier with different
nulling resistors

frequency. Thus larger GBW does not necessarily mean a better design, on the contrary, it

increases the risk that the amplifier’s PM is degraded by the high frequency poles and zeros.

The effect of load capacitance variation on stability is also examined. As the load

capacitor increases, the pole at the output stage gradually shifts towards lower frequency.

Therefore, the PM of the amplifier will be degraded. Fig 5.9 plots the impact of load

capacitor on PM and GBW. The designed three-stage amplifier is capable of driving a 2

nF load capacitor with a PM of greater than 60°. Values of the components used in the

compensation network are listed in Table 5.4, label of each component can be referred as in

Fig 5.2 and Fig 5.5.
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Figure 5.8: Phase margin and gain bandwidth product of the amplifier for different
nulling resistors

Figure 5.9: Phase margin and gain bandwidth product of the amplifier for different
load capacitance
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Table 5.4: Component values of the feedback network

Component Label Value
Cm1 1 pF
Cm2 10 pF
Rm1 400 kΩ
Rm2 1.5 kΩ
R1 32 kΩ
R2 64 kΩ

In addition to the analysis of the amplifier’s differential mode stability, the CMFB of

this fully-differential amplifier also needs to be designed carefully. The operation of the

proposed class H operation is achieved by modulating the output stage CM voltage level,

hence a stable CMFB loop with fast transient response is required. As aforementioned, the

class AB amplifier consists of three stages. If a global CMFB loop is applied across all the

three stages, it would be difficult to obtain high bandwidth due to the cascaded stages.

Moreover, the high frequency poles and zeros which reside along the signal path will make it

hard for frequency compensation. Therefore, for this design in order to achieve a relatively

simple structure of the CMFB loop, we break the long global CMFB loop into two short

local CMFB loops. The first loop will sense the output voltages of the first stage and feed

the control signal back as the gate voltage of the bottom current source transistors. The

second CMFB loop will sense the output voltages of the power stage and regulate it with

respect to the reference level generated from the IAD block. Thus the design considerations

for these two CMFB loops are completely different.

Fig 5.10 depicts the schematics of the two CMFB amplifiers. The input CMFB amplifier

senses the output CM level through two differential pairs [38], the four transistors in the

differential pairs are well matched. The amplifier will output a voltage that is proportional

to the difference of the output CM voltage and the reference voltage. The advantage of this

structure is its high input impedance as the CM sensing process is done by the differential

pair, thus its loading effect to the preceding output node is negligible. However, the CM

sensing function is only effective when the CM differences (V1P-VREF and V1N-VREF) are
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small enough to apply the small-signal analysis. Therefore, the output nodes should not

deviate from the expected CM voltage level too much even during large-signal transient.

These properties of the structure make it perfectly applicable to be used as the input CMFB

amplifier. First, the input stage is supposed to provide high gain to the three-stage topology.

For normal approach where two resistors are used for CM voltage sensing, extremely large

resistors must be used which increases the chip area. By using this structure high gain

of the first stage is preserved. Secondly, due to the gain provided by the last two stages,

the movements of the first stage output nodes are very small which satisfies the operation

conditions required by this structure. The reference voltage is set to be 1.2 V which is the

same as the lower supply voltage VDDL. The Bold plot of the first CMFB loop is plotted as

in Fig 5.11, due to the existence of the LHP zero at relatively high frequency, a compensation

capacitor Cc of 5 pF is added along the CMFB path to stabilize the loop. The first stage

CMFB achieves a GBW of 3.72 MHz and a PM of 75°.

The CMFB used for the power stage is a conventional structure based on a pair of

resistors. The two output voltages are sensed and averaged to get the output CM level and

is then compared with the desired VOCM coming from the IAD block. Due to the small

Figure 5.10: Schematics of the two local CMFB amplifiers
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Figure 5.11: Frequency response of the first CMFB loop

Figure 5.12: Frequency response of the second CMFB loop
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resistive load at the output, the gain requirement of the output stage is relaxed thus the

sensing resistors can be designed relatively small. However, the two output nodes have large

output swings during signal transient which excludes the possibility of using differential pair

based CM sensing structure. The frequency response of the second CMFB loop is plotted as

in Fig 5.12. It achieves a GBW of 7.4 MHz which is much faster than the varying reference

signal.

5.3 Input Amplitude Detection (IAD) Block

The Input Amplitude Detection (IAD) block senses the amplitude of the input signal

and determines the operation mode accordingly. The processing of input signal is illustrated

as shown in Fig 5.13. The balanced audio input signal denoted as VIN+ and VIN- are fed

into the IAD block. These two signals are 180° out of phase and is dc biased at the input

CM voltage level VICM. This CM level may be different from the operating levels used for

Figure 5.13: Signal flow diagram of the proposed IAD block
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the following circuitry as the audio signals are normally coming from a preamplifier stage

or an audio DAC. Thus a dc decoupling process must be included for the amplitude sensing

stage. The amplitude of the balanced input signal can be obtained by passing them through

a rectifier circuit which preserves only the positive half of the signals. For the following

stages, the acquired ac amplitude is going to be compared with the reference voltage to

determines the operation mode of the system. Recapitulate from Chapter 4, the transition

from class AB mode to class H mode happens when one output node reaches within one

VDSAT from the low voltage supply VDDL. Refer back to Table 4.1, this situation can be

described as:

V DDL = V out + 2V DSAT = Acoarse · |V in|+ 2V DSAT (5.5)

Therefore the purpose of the following stages in the IAD block is to construct a voltage level

that is equal to Acoarse·|Vin|+2VDSAT, compares it with VDDL and determines the mode of

operation. By observing the above expression, it can be treated as it comprises of two parts,

the ac and dc portion. We define the dc bias level as VOFFSET = 2VDSAT, thus the next

stage will perform a dc level shift from VDDL to VOFFSET. In order to match the gain in IAD

block with that of the fine gain path, an additional amplifier stage is cascaded to provide

the coarse gain Acoarse. Then the constructed waveform will be compared with VDDL and

the one with higher value will be set as the reference voltage VREF to the buck converter.

So for class AB mode the supply stays at VDDL, while for class H mode the instant supply

equals to Acoarse·|Vin|+2VDSAT which is always one VDSAT above the output voltage. For

the last stage, VREF is halved to get the corresponding output CM level for the class AB

amplifier VOCM.

The circuit-level realization of the IAD block is depicted in Fig 5.14. A differential

amplifier OPAMP1 is deployed to serve as the input unity-gain buffer , together with the

dc decoupling capacitor, the input ac signals are buffered and dc biased at VDDL = 1.2V.
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Selection of this CM level is based on the consideration of maximum input amplitude. The

buck converter is supposed to output a maximum supply voltage of 3 V with 3.3 V input,

with a predefined VDSAT of 0.2 V, the maximum amplitude of output swing can reach 2.6

V. If the closed loop gain is set to 2, the maximum amplitude each single input node will

be 650 mV. Therefore, using VDDL as the output CM biasing for OPAMP1 satisfies the

output swing requirement and avoid introducing another dc biasing level at the same time.

Next the buffered ac signals are fed into the rectifier circuit which consists of a comparator

COMP1 and a pair of transmission gates. The COMP1 compares the two signal values and

passes the one whichever is higher. Due to the large swing of the input signals, transmission

gates are used as switches for a relatively constant on resistance. At the output of this stage,

the absolute value of input ac plus VDDL will be sent to the level shifter. As the value of

VOFFSET is 0.4 V, it is not feasible to combine this level shifting function with the amplitude

sensing stage. Thus a separate amplifier OPAMP2 as well as the resistor network are needed

to perform the function of dc level shifting. The previous dc bias VDDL is removed and the

output is biased to VOFFSET for the latter comparison.

The coarse gain is set by the amplification stage comprising of OPAMP2 and feedback

resistors. The ratio of R4:R3 is set to 3 which gives a non-inverting gain of 4 at this stage.

Due to the halving effect at the last stage, the gain from input all the way to VOCM is 2

which is equalized to the fine gain path. The matching of the resistors are not critical as any

slight gain mismatch between the fine gain path and the coarse gain path will have minuscule

effect to the differential output. By far the desired voltage expression is obtained and the

last stage is aimed to compare this input-dependent waveform with VDDL. The concept of

the comparison circuitry is similar to the rectifier, it compares and passes through the signal

whichever is higher. At the same time, the comparison result is used as a digital signal

Mode_Select which signifies the operation mode. At last, the reference voltage is buffered

and halved to get the correct output CM level for the fully-differential class AB amplifier.

The IAD block is simulated with sine wave input signals, the transient results for input
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Figure 5.14: Realization of the IAD block

frequency of 1 kHz and 20 kHz are plotted in Fig 5.15. As expected the VREF signal stays at

1.2 V for class AB mode operation and become load adaptive when the threshold is reached.

For input signals with amplitude of 650 mV, VREF achieves its maximum of 3 V. However,

due to the different signal processing stages as in Fig 5.14, the ac signal within the final

VOCM shows some latency with respect to the original inputs. In the proposed system the

input ac signals are simultaneously fed into the IAD block as well as the class AB amplifier.

The delay seen from the class AB side is negligible which makes the latency in the IAD block

an issue as analyzed in Chapter 4. For 1 kHz signal, the delay between input and VOCM is

around 1µs, thus the sine wave portion of VOCM waveform exhibits a phase delay of 0.36°.

For 20 kHz signal, the delay reduces to 490 ns, whereas due to the increased frequency this
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(a)

(b)

Figure 5.15: Transient simulation results of the IAD block with different input signal
frequencies (a) 1 kHz, (b) 20 kHz

phase difference increases to 3.6°. In summary there exist both gain mismatch as well as

phase mismatch between the fine gain path and the coarse gain path. The adverse effect

caused by this phase mismatch is that the headroom voltage VDSAT will be squeezed or

enlarged a bit. However, slight mismatch between the two gain paths is still acceptable as

the ac gain in the VOCM will eventually cancel out at the differential output stage. Due to

the high-gain linear feedback loop applied, the linearity is not sacrificed much.
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5.4 Reference-Tracking DC-DC Buck Converter

5.4.1 Overview and Specifications of Buck Converter

The last and also the core part of the class H amplifier is the reference-tracking dc-dc

converter. As mentioned in the previous section, the delay between the input signal and the

input-dependent power supply play important roles in the transient operation. If the delay

is too large, the class AB is at the risk of clipping the output waveform. Apart from this

delay, a more crucial factor is the response time the dc-dc converter takes in order to track

the reference signal. Since the reference signal is already lagging the realtime input signal,

further delay at the converter output becomes unfavorable to the system. Thus the desired

dc-dc converter should features very fast reference tracking capability. Secondly, the dc-dc

converter serves as the power supply unit to the linear amplifier. Hence its efficiency will be

directly linked to the efficiency of the system. Since the audio signal has a large PAR ratio,

the current requested by the class AB amplifier varies continuously and stays a relatively

low level for most of the time. This makes the design requirement of this buck converter

different from the conventional designs. In this design, the power efficiency particularly at

light load should be optimized. Last but not least, a more advanced control algorithm is

required since the load condition of the class AB amplifier can be predicted and thus the

converter’s control scheme can be selected in advance.

The basic specifications of this buck converter is shown in Table 5.5. The proposed

class H amplifier demonstrates directly battery hookup, thus the input voltage range of the

Table 5.5: Basic specifications of the buck converter

Input Voltage 3.3V - 4.2V
Output Voltage 1.2V - 3 V
Loop Bandwidth ≥ 200kHz

Switching Frequency 2 MHz
Peak Load Current >162.5 mA
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buck converter is indeed the operating range of the Li-ion battery. The output voltage range

is from 1.2 V-3 V. The lower boundary is defined by the minimum operating voltage of the

class AB output stage while the upper boundary is defined by the maximum duty cycle a

PWM converter can achieve. The converter is supposed to adjust its output according to

the reference voltage which is within the audio frequency range (up to 20 kHz), thus the

bandwidth of the feedback loop should be much larger than the audio frequency. For this

reason it is set to be at least 200 kHz. To ease the design of the compensator, the switching

frequency of the converter is set to 10 times of the loop bandwidth. The maximum load

current is defined by the class AB output swing. For a maximum differential output swing

of 2.6V, the peak load current demanded by the amplifier is 2.6 V/16 Ω=162.5 mA.

For the selection of the control schemes, hysteretic control has becoming very popular

in recent years for its inherent fast loop response [47–52]. However, the switching frequen-

cy of the hysteretic converter is dependent on several design parameters such as the input

and output voltages, load current, hysteresis window and so forth. The variable switching

frequency results in difficulty in designing the input filter for Electromagnetic Interference

(EMI) suppression, thus several reported works focused on the development of fixed fre-

quency hysteretic controller assisted by a Frequency Locked Loop (FLL) [53–56]. However,

the addition of the FLL greatly increases the design complexity of the converter and it is

more appealing in the applications of fast load transient converters and high switching fre-

quency converters. For our specific application, extreme fast load transient response is not

required. Instead a robust design with fast reference-tracking capability is preferred, hence

PWM-based fixed frequency converter becomes more suitable for this application.

For PWM-based control schemes, they can be classified into voltage-mode control (VM-

C) and current-mode control (CMC). The difference between these two schemes is just that

in VMC the output voltage is the only signal used for feedback while in CMC the inductor

current is also sensed and used as control signal for the feedback network. As a result, the

output LC filter reduces to a first order system in CMC while it remains as second order
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Figure 5.16: Architecture of the proposed voltage-mode control buck converter

system in VMC. Hence the compensator design in CMC becomes simpler and the loop band-

width can be extended compared to VMC. However, the CMC design involves an accurate

current sensor which senses the inductor current and use it as the ramp signal as in a VMC

scheme. The realization of this current sensor poses design challenges on the robustness of

the converter, which is quite sensitive to the transistor layout and PCB layout design. Thus

its robustness as well as reliability is at risk. Based on the above consideration, the VMC

PWM-based control is used for the design of the reference-tracking buck converter.

The architecture of the proposed dc-dc buck converter is depicted in Fig 5.16. The basic

voltage-mode PWM feedback loop consists of a resistive divider, a error amplifier (EA) with

compensation network, a comparator, a latch, a clock generator, a dead-time controller

and gate drivers. The rest of the building blocks are meant for some specific functions

which optimize the converter’s performances, like zero current detection (ZCD), Dual-mode

operation and so on. The details of these blocks will be delineated in the following sections.
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Figure 5.17: Small-signal flow diagram of a voltage-mode buck converter

5.4.2 Loop Stability Analysis of a Voltage-mode Reference-

tracking Buck Converter

For most of the voltage regulators, feedback is applied to ensure the output voltage is

at the desired level. Thus the stability condition of the feedback system must be analyzed.

To study the stability conditions, an equivalent ac small-signal model is hence required. Dif-

ferent from a typical linear mode regulator like LDO, the switching mode regulators have its

power output stages constantly switched on and off for power transferring purposes, resulting

in a discontinuous nonlinear system. Thus certain modelling techniques are needed to aver-

age and linearize the switched system. A couple of converter ac modelling techniques have

been reported in the literature [57–63]. The detailed derivation of two different approaches,

the state-space averaging and linearization as well as the averaged switch modelling will be

discussed in the Appendix A. Although they are expressed in different formats, the results

achieved are similar. Refer back to Fig 5.16, the control-to-output transfer function can be

expressed as:

Gd(s) = V g
1 + s/ωesr

1 + s(RCCO) + s2(1 +
RC

Rfb1+Rfb2
)LC

(5.6)

The small signal model of a typical VMC buck converter is depicted in Fig 5.17. The

feedback loop is constructed by the feedback network, the compensator, the pulse-width
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modulator and the output stage. The loop gain is hence the multiplication of the transfer

functions along the loop which can be expressed as:

T (s) = H(s) · 1

V M
Gc(s)Gd(s) (5.7)

With proper approximation and linearization techniques, the small signal model of the

buck converter now can be treated as a linear system. Thus the superposition principle can

be applied to obtain the transfer function of the output with respect to all the small signal

disturbances. The output voltage has the expression as follows:

v̂o(s) =
Gc(s)Gd(s)/V M

H(s) +H(s)Gc(s)Gd(s)/V M
v̂ref(s) +

Gg(s)

H(s) +H(s)Gc(s)Gd(s)/V M
v̂g(s)

− Zout(s)

H(s) +H(s)Gc(s)Gd(s)/V M
îload(s)

=
1

H(s)
· T (s)

1 + T (s)
· v̂ref(s) +

Gg(s)

1 + T (s)
· v̂g(s)−

Zout(s)

1 + T (s)
· îload(s)

(5.8)

The three small signal disturbances injected into the system are coming from the load

îload(s), the source v̂g(s) and the reference voltage v̂ref(s) respectively. Unlike a normal

buck converter where the reference voltage is simply a dc voltage, the reference voltage for

a reference-tracking dc-dc converter also contains ac signal. Thus its effect to the system

must also be analyzed. As can be observed from the above equation, for low frequency

region where the loop gain T(s) is very large in magnitude, the expression indicates that the

high-gain feedback loop suppresses the variations from the load and the source substantially.

For the relation with the reference voltage, the expression approximately reduces to 1/H(s)

where H(s) is the gain of the feedback network. For low frequency range, it simply equals

to the ratio of the resistor divider. This means the desired output voltage is well defined by

the reference voltage as well as the feedback network. Meanwhile, variations injected from

either the input source or from the load are suppressed by the loop.
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Therefore to design a buck converter which has its output voltage closely tracking the

varying reference voltage, the foremost step is to design a stable feedback loop with high in-

band gain and enough bandwidth. When the negative feedback is introduced, even though

the open-loop response T(s) is stable and contains no RHP poles, it is still possible that the

closed loop characteristic T(s)/(1+T(s)) contains RHP poles. Thus the feedback system will

fail to regulate the output voltage and is likely to induce oscillation. Even if the feedback

system is stable, it is still possible for the converter output to have undesirable overshoot or

undershoot effect. Therefore the stability of the feedback system must be carefully studied.

The phase margin test can be adopted to evaluate the stability condition of the system. If

there is only one gain crossover point and the loop gain T(s) contains no RHP poles, the

closed loop term 1/(1+T(s)) will not have RHP poles if the phase margin is positive [57].

For better transient response where excessive ringing at the output node is avoided, a phase

margin larger than 45° is usually preferred. For the VMC buck converter, by substituting

equation (5.6) into (5.7), the transfer function from the duty cycle D to the output voltage

can be expresses as follows:

T (s) = H(s) · V g

V M
· 1 + s/ωesr

1 + s(RCCO) + s2(1 +
RC

Rfb1+Rfb2
)LC

(5.9)

The last term is the transfer function of the low-pass filter at the power stage which

incorporates a pair of complex poles and one LHP zero. Although the system stability is

evaluated by looking at the phase margin and gain margin, the damping factor associated

with the output stage filter also has significant effect on the transient performance of the

converter. For voltage mode buck converters, due to the complex pole pairs associated with

the output filter, frequency compensation is required for a stable feedback loop. Dominant

pole compensation is the most straightforward compensation scheme which creates a low

frequency pole to keep the loop stable. However, the bandwidth of the loop is reduced to

make the crossover frequency even lower than the output resonant frequency. The resonant

frequency is determined by the L and C components and is usually at around a few 10s
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of kHz, which means the bandwidth of the loop will be even smaller than the audio signal

band. In order to meet the stability and larger bandwidth at the same time, additional phase

boosting has to be introduced to compensate the phase drop caused by the complex pole

pairs. Type II compensator provides a maximum phase boost of 90° which is normally used

in CMC buck converter since the additional current loop reduces the complex pole pairs into

one real pole. For voltage-mode buck converter, the pole pairs will have 180° phase drop to

the loop response, thus using type III compensator becomes a typical solution for the VMC

buck converter.

5.4.3 Compensator Design of The Voltage-mode Buck Con-

verter

The schematic of a type-III compensation error amplifier (EA) is shown in Fig 5.18. The

feedback network consists of three resistors and capacitors, the open-loop transfer function

can be found as:

T (s) =
V out

V in
= − (1 + s · C2R2)[1 + s · C3(R1 +R3)]

s · (C1 + C2)R1(1 + s · C1R2)(1 + s · C3R3)
(5.10)

As can be observed from expression, the type-III compensation introduces a pair of LHP

Figure 5.18: Topology of a typical type-III compensator
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Figure 5.19: Small signal block diagram of the type-III compensated buck feedback
system

poles and zeros. The two zeros can introduces 180° phase increase to compensate the phase

drop at the complex pole frequency. The pair of poles are introduced to quickly diminish the

gain at higher frequency. The locations of the LHP zeros are usually designed to be slightly

lower than the resonant frequency so that higher in-band gain can be preserved. One pole

is designed to cancel the effect of the LHP zero created by the equivalent series resistance

(ESR) of the output capacitor.

For normal VMC buck converter, the above analysis holds for design of the compen-

sator. However, for a reference-tracking buck converter, in Fig 5.18 the ac gains seen form

VREF to Vout and from Vin to Vout are not equalized. This is because the ac signal from the

reference is fed into the system from the positive terminal of the EA. Thus the ac gain seen

from the reference voltage and from the feedback signal are different. Referring back to Fig

5.17, the simple subtraction between reference voltage and feedback signal is no longer valid

with typical type-III compensator as the gain seen from the two different signal paths are not

exactly the same. Hence the reference to output transfer function needs some amendments.

The simplified small signal block diagram of a type-III compensated feedback system with-

out the disturbances from the source and load is depicted in Fig 5.19. The transfer function

from the reference to the output can be derived as:

v̂out(s)

v̂ref(s)
=
T 2 + T 2Gc(s)

1 + T 2Gc(s)
≈ 1 +Gc(s)

Gc(s)
(5.11)
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Table 5.6: Component values used for the type-III compensator

R1 220 kΩ
R2 110 kΩ
R3 5 kΩ
C1 1 pF
C2 30.5 pF
C3 18 pF

Gc(s) is actually the transfer function of the compensator, it can be expressed as Z2/Z1

as in Fig 5.18. The reference-tracking capability is only required for the audio band signal,

thus the expressions of the two impedance can be further simplified. Since the purpose of

C1 is to create a LHP pole with R2 at around half of the switching frequency, the value

of C1 is much smaller than C2, hence at low frequency range the expression of Z2 can be

approximated as Z2=R2+1/(s·C2). Similarly, the impedance of C3 is much larger than R1

at lower frequencies and Z1 can be approximated as R1. Therefore, the reference to output

transfer function at low frequency range (≤20 kHz) in equation (5.11) can be simplified into:

v̂out(s)

v̂ref(s)
=

1 +
Z2
Z1

Z2
Z1

≈
R2 + 1

s·C2
+R1

R2 + 1
s·C2

=
1 + s · (R1 +R2)C2

1 + s ·R2C2
(5.12)

One can infer from the above equation that the reference to output transfer function

exhibit a pole-zero doublet the frequencies of which are not closely matched for R1 and R2

are in the same order of magnitude. This mismatch in frequency domain will translate to

a phase delay in the time domain for the two signals. In other words, Vout may not closely

track VREF as expected which exacerbates the delay issue mentioned in the previous chapter.

The solution to this problem is rather simple, we only need to equalize the gain seen from

the two different signal paths. One solution would be cascading additional gain stage which

equals to Gc(s)/(1+Gc(s)). However, the extra gain stage require additional resistors and

capacitors which increases the active area.

Another solution would be subtract the difference between the reference and feedback
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Figure 5.20: Proposed DDA-based type-III compensator

Figure 5.21: comparison between the closed-loop reference-to-output frequency re-
sponse for type-III and DDA-based type-III compensators

signal first, and then feed only the error signal into the EA. To realize this idea, a differential

difference amplifier (DDA) can be implemented right before the EA for the error voltage

extraction. The realization of the proposed compensator for the reference-tracking buck

converter is depicted in Fig 5.20. The feedback signal which is denoted as Vin to the

compensator are fed into the first pair of input terminals of the DDA together with the
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reference voltage. The DDA which is connected in a unity-gain configuration will sense the

difference between these two signals and buffer the error signal to the type-III EA. The

positive terminal of the EA as well as the positive terminal of the DDA will be dc biased to

VDDL= 1.2 V which ensures sufficient voltage swing of the compensator. Thus the ac error

voltage Verr will swing around the dc biasing level and propagate through the EA. With

the assistance of the DDA, the Vref and Vin are no longer injected from different terminals

of the EA, thus the gain of the two signal paths are equalized to ensure optimized tracking

performance in the time domain. The closed-loop reference-to-output transfer function

for the typical type-III and the DDA-based type-III compensators are plotted in Fig 5.21.

Figure 5.22: Simulated frequency response of the DDA-based type-III compensator
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Figure 5.23: Simulated frequency response of the loop gain function of the buck
converter

Results show that at lower frequency range the gain for both structures are close to unity.

While as frequency increases beyond 10 kHz, the gain plot of the type-III only compensator

yields a ramping up behavior due to the mismatch of the pole-zero doublet. For the DDA-

based compensator, the gain plot remains flat with little deviation for the entire audio

frequency band.

The component values of the passive components used in the compensator are listed

in Table 5.6. Considering the deviation of the resistor values through extreme process

and temperature conditions. The simulated frequency responses of the proposed type-III
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compensator and the loop gain function across different process, voltage and temperature

(PVT) variation corners are plotted in Fig 5.22 and Fig 5.23 respectively. The resistors

are realized with p+ poly resistors which has a tolerance of ±20%. For the temperature

corners -40°C and 120°C are used as the two extreme conditions. The voltage variation

for a buck converter mainly results from the change of the voltage rating at the battery

source, therefore the operating voltage range of a Lithium-ion battery is used as the testing

conditions with the typical value set to 3.3 V and the two extreme values set to be 2.8 V

and 4.2 V. Considering all the three factors with each having two extreme conditions, it

gives altogether eight corner cases which are shown in the two figures. For all the corner

conditions, the buck loop achieves a minimum and maximum loop bandwidth of 182.1 kHz

and 342.8 kHz respectively. For typical condition, the loop bandwidth is 225.4 kHz and the

phase margin is 57°.

5.4.4 Transient Improvement for the Buck Converter

For conventional PWM-based buck converters where the reference voltage is a DC value,

the load current step will cause overshoot or undershoot to the output voltage. This error

voltage will be sensed and amplified to saturate the duty ratio and hence correct the output

voltage. The loop response time is determined by the bandwidth of the control loop when

the error voltage is small. For large transient, the response time is usually limited by the

slew rate at the output of the error amplifier. For class H amplifier, The transient response

requirement to the output load step is a bit different from the conventional buck converter.

This is because for the class H amplifier system, the load seeing from the buck converter

output is only the class AB amplifier cascading with the headphone load. As previously

mentioned, the IAD block is used to sense and extract both the amplitude and frequency

information of the input audio signals. Which means the reference signal can be predictive

for the demanded load current. Therefore, the transient performance of the buck converter

used in the class H system is largely dependent on its reference-tracking capability, which
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will be the focus of the transient improvement of the buck converter.

The small signal analysis in the previous chapter analyzes the reference-to-output func-

tion of the converter. With the proposed DDA-based type-III compensator, the unity gain

is kept for a wider frequency range which covers the audio signal band. However, the above

ac analysis only applies for relatively small changes around its dc biasing point. When the

circuit is facing large signal transient and the error voltage fed into the EA becomes much

larger, it is usually the large signal analysis that is more effective in estimating the transient

response time. For PWM control, its major drawback to be applied in a reference-tracking

power converter is its slow response to the change of the error voltage. As shown in Fig.

5.20, when a sudden change appears at the reference voltage Vref, the error voltage Verr will

move counteractively to propagate this error to the EA. Consequently, the output of EA is

supposed to be quickly pulled down or charged up in order to saturate the duty cycle, so

that the output stage can react to adjust the output voltage. However, due to the type-III

compensation network, large capacitors are associated with the EA output, for this case the

value of C2 can be as large as 30.5 pF. Hence the converter’s response to Vref change is lim-

ited by the slew rate of the EA. When frequency of the input signal increases, the frequency

of Vref goes up as well. If the converter output is unable to catch up with the fast changing

Vref, clipping will be observed at the amplifier output, resulting in severe distortion.

One straightforward solution would be enhancing the current driving capability of the

EA, however this will lead to larger active area and quiescent power consumption of the EA.

Another more effective approach is by applying the reference voltage feedforward technique

as reported in [64, 65]. The concept of this technique is depicted in Fig 5.24. The varying

Vref is fed forward to add with the EA output VE to get the final error voltage VE1. This VE1

is the final error voltage which is compared with the ramp signal to generate the duty cycle

for the power stage. Through this approach, the duty cycle of the PWM signal can almost

instantly respond to the change in Vref and does not have to wait for the slow charging

behavior at node VE. In order to crystalize this idea without affecting the behavior of the
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Figure 5.24: Concept of the reference feedforward technique for enhancement of
reference-tracking capbility

Figure 5.25: Duty cycle generation of a PWM-based buck converter

buck feedback loop, the steady state operations of the loop with the reference feedforward

mechanism must be analyzed. At steady state, the output voltage is correlated with the

reference voltage as:

V ref = V out ·
Rfb2

Rfb1 +Rfb2
= b · V out (5.13)

The duty cycle of the buck converter is determined by the ramp signal and the error

voltage VE1 as shown in Fig 5.25. The instant voltage level of VE1 intersects with the
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periodical sawtooth waveform and generates the fixed frequency pulse signals. Thus the

relation between VE1 and the duty cycle can be expressed as:

D =
V E1 − V L

V H − V L
=
V E1 − V L

V M
(5.14)

where VM stands for the magnitude of the ramp signal. By using the proper linearization

method the output voltage at steady state can be expressed as the product of input voltage

and the duty cycle. Thus equation (5.13) and (5.14) can be combined to obtain the relation

between VE1 and Vref.

V out =D · V IN =
V E1 − V L

V M
· V IN = V ref/b

thus,V E1 =
V M

b · V IN
· V ref + V L

(5.15)

From Fig 5.24 it is obvious that:

V E1 = V ref + V E (5.16)

By observing the terms in equation (5.15) and (5.16), it can be found that if we can

equate the coefficient of Vref, then VE will simply be equal to VL, which is a predefined dc

level used as the low boundary for generating the sawtooth/ramp signal. In other words, the

change of reference voltage will be directly coupled to the final error voltage VE1 and affect

the value of duty ratio D almost immediately. At the same time, the EA output will be kept

at a dc biasing level which means the charging effect at this node can be bypassed during

large signal transient. To satisfy the above relation, the condition that VM=bVIN must be

met, which means the amplitude of the sawtooth signal must be designed proportional to

the input battery voltage. In the literature, one embodiment of this idea is reported as the

"End-point Prediction" technique (EPP) [64]. The schematic of the supply-dependent ramp

signal generation circuit is depicted in Fig 5.26.
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Figure 5.26: Supply-dependent ramp signal generator

With the resistor divider of R1 and R2, the supply voltage is scaled down and the

current IREF which is proportional to VBAT is generated. The 1:1 current mirror copies

this current to branch b and hence the voltage difference between VH and VL also becomes

supply dependent. The two voltage levels are used as the reference voltages for a typical

ramp function generator which usually consists of a pair of hysteresis comparators and one

SR latch. Therefore, the amplitude of the ramp signal VM is related to the supply voltage

VBAT with a ratio dependent on the resistor values. In our design, similar topology was

used. For our case, the ratio between VBAT and VM is set to be 3, thus VM equals to 1.1

V under a supply of 3.3 V. VL is selected to be 0.4 V, with a battery voltage ranges from

3.3V to 4.2V, the upper boundary VH swings from 1.5V to 1.8V leaving enough headroom

voltages for the transistors in this topology.

The clock frequency of this ramp generator is determined by the charging and discharg-

ing time of the hold capacitor CH. In order to achieve a large maximum duty ratio for the

PWM signal, the discharging current of CH is designed to be much larger than the charging

current so that the ramp down time of the sawtooth signal is very short. However, excessive

large ratio of the discharging transistor will give undershoot below the value of VL as the
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feedback has delay time caused by the comparators as well as the SR latch. Thus the maxi-

mum duty ratio trades with the accuracy of VM. As a compromise, we define the maximum

duty ratio to be around 0.9 so that the maximum output of the buck converter can achieve

3 V. At the same time, the undershoot of the ramp signal is controlled within 100 mV so

that the reference feedforward function is negligibly affected. For the realization, the values

of Ra is 275 kΩ and the oscillation frequency is around 2 MHz. CH is implemented with a

metal-insulator-metal (MIM) capacitor of 1.04 pF.

The next step for implementing the EPP scheme is to realize the summing function of

VE and Vref. It is realized by the current-mode summing circuit as shown in Fig 5.27. The

reference voltage Vref is from the IAD block which is exactly the same as the desired level

of buck output. As in the EPP network, the reference voltage is scaled down for comparison

with the sawtooth signal, thus the original Vref must also be scaled with the same factor. The

resistor divider formed by R1 and R2 are exactly the same as in Fig 5.26. Additional buffer

is used to separate the IAD block from the current-mode adder. The current-mode adder

circuit mainly consists of the current mirror as well as the buffer stage. The EA output

VE is buffered to generate a proportional current through resistor R3 and this current is

mirrored to the right side branch to perform the summing function of VE and Vref.

5.4.5 Light-load Efficiency Improvement with Dual-mode Op-

eration and Modified Control Algorithm

Power losses during the operation of a dc-dc converter are mainly contributed by the

conduction loss, the switching loss and the static power loss. The conduction loss scales

quadratically with the load currents and is caused by the resistive components in series

with the load due to non-ideality. These resistive components include the equivalent ON

resistance of the power switches as well as the passive filter elements (L and C ), the in-

terconnections resulting from the chip packaging and PCB routing. The static power loss
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Figure 5.27: Schematic of the current-mode adder circuit

results from the quiescent power consumption of the controller circuitry, it can be optimized

by switching off the blocks that are not being used. As load current increases, the weight the

static loss contributes gradually becomes negligible. The switching power loss is associated

with the switching activities of each clock cycle, which involves the charging and discharging

of the gate of a power transistor, the charge loss on the capacitance at the switching node

due to non-ideal dead time. These switching losses are independent of load current and will

hence lower the converter efficiency under light load condition. For PWM-based control,

the switching frequency is fixed despite the load current conditions, the switching losses

which are load-independent will be more significant as the load current reduces. Thus the

light-load power efficiency is degraded due to the excessive high operating frequency. The

pulse-frequency modulation (PFM), on the other hand, does not rely on a high frequency

clock. It switches on the power transistors for a constant period of time, and it determines

the onset of next cycle base on the comparison between the output and the reference voltage

levels. As a result, the idle time of the control pulse will increase with the decrease of load

current, effectively reducing the switching frequency of the converter. Thus, the switching

losses can also be scaled down with the load current. Therefore, a popular technique to

achieve high power efficiency over a wide load range is the hybrid control scheme which
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Figure 5.28: Schematic of constant on-time PFM control

incorporates both the PWM and PFM mode [66–70]. For light load conditions, the PFM

mode is selected to reduce the operating frequency of the converter and hence boost the

efficiency. For heavy load conditions, the PWM mode is activated so that the operating

frequency is fixed and will not surge to an excessive high level.

In this design, the typical constant on-time (COT) control is adopted for the PFM

control. The schematic of the COT blocks are depicted in Fig 5.28. Apart from the PWM

path and additional control path is embodied with the COT concept. The scaled output

voltage Vfb is fed back to compare with Vref. Once Vfb drops below Vref, the output of the

hysteresis comparator will be flipped high and set the first SR latch. A constant delay time

Td1 will generate a burst of signal with pulse-width of Td1, then the second latch will be

reset. At the same time, this reset signal will also reset the first latch so that the set signal

of the second latch also stays low. After another delay time of Td1, all nodes of the PFM

block is reset to low and it will start another pulse base on the comparator output. At the

last stage, a multiplexor (MUX) will select either the PWM or PFM control signal according

to the mode selection signal which will be touched later on.

For the class H amplifier, the load current is relatively low when the lower supply

VDDL is being used. Therefore, the heavy load and light load conditions can roughly be

distinguished by the Mode_Select signal from the IAD block as shown in Fig 5.14. When

Mode_Select=1, the PWM signal is selected and the system is under class H supply-tracking

mode. When Mode_Select=0, the PFM signal will take control and the system works
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Figure 5.29: Illustrations of inductor current load condition under class H mode
operation

under class AB mode. This is indeed the same control mechanism as in [22]. However,

further investigation shows that determination of light/heavy load condition simply base

on the mode of operation is not correct. This is because for class H mode, the output

of buck converter is moving to track the input and hence substantial current is needed to

charge/discharge the output capacitor. Thus, this portion of current must be taken into

account when considering the inductor current condition. This can be exemplified with the

illustration in Fig 5.28.

As shown in Fig 5.29, the inductor current is divided into two portions with one charging

the output capacitor and the other one supplying the class AB amplifier. Consider the load

points of A and B, although the amplifier’s output swing at B is much greater than in A,

it is not for sure that the inductor load current at B is larger than A. This is because the

slope of increase for VSUP is much greater at point A, thus the charging current required by

the output capacitor make the inductor load current increases sharply although it is just at

the onset of supply-tracking mode. Meanwhile, the direction of the capacitor current can be

reversed, which means the charges stored on the output capacitor can be reused to supply the

amplifier load when VSUP is supposed to ramp downward. Now when considering the load

conditions at point C and D, it can be noticed that although point C is still under class H

mode while point D stays within the region of class AB operation, the load current demanded

from the inductor for point C can be smaller as the output capacitor is strongly supporting
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the amplifier. This phenomena will be even more obvious as the input frequency increases.

In a word, the output capacitor charging behavior strongly affects the definition of light

load condition from the inductor’s perspective, hence a more advanced control algorithm is

required for light load efficiency optimization.

To validate the analysis, the above-mentioned currents can be quantified with the

specific parameters used for this design. For class H mode operation with balanced sinusoidal

wave as input, the input signals, the output signals and the supply voltage have the following

expressions:

V ip = V id · sin(ωt)

V in = −V id · sin(ωt)

V op = 4V id · sin(ωt) + V DSAT

V on = V DSAT

V out = 4V id · sin(ωt)

V out = 4V id · sin(ωt) + 2V DSAT

(5.17)

the inductor load current can be expressed as:

IL =Cout ·
dV sup

dt
+
V out

RL

=4V idωCout · cos(ωt) +
4V id · sin(ωt)

RL

(5.18)

Substitute the values of each parameter as Vid=650 mV, VDSAT=200 mV, Cout=2.2µF and

L=2.2µH. The inductor load current for different input frequencies can be calculated. Re-

sults are shown in Fig 5.30. It can be observed from the figure that as input frequency

increases, the portion of inductor current contributed by the output capacitor becomes

more dominant. For a ramping up reference with high input frequency, the inductor current

demanded by the output capacitor can be as high as a few hundreds of mA which overturns
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Figure 5.30: Inductor load current under supply-tracking mode with different input
frequencies

the presumption of load current in Table 5.5 which only considers the load condition of the

amplifier. Meanwhile, for the ramping down phase, the capacitor discharging current is so

strong that it even needs the inductor currents to reverse direction to balance the charge de-

livered to the amplifier load. If PWM control is still selected based on the mode of operation,

the excessive switching loss will degrade the efficiency. Hence the issue of determination of

light load condition is validated. The strong discharging capacitor current may render the

capacitor output voltage to be higher than the desired level as in equation (5.17) and fails

to behave a close tracking relation. However, this is acceptable as the supplying voltage is

higher than the amplifier output and the buck output shall just wait for the amplifier load

current to discharge.

It can be inferred from Fig 5.30 that in order to optimize the control algorithm, first

the ramping up transient of the reference voltage should be monitored and sufficiently large

current driving capability of the converter should be designed. Secondly, for a correct

judgement of the converter’s load condition, the focus should be placed on the inductor

current in stead of the amplifier’s load current. For this reason, the inductor waveform for

different conditions should be analyzed. Fig 5.31 depicts the inductor waveforms for both
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Figure 5.31: Inductor current waveforms under different mode of conduction

continuous conduction mode (CCM) as well as discontinuous conduction mode (DCM).

The integration of inductor current over one switching cycle reveals how much charge is

delivered to the output, which can be averaged within one period to get the averaged inductor

current. Under steady state the averaged inductor current must be equal to the actual load

current. When the inductor current reduces to be less than half of the peak-to-peak inductor

current ripple, the DCM should take place otherwise the forced continuous conduction mode

(FCCM) will make the inductor current flow in the reversed direction [71]. This negative

inductor current must be prohibited as it is essentially draining the charge stored at the

output capacitor to the ground. In this case, the average inductor current is not high

enough to support the CCM operation, thus the triggering of DCM operation can be used

as a signal when the inductor current enters light load condition regardless of the its output

voltage level.

Therefore, in order to prevent the inductor current from reversing its direction and

triggering the DCM operation at the same time, the zero crossing point of the inductor

current must be monitored. This circuitry is usually referred as the zero current detection

(ZCD) block. Instead of detecting the zero crossing of the inductor current, it is equivalent

to detecting the zero voltage crossing of the switching node VX. When the freewheeling

NMOS switch is conducting, the voltage at VX can be expressed as:
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Figure 5.32: Schematic of the zero current detection block

V X = −IL · rds,n (5.19)

Thus, during the NMOS freewheeling phase, with the decrease of the inductor current,

VX will slowly ramps up from a negative value towards zero. In the ideal case, VX will

hit the zero level at exactly the same time when the inductor current diminishes to zero.

Base on this concept, the ZCD block can be implemented as shown in the Fig 5.32. For

real implementation, the comparator should react before the moment VX increases to zero

to compensate for the propagation delay of the comparator as well as all the digital logic

circuits. Therefore, some offset should be added in order to make the comparator flip its

output before the zero point. In our design, the input differential pairs of the comparator

are designed to be unbalanced to create a input referred offset voltage. These two transistors

are partitioned into 32 multiple finger elements and are laid out with the common-centroid

layout pattern. For one transistor, one finger is connected as a dummy transistor, leaving

only 31/32 of the equivalent geometric ratios. Hence the offset is created. Simulation results

show that the comparator is pre-triggered and kept a minimum freewheeling current of 8.9

mA when both power switches are off.

The DT_N and DT_P are the NMOS and PMOS control signals generated from the
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Figure 5.33: Waveforms of different control signals during the ZCD operation

preceding PWM/PFM stages with added dead time. ENB is the enable signal for the zero

crossing comparator which is active low. NCTRL is the final gate control signal for NMOS

switch, before it is used to drive the power transistor it will go through a series of gate

drivers to amplify its driving capability. VSHORT is an additional gate control signal for a

NMOS freewheeling switch, it is supposed to short the inductor L when both of the power

transistors are switched off. In real implementation, due to the delay in each block, the

NMOS switch cannot be switched off precisely at the moment when the inductor current

reduces to zero, instead a small amount of current is allowed to flow in the inductor. Without

the freewheeling path provided by this additional switch, oscillation will build up at the

output filter which is now an LC tank. The ZCD signal is buffered to generate this VSHORT

signal, and only after NCTRL becomes low will this VSHORT be enabled. The operation of
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this ZCD control logic is further delineated as waveforms of each control signals as in Fig

5.33.

As shown in the figure, the ZCD cycle starts with the PMOS being switched off, which

also enables the zero crossing comparator. After a short dead time, NMOS is turned on to

serves as the synchronous diode. As the inductor current keeps on decreasing and finally hits

the zero level, the comparator output Vcomp is flipped high, which is also the clock signal

of the D flip flop. Thus the ZCD signal is activated at the rising edge of the clock, and

consequently the NMOS control signal is turned low. After that, the freewheeling switch is

turned on to short the inductor. The system remains in this state until the DT_N control

signal is turned low which means the PMOS transistor is about to be switched ON for the

next conduction cycle. Therefore, the D flip flop is reset and the comparator is disabled for

the next cycle.

With the assistance of the ZCD block, the inductor current loading condition can be

detected and used to trigger different modulation scheme respectively. At the same time, the

heavy load condition where the reference voltage ramps up quickly should also be monitored.

As shown in Fig 5.30, at the beginning of the supply-tracking operation, huge amount of

current is required by the load due to the large slope of the reference voltage. Therefore a

slope detector circuit should be designed and deployed to detect such drastic changes in the

input transient. Normally, a differentiator circuit is able to sense the rate of change of an ac

signal, however, its output swing with respect to the input rate of change is multiplied with

the time constant of the R and C used in the differentiator. The variation of the resistor

value across PVT corners will make the sensing of input rate of change inaccurate. Here we

proposes a novel slope detection circuit which eliminate the effect of the inaccurate resistor.

The schematic of the proposed slope detector is depicted in Fig 5.34.

AMP1 together with all the R and C components form the differentiator circuit, it

senses the rate of change from the reference voltage Vref of the IAD block. VDDL is the 1.2

V bias voltage, it fixes the voltage at the positive input of AMP1 V1, so that the AMP1
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Figure 5.34: Schematic of the slope detection circuit

is dc-biased at 1.2V. VTH is a dc level created for comparison purpose, in the schematic

the difference between V1 and VTH is IBiasR2. When the reference voltage is having a high

frequency spike, AMP1 will swing downward with the amplitude proportional to the time

constant R1C1. The condition for the comparator output to flip is described as below:

V 1 −R1C1 ·
dV ref

dt
=V TH = V 1 − IBiasR2

dV ref

dt
=
R2

R1
· IBias
C1

(5.20)

By using the same type of resistance and matching the layout for R1 and R2, the input rate

of change to be detected is determined by the biasing current and C1 only. The biasing

current is generated from the constant-gm biasing which serves as the biasing current for

all the analog blocks in the class H system, the resistor used for the biasing circuit is an

external high precision resistor. Therefore its deviation due to the variation of resistor value

is much reduced. The Mode_Select signal is the same as in the IAD block which detects

the mode of operation of the amplifier, thus the UP signal becomes high only when both of

the following conditions are met:
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Figure 5.35: Flow chart of the modified control algorithm of the buck converter

(i) High frequency signal is detected

(ii) Input signal is large and the system will be working in class H mode.

With the ZCD and the slope detection circuit, both the light load and the fast reference

rising transient can be detected. Thus the control algorithm can be modified to optimize

the power efficiency of the buck converter for a wide load range.

The flow chart of the proposed algorithm for the buck converter is depicted in Fig

5.35. The system will first go through the soft-start process to have a smooth buildup of
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the converter output voltage. The proposed soft-start logic will be touched in the successive

section. After the buck output is settled, the dual-mode control scheme will be activated

which means the MUX2 in Fig 5.16 will select VC as the control signal, consequently com-

parators in the ZCD and the slope detection blocks will be activated. In the next step, the

UP signal which is generated from the slope detection block will be checked. If it is high it

means that due to the charging of the output capacitor the load current demanded from the

inductor is tremendous. Therefore, it is deemed as the system is under heavy load condition

and the control logic will selects PWM regardless of the Mode_Select signal from the IAD

block. As the slope detector directly senses the audio input voltage, the decision of control

scheme is made immediately and does not need to wait for the delay in the IAD block. For

input signals with moderate rate of change, the decision is made base on the operation mode

of the amplifier unit. If the signal amplitude is small and the amplifier works in class AB

mode, the PFM scheme will be selected. Otherwise, it is considered as the system enters the

class H supply-tracking mode. For the next step, the zero current crossing will be used as

the criteria to determine the buck converter’s operation scheme. If the inductor current zero

crossing is detected which means the DCM conduction occurs for PWM mode, it indicates

that the inductor current level is small e.g. the reference voltage is ramping down. It is

unnecessary to operate the controller at such a high frequency. Thus, the control scheme

can be switched back to PFM. If the ZCD signal is never triggered, the inductor current is

considered high and the controller will remain in the PWM scheme.

5.4.6 Soft-start Logic for In-rush Current Suppression

When the buck converter is first turned on, the converter’s output is close to zero.

Thus, the EA output VE is close to the supply voltage VBAT. If this VE is still used to

compare and intersect with the the sawtooth/ramp signal, the resultant duty cycle will be

100%. Therefore, the PMOS switch at the output stage will be fully turned on to charge

the inductor and the value of the inductor current starts to soar. As the output voltage
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Figure 5.36: Schematic of the proposed soft-start logic of the buck converter

across the capacitor is lagging the inductor current, it takes time for the sensed feedback

voltage to catch up with the value of the reference voltage. As a result, the inductor current

will climb to an excessive large value before the duty cycle returns to its normal value.

There are two key concerns regarding to the adverse effect of the in-rush current. First, as

the inductor current increases in an unlimited manner, it is easy for this current to exceed

the maximum current rating of the power path designed for the converter. This excessive

in-rush current may cause permanent damage to the components, interconnections or even

PCB traces which will ultimately lead to malfunction of the system. In order to bear this

peaking current, thicker PCB traces as well as more durable components have to be used

which unnecessarily boost the design cost of the system. Secondly, the overrated inductor

current will eventually cause overshoot to the output voltage, which will bounce back and

forth until it settles to its nominal value. Thus, a kind of ringing will be observed and

prolongs the system setup time of the buck converter.

During the setup phase of the converter, the uncharged output capacitor can be deemed

as a huge capacitive load, thus enormous amount of charges are required to charge up the

output voltage. As the integration of the inductor current is simply the charge it delivers

to the capacitor, one straightforward solution to lower the peak inductor current would be
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increasing the rise time of the output voltage. Thus the inductor current will ramp up in a

much "soft" manner and this protection scheme is called the "soft-start". The schematic of

the proposed soft-start logic for the buck converter is depicted in Fig 5.36. The idea behind

is to create a gradually increased pulsating signal in replace of the real PWM/PFM control

signal which is 100% initially. So that, the rise time of the output voltage is effectively

prolonged to reduce the peak inductor current value. The Ramp signal is the periodic

sawtooth signal used for the PWM control. Before the system is enabled, the nodal voltage

V1 is discharged to ground. Once the system is enabled, it will be gradually charged up

to generate the soft-start pulsating signal VSOFT. This VSOFT has its duty ratio slowly

increased from 0 to curb the in-rush inductor current. As shown in Fig 5.16, the VSOFT

signal is selected by the second 2-to-1 multiplexer MUX2 to serve as the gate control signals

of the power switches. The MUX control signal S2 is first reset to 0 when the system is

disabled, which means the soft-start logic will be used whenever there is a low to high

transition of the EN signal. After that, the termination of the soft-start process will be

determined by the EA output. In this design, due to the adoption of the EPP scheme,

the final EA output to be compared with the sawtooth signal is actually VE1 instead of

VE. With the buildup of the output voltage, this error voltage will gradually be pulled

down. Once VE1 drops below VH which is the predefined upper boundary of the sawtooth

signal, the comparator output will be flipped and S2 is going to be pulled low. This status

means the error voltage has now reached the range of the sawtooth signal and the duty cycle

generated from the PWM control block is valid to be used. Therefore, MUX2 will now select

VC as the control signal and the operation of the buck converter will be back on track.

For conventional soft-start logic, in order to effectively limit the inductor current, the

rise time of the output voltage must be designed to be sufficiently long. This also requires

the duty ratio ramp-up process of the pulsating signal VSOFT to be slow, which further

translate into a very slow charging behavior at V1. Thus, the hold capacitor C1 is normally

designed to be very large and needs to be implemented externally off the chip. This bulky
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C1 however consumes an extra I/O pin and requires large board area. To circumvent this

problem, another solution would be reducing the charging current at node V1. However, for

a normal constant-gm biasing circuit, the transconductance is directly linked to the value

of the resistor. Therefore, in order to reduce this charging current to the level of nA, the

resistor value is drastically boosted to a few tens of Mega Ohms which will consume quite a

lot of area. In stead of implementing the large resistance with real resistors, the transistor in

triode region can be cascaded to realize the large resistance. The left portion of the circuit

in Fig 5.36 is meant for generating a nA-level biasing current for the soft-start purpose.

When the EN signal sees a low to high transition, V1 is reset to zero. If transistor M2 and

M3 are designed with the same width but β times longer length as compared to transistor

M1, they will be operating in the triode region, the current in this branch can be expressed

as:

ICharge =
1

2
µpCox(

W

L
)1(V OV − 2V DS2)

2 =
1

2
µpCox(

W

L
)2[2V OVV DS2 − V DS2

2] (5.21)

Here the bulk of all the three PMOS transistor are tied to their source respective terminal,

so that their threshold voltage are close to have a valid assumption that their overdrive

voltages VOV, which equal to VBAT-VTH are more or less the same. Thus, M2 and M3 can

be considered as one transistor with doubled length, and the drain-to-source voltages VDS1

and VDS2 can be summed as VDS. The equation can be further simplified into:

2β =
2V OVV DS − V DS

2

(V OV − 2V DS)2
(5.22)

Which leads to:
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V DS = V OV ±
1√

1 + 2β
V OV

Since VDS<VOV

V DS = V OV −
1√

1 + 2β
V OV

(5.23)

Thus the charging current in this branch becomes:

ICharge =
1

2
µpCox(

W

L
)(

1√
1 + 2β

V OV)2 =
1

1 + 2β
IBias (5.24)

For this design, the β factor is selected to be 20, thus given the biasing current equals to

1µA, the charging current can be scaled down to around 20 nA. The hold capacitor C1 can

be implemented with a MIM capacitor which has a value of 3 pF only while still achieving

more than 100 µs of rise time for the soft-start process. The inductor current peak value

during the start-up process is limited within 500 mA.

5.4.7 Output Stage Design and Layout Consideration

The output stage of the buck converter comprises mainly of the two power transistors

as well as the gate drive circuits. Serving as the connection between the pulsating control

signal and the switching node of the inductor, the power output stage contributes most of

the losses of a buck converter and also consumes a vast portion of the area dedicated for

the chip. Therefore, although the structure remains relatively simple for the output stage,

it still calls for careful design considerations in order to achieve better overall performance

of the converter.

The design of the size of the power FETs has to consider both the conduction loss

and switching loss which are the major losses associated with the power transistors. The

conduction loss can be generally expressed as:
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PC = Irms
2 ·R (5.25)

where the Irms is the root mean square (rms) current flowing through the power FETs and R

is the conduction resistance of the transistor. During the corresponding conduction phases,

the power transistors operate in the deep triode region which gives the expression of R as

below:

RP/N =
1

µP/NCOX(WL )(V GS − V TH)
= R0 ·

1

W
(5.26)

As power transistors are normally realized with the minimum channel length of the process

technology for a smaller form factor, the effect of transistor geometric ratio on the channel

resistance is more reflected by its width. Therefore in the above equation, the resistance

is shown inverse proportional to the width with a constant parameter R0. For heavy load

condition, the converter operates under the PWM scheme and the output stage rms current

can be found as:

Irms
2 =Irms(dc)

2 + Irms(ac)
2

=DIo
2 +D · 1

3
· (∆I

2
)2

(5.27)

Here D stands for the fraction that the ON time occupies for one duty cycle. Io is the dc

load current, and ∆I is the peak-to-peak ripple of inductor current. The gate-drive loss is

a main contributor of the switching-based losses which results from the periodically raising

and lowering of the gate voltage of a power FET. Assuming the gate capacitance increases

proportionally with the area and hence the width of the transistor, the gate-drive loss can

be expressed in the form [72]:

PG = Eg0 ·W · f s (5.28)
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where Eg0 represents the total energy required for a low-high and high-low transition on the

gate of a power FET with unit width. It can be found that the conduction loss is inverse

proportional to the width while the switching loss increases linearly with width. By using

the algebraic minimization [73], the optimal width of the power FET can be obtained as:

W opt =

√
Irms2 ·R0

Eg0 · f s

=

√
(ILOAD2 +

1

12
(
V OUT(V IN − V OUT)

V IN · f s · L
)2) · V OUT

V IN3 · f s · µN,P · COX2

(5.29)

which yields a minimum total loss with equal value for the conduction and switching losses.

As the switching frequency fs remains fixed under the PWM scheme, the optimal transistor

width is proportional to the rms rating of the load current.

For PFM scheme, the inductor current operates in DCM. The calculation of the optimal

transistor width will be slightly different as the inductor current is discontinuous. The

inductor current waveform under the DCM condition is illustrated in Fig 5.37. Where

IPEAK and ILOAD are the peak inductor current and the load current respectively. a and b

stand for the gradient of the inductor current waveform. tON, tOFF and tidle are the switch

on time for the PMOS switch, NMOS switch and inductor freewheeling switch respectively.

In the PFM scheme, tON is a predefined value. As can be inferred from the figure, for a fixed

output voltage, tidle is dependent on the value of ILOAD. Thus the switching frequency of

the converter also becomes dependent of the load current. The switching frequency under

DCM can be derived as:

fDCM =
1

TDCM
=

2V OUT · L · ILOAD
V IN(V IN − V OUT) · tON2

(5.30)

Hence, the conduction loss for the PMOS and NMOS transistor under DCM can be derived

as:
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Figure 5.37: Inductor current waveform under the DCM for the PFM scheme

PC,P =
1

TDCM

tON∫
0

(at)2 · (R0,P/W ) · dt

=
2

3
·
V OUT(V IN − V OUT)(R0,P ·W )ILOADtON

V IN · L

(5.31)

PC,N =
1

TDCM

tOFF∫
0

(atON − bt)2 · (R0,N/W ) · dt

=
2

3
·

(V IN − V OUT)2(R0,N ·W )ILOADtON

V IN · L

(5.32)

The gate-drive loss for DCM is frequency-dependent for both NMOS and PMOS transistor,

and can be expressed as:

PG,DCM =Eg0 ·W · fDCM = V IN
2 · COX(W · L)fDCM (5.33)

Again, by applying the algebraic minimization, the optimal width of the power transistor

can be obtained by equating the gate-drive loss and the conduction loss for NMOS and

PMOS separately:

W opt,P =

√
(V IN − V OUT)2

3V IN2 · (V IN − V TH,P)
· tON3

L2 · µ · COX2
(5.34)
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W opt,N =

√
(V IN − V OUT)3

3V IN2 · V OUT · (V IN − V TH,N)
· tON3

L2 · µ · COX2
(5.35)

Since both the gate-drive loss and the conduction loss for DCM is dependent on load

current, the optimal width expression has the load current term cancels out and is hence

independent on the load condition. Which means for a given input and output voltage, the

optimal width for DCM is fixed. Substitute in the process parameters into equations (5.34)

and (5.35), the optimal width of the transistors for DCM can be calculated as: (W/L)P=

32982µm/0.5µm, (W/L)N= 20364µm/0.7µm.

The optimal width for CCM under PWM scheme is given in equation (5.29). For a load

current of 50 mA, which is the load of class AB amplifier on the edge of mode transition,

the resultant optimal width for PMOS transistor can be calculated as 39930 µm. However,

this is the minimum load condition for the class AB amplifier working in the supply-tracking

mode. With the output capacitor charging current included, the load current required from

the buck converter will be much larger as depicted in Fig 5.30. Thus, if the transistor

ratio is selected base on the optimal width in CCM, the size of the power transistor will be

excessively large. For instance, when the load current is 200 mA and the buck output is

2V, the optimal width base on equation (5.29) will be as large as 150440 µm which requires

tremendous active area. Moreover, as mentioned in the introduction chapter, the audio

signals are characterized with high PAR values which implies that for most of the time,

the averaged amplitude of the signal is much smaller than its peak level. Therefore, it is

not necessary to optimize the transistor size for the heavy load conditions which occurs

infrequently. Instead, more effort should be added to improve the efficiency at DCM mode.

Hence, the ratios for DCM optimization are used for the design of the power transistors.

The on resistances of the two power transistors are also calculated as: Ron,P = 0.17 Ω and

Ron,N = 0.103 Ω. The average on resistance is around 0.135 Ω which also meet the design

rule of thumb that the conduction loss is below 1% of the load resistance.
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Figure 5.38: Equivalent circuit models of different power transistor layout

The size of the power transistors are so large that they have to be partitioned into an

array of multiple parallel fingers for a compact layout design. Besides, as the power tran-

sistor carries large amount of current from one terminal to the other, the resistance as well

as current distribution along the conduction path must be scrutinized. The on resistance of

a power transistor includes not only the channel resistance but also the resistances of the

interconnects like the equivalent resistance of the metal path and the vias across different

metal layers. Fig 5.38 depicts the equivalent circuit model of several commonly-used lay-

out structures for the power transistor. The illustration is simplified into several fingers,

schematic (a) on the left shows the model of the multi-finger layout where the drain and

source terminals are tapped from the same direction. The horizontal lines represents the

channel resistances of each single transistor.

The problem for the first solution is the unbalanced current distribution among different

finger transistors. As shown in the figure, the upper most channel sees the least of the

interconnect resistances, thus this path is likely to carry most of the current flowing through

the power transistor while the bottom paths are bypassed. Although the current driving

capability is evenly distributed among the array of transistor fingers, the actual current does
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not have a balanced distribution as expected. This give rise to reliability problem of the

power transistor. As huge current is flowing in the upper path, hot spot can be detected

close to the drain and source terminals. Hence the actual current driving capability of

the power transistor is limited. The second solution as shown in schematic (b) alters the

tap point of the source terminal, as a result the resistances seen from the top and bottom

paths are equalized. Thus, the current instead of swarming into one path is split into two

different paths. At the same time, the two hot spots at the drain and source terminals are

separated which substantially cancels the thermal effects on the transistors. However, as the

interconnection resistances are uniformly distributed, the current flowing in the transistors

among the central area is still very small, which results in high current density in the

outer paths. Compared to solution (a), the layout in (b) relaxes the situation a bit but

the multi-finger structure is still not fully utilized. Solution (c) alters the interconnection

resistances according to the current level. On the drain side, the interconnection resistance

increases linearly as the current gradually branch out through different finger transistors.

Whereas on the source side, the resistances decrease linearly as more current is to be collected

from different paths. Therefore, the total current is distributed much more evenly among

different branches, and thus the reliability of the power transistor is greatly improved in the

sense that the current density of each individual component is much reduced. Compare the

structure (b) and (c) we can observe that structure (c) is an improved method considering

the interconnect resistance which are basically those resistors in the vertical direction. The

idea behind structure (c) is that in order to have an evenly distributed current profile, the

interconnect resistance along the current distribution path should be in linearly increased

manner. Since the current at the beginning is the sum of all branches and is largest, it

should see a gradually increasing resistance as the current branch out along the path.

In order to realize the linearly changed interconnection resistances along the current

path, the width of the metal routing which carries the current must be changed adaptively.

As the resistance of the metal routing is inverse proportional to its width, it results a
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Figure 5.39: Proposed layout structure for the power transistors used in the buck
converter

triangular shaped layout topology, which is also referred as the tapered layout structure.

In real layout implementation, the triangular shaped layout is not allowed as there exist

requirement on the maximum metal density for a certain area. In Fig 5.39, the layout for

the power transistor used in this design is illustrated.

In this implementation, the tapered structure is realized with metal strips with de-

creasing length. The strips by the top metal (AM) and the layer just below AM (MT) are

placed in a perpendicular manner so that the two metal layers form a mesh which minimizes

the contact resistance. This results in a staircase-like layout pattern when looking from the

top. For a compact layout design, the distance between each metal strip is set to be just

larger than the minimum distance required by the layout design rules. The intermediate

layers consist of several metal layers in this design. For a simple illustration, only one layer

is shown in the figure. The circled cross symbol stands for the via between each two metal

layers. For the vias between the intermediate layer and MT, the vias are build only for the

area that is covered by the above AM layer. For example, the 4 vias in black are the vias
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made between intermediate layer and MT for the longest AM strip on the drain side. The 4

vias are for illustration only, and in real implementation the number of vias are maximized

for the area under AM strip to reduce the interconnect resistance. For vias and contacts

from the intermediate layer all the way down to the diffusion region of the transistor, the

vias are build for the full length of the power transistor to minimize the contact resistance.

Take the current flowing in the longest AM strip as an example, the direction of the current

is drawn in blue arrows. The current will split for different MT strips and flow downward

through the vias, after passing through the channel, the current will be gathered at the

source side. Due to the complementary staircase-like shape of the two meshes, the MT strip

for the source side will be the shortest, hence the number of vias for the source side from the

intermediate layer to MT will be minimal. This structure embodies the concept of a linearly

shifted interconnect resistance from the drain to the source terminal. Thus, a more evenly

distributed current profile can be acquired for the power transistor which greatly enhances

the robustness of this power device.

Another benefit of the proposed layout structure is the 90° angle between the current

flow-in and flow-out directions. Thus, the power transistor can be placed at the corner of a

die, so that the I/O pads can be directly connected to the AM metal connecting to the drain

and source without using additional metal routing. Therefore, the interconnect resistance is

further reduced. For the PMOS finger transistors, a 18 µm wide transistor with 10 fingers

are defined as a unit cell. The power transistor is built up with a 14x13 array of the unit cell

and has an equivalent ratio of 32760 µm/0.5 µm, which is close to the calculated optimal

width. Similarly, the NMOS is realized with an array of 10x11 of 18.5 µm wide transistors

with 10 fingers which has an equivalent ratio of 20350 µm/0.7 µm. The array is defined

in such a manner that the shape of the power transistor is close to a square, so that equal

number of I/O pads can be assigned to the drain and source terminals respectively.

Since the power transistors are designed with extremely large form factors, large ca-

pacitances are associated with the gate terminal of the transistor. Hence, driver circuit is
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required to ensure the expected rise and fall time of the gate control signals. For convention-

al designs, the power transistor is driven by a inverter chain which has a constant tapering

factor u. The tapering factor u is designed such that [72]

uN =
Cg

C i
(5.36)

where N is the number of stages for the inverter chain, Cg and Ci are the gate capacitance of

the power transistor and the first buffer stage respectively. According to the literature [73],

the minimum propagation delay can be obtain with the tapering factor equals to e, which

is around 2.718. However, such small value of the scaling factor results in too many stages

of the inverter, which not only increases the area consumption but also the switching loss

resulting from the shoot-through current. Besides, the top concern of a power management

unit usually lies on the power efficiency and reliability instead of the minimum propagation

delay. Therefore, the number of inverter stages is capped to 4 and the ratio from the first

buffer to the power transistor is set to be 1:6:60:900:30000. Due to the short period when

both transistors are not completely off, there will be a large burst of short-circuit current

flowing from the the supply to the ground. As the size of the buffer stage increases, this

so-called shoot-through current cannot be ignored when considering the switching loss of

the system. In this design, the inverter chain with built-in dead-time is used to suppress

the switching loss due to shoot-through current [74]. The schematic as well as the timing

diagram of the gate driver is depicted in Fig 5.40.

The main objective for introducing dead-time is to reduce the short-circuit current

resulting from the overlapped conduction zone of the PMOS and NMOS transistors. Due to

the tapering factor, the major contribution of the shoot-through current is by the last two

stages of the inverter chain. Therefore, the purpose of the circuit in Fig 5.40 is trying to

create a dead-time zone for the last stage buffer which consists of transistors M1 and M2.

Instead of connecting the output of the third inverter to gate terminal of both M1 and M2.
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Figure 5.40: Gate driver circuit with build-in dead time buffer and its timing diagram

The gate control signal to the last stage is split into V4 and V5 respectively. Additional

feedback loop is used to create a delay time for both the rising and falling edge of the control

signal V1, so that the last stage transistors will not be conducting at the same time and

hence eliminates the switching loss due to shoot-through current. The introduced dead-time

can be controlled by properly adjusting the propagation delay time within the feedback

loop, which can be done by limiting the charging or discharging current of inverter INV5

and INV6.



Chapter 6

Measurement Results and Discussions

6.1 Chip Fabrication and Testing Setup

A prototype of the proposed class H audio amplifier is realized and fabricated with the

AMS 0.18–µm standard CMOS technology. The whole design including the power transistors

and all the I/O pads occupies an area of 1.35 mm×1.32 mm. The micrograph of the chip is

depicted in Fig 6.1. The die is packaged in the 48-pin DIP package for measurements. The

PCB board designed for testing is shown as in Fig 6.2.

The PCB is implemented with 4-layer structure with the second and third layers assign

for the power and the ground plane, respectively. For the audio load, a 16-Ω resistor in

parallel with 200–pF capacitive load is used. The passive components used for the buck

converter are a 2.2–µH power inductor and a 2.2–µF ceramic capacitor. The basic testing

setup follows the instruction as in the technical report for testing of a class AB audio

amplifier [75]. The input signals are generated from the signal generator and the whole

PCB is supplied by one dc power supply which has a nominal value of 3.3. The amplified

signals are analyzed by the Stanford Research System SR1 Audio Analyzer, at the same time,

they are also probed to be displayed by the oscilloscope. Therefore, the actual capacitive

149
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Figure 6.1: Chip micrograph of the proposed class H audio amplifier

Figure 6.2: PCB designed for measurement of the chip
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load driven by the audio amplifier should be larger than 200–pF which satisfies most of the

headphone applications on the market.

For quiescent power testing, the input ac signal from the signal generator is grounded.

The quiescent current will be monitored by the dc current rating of the dc power supply.

For testing of the linearity performance, the amplitude and frequency of the input ac signal

will be swept, the waveform will be captured by the oscilloscope and the distortion as well as

noise will be analyzed by the Audio Analyzer. The efficiency can also be obtained the same

time while testing the transient performance. The dc current rating of the power supply

times the supply voltage will give the total power consumption of the system which includes

all types of losses within the system. For testing of supply noise rejection, the input of the

class AB amplifier will be grounded. The signal generator will generate an ac signal with

relatively large amplitude, and this ac signal will be coupled to the dc supply to create a

"noisy" power source. The differential output of the class H amplifier will be analyzed by

the Audio Analyzer to obtain the value of PSRR.

6.2 Measurement Results

The measurements were conducted on 15 chip samples. The averaged quiescent current

consumption is 1.07 mA, which leads to a total quiescent power of 3.52 mW under a 3.3

V power supply. For transient testing, a pair of sinusoidal waves which are 180° out of

phase generated from the signal generator are used as the input ac signals. To justify the

amplifier’s capability for driving audio signals, its supply-tracking performance is tested

at different input frequencies. Fig 6.3 and Fig 6.4 plot the screen captures of the output

waveforms at medium frequencies as well as higher frequencies. The output power delivered

to the load is kept the same as 151 mW which is equivalent to a peak-to-peak output swing

of 4.4 V across the 16–Ω load.

As can be observed from the figures, when the input frequency is low, the buck converter
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(a)

(b)

Figure 6.3: Measured output waveforms at 151 mW output power (4.4 V peak-to-peak
output swing) with sine input at medium frequencies (a) 1 kHz, (b) 2 kHz
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(a)

(b)

Figure 6.4: Measured output waveforms at 151 mW output power (4.4 V peak-to-peak
output swing) with sine input at higher frequencies (a) 4 kHz, (b) 20 kHz
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output VSUP is able to closely track the amplitude of the input signal. As the input frequency

increase, the phase shift between the reference signal generated form the IAD block and the

class AB outputs also becomes larger. This leads to the buck converter output lags behind

the realtime input signals. As a result, the headroom voltage left across the power transistor

is further squeezed. When the input frequency increases further to 20 kHz, not only the

phase difference between the two types of signals but also the response time of the buck

converter become the limiting factors for the supply-tracking performance. The above issue

due to the mismatch of latency between the fine gain and coarse gain paths justifies the

analysis in Chapter 4. Although there exists mismatch between the coarse gain and the fine

gain paths, the differential output which is the one driving the load is not affected. The

reference feedforward technique speed up the converter’s response to a reference voltage

transient. With a predefined headroom voltage of 200 mV designed for the power transistor,

no waveform clipping is observed throughout the audio frequency band. Therefore, the

reference-tracking capability of the amplifier is validated for audio applications.

The linearity performance of the amplifier can be quantized by the THD+N ratio. Fig

6.5 (a) shows the spectrum of the amplifier working in class AB mode which delivers an

output power of 5 mW to the load when the input frequency is 1 kHz. Under this condition,

the converter output stays at a fixed value of 1.2 V as the VDDL, and the measured THD+N

ratio is -73 dB. Fig 6.5 (b) shows the spectrum when the output power is around 25 mW,

under this load condition, the class H is just triggered and the measured THD+N is -78

dB. Fig 6.5 (c) shows the output spectrum when the output power is 180 mW, the lowest

THD+N value is measured as -82 dB. The THD+N ratio over the output power plot of

the proposed design is depicted and compared with the benchmark work on the single-rail

supply class H amplifier [22]. It can be observed from the figure that for the benchmark

design, the THD+N ratio incurs a sharp degradation from 0.01% to 0.05% when the class

H supply-tracking mode is activated. The added distortion is mainly due to the switching

scheme proposed in that work where the nonlinearity of the analog switches as well as the
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(a)

(b)

(c)

Figure 6.5: Spectrum of the differential output at 1kHz for (a) class AB mode with 5
mW output power, (b) class H mode with 25 mW output power and (c) class H mode
with 180 mW output power
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resistor dividers substantially affect the linearity of the system. Therefore, for the whole class

H operating region, as the output power increases the THD+N value hovers around 0.06%

until waveform clips. In other words, the benchmark design demonstrated good linearity

performance for a class AB amplifier design, while the high linearity is not preserved for

class H mode operation. For our proposed design, the output common mode voltage is

modulated to enable the supply-tracking operation. As its CM voltage is cancelled out

in view of the differential output voltage, no additional distortion is generated during the

transition between the two operation modes. Therefore, the THD+N ratio gradually ramps

down as in a conventional class AB design. It remains below the value of 0.02% for the

class H mode until the output power increases to the level where waveform clipping sets in.

Hence, it is validated that the proposed class H amplifier design achieves better linearity

performance for the entire load range.

Linearity performance of the class H amplifier at higher frequency range are also tested.

Figure 6.6: Comparison of the THD+N ratio at 1 kHz between the proposed design
and the benchmark work
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(a)

(b)

Figure 6.7: Output spectrum for class H mode operation with input frequency of (a)
10 kHz. (2) 20 kHz

Fig 6.7 (a) and (b) depict the output spectrum of the amplifier when amplifying single tone

input signals with frequencies of 10 kHz and 20 kHz respectively. The output power is

fixed to 151.25 mW which is equivalent to a peak load power of 302.5 mW. The differential

output swing is 4.4 Vpp, and the system is operating under the class H mode. The measured

THD+N ratio for with 10 kHz and 20 kHz input are -79 dB and -80.4 dB respectively.

The PSRR is tested for audio frequency range, the testing setup is shown in Fig 6.8.

For PSRR testing, the ac input signals are connected to the ground. The amplifier output
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Figure 6.8: Testing setup for PSRR measurement

is connected to one channel of the audio analyzer. The noise is generated from the function

generator and is directly coupled to the dc power supply. The dc power supply is usually

designed with low output impedance, while the input impedance seen into the power pin of

the audio amplifier is relatively large. Hence, when viewed from the supply node, it is the

two resistors in parallel which is dominated by the much smaller power supply impedance

in the milli-ohm range. At the same time, the function generator itself also has internal

resistance in terms of few tens of ohms [75]. Therefore, the ac signal coming out of the

function generator will almost see the supply node as an ac ground. In order to keep the

ac signal amplitude at the supply node to a reasonable level, substantial value of resistance

RSVR must be added to create a voltage divider circuit from the function generator to the

supply node. In this case, the value of the RSVR is selected to be around the same value of

the generator internal resistance which is 20 ohms. The RSVR in series with the amplifier is

only used for PSRR measurement, otherwise it incur voltage drop seen from the supply to

the output. For quiescent state, the voltage drop across this resistor is still acceptable. While

for transient testing, this compensator network will be bypassed to save power. The CSVR

is the ac coupling capacitor which serves as a high-pass filter to inject the ac signal into the

amplifier’s supply node. The corner frequency should be lower than the lower boundary of

the audio signal band which is around 20 Hz. Based on this value, the value of the capacitor
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(a)

(b)

(c)

(d)

Figure 6.9: Output spectrum of PSRR testing at different frequencies (a) 1 kHz (b)
2 kHz (c) 10 kHz (d) 20 kHz
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Figure 6.10: Measured PSRR of the amplifier for audio signal band

can be calculated subsequently as 201 µF. This ac coupling capacitor is finally realized with

an 220 µF electrolytic on the PCB. The ac signal level will be sensed by the audio analyzer

using another channel. The difference in dB between the input (the supply node) and the

output (the differential output of the amplifier) will be exactly the PSRR.

The amplitude of the ac signal is kept constant at 500 mV, with the voltage divider

effect of the ac coupling filter, the amplitude captured at the supply node side is around

250 mV. The input ac signal frequency is swept from 20 Hz to 20 kHz for audio band.

The spectrum of the amplifier differential output signal is shown in Fig 6.9 for different

frequencies, and the PSRR plot is plotted in Fig 6.10 based on the collected data. It can be

seen that the PSRR of the amplifier remains below -60 dB for the whole audio signal band.

Fig 6.11 plots the efficiency of the proposed design with sinusoidal input at different

frequencies as well as analytical values for other types of linear amplifiers. The maximum

output power is defined as the output condition where the THD+N ratio increases to 1%.

The peak power efficiency is measured at the maximum output power of 263 mW which

corresponds to a peak load power of 526 mW and 5.8 Vpp output swing. The efficiency
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Figure 6.11: Measured power efficiency of the proposed class H amplifier at different
input frequencies compared with analytical values of class AB and G amplifiers

measured is the system efficiency which has considered all kinds of losses in the system

including the power conversion loss, static power consumption of all control circuits, and so

on. Compared to class AB and G amplifiers, the proposed work achieves more than 25%

improvement on efficiency during medium load range. This advantage will become even

significant when the input signal exhibits high peak-to-average ratio like real audio signals.

The measured performance of the proposed class H amplifier is summarized and com-

pared with both previously reported papers as well as commercial products in Tables II

and III, respectively. From the tables, it can be seen that the proposed design features the

highest peak power efficiency among all amplifiers. Compared with the benchmark class H

amplifier in [22], the proposed design solves the nonlinearity injection problem encountered

in class H mode operation. Meanwhile it attains a much lower quiescent power consumption

and smaller area due to the reduced system complexity. For applications in mobile devices

where single-rail supply is preferable, the proposed design demonstrates an optimal linear
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amplifier solution with good balance among power efficiency, linearity, and cost.

Table 6.1: Performance comparison with recent works on linear amplifiers

References [19] [20] [34] [28] [4] [36] [22] This Work
Classification AB AB G G G G H H
Process(nm) 130 500 65 180 180 350 180 180

Single/Dual-rail
Supply Dual Dual Dual Dual Dual Single Single Single

Supply
Voltage(V) ±1 ±1.5 ±1.4/±3.5 ±1.5 N/A 1.8/3.6 1.4-

3.1 1.2-3

Maximal
Output Power
Pout(mW) @
THD+N = 1%

20 47 45 62 60 518 205 263

THD+N @
1kHz

A-weighted
(dB)

-84 -77.9 -80 -95 -95 -73.5 -66 -82

Quiescent
Power (mW) 1.2 1.43 0.41 1.65 3.05 18 9.9 3.52

Load (Ω) 16 16 32 16 16 8 8 16
Peak Power

Efficiency (%) 62.8 N/A 70 N/A N/A 67.2 80 80.4

Area (mm2) 0.1 0.34 0.14 2.4 2.37 N/A 2.55 1.74
PQPR(Peak-to-
quiescent Power
Ratio) F.O.M

16.7 32.9 109.8 37.6 19.7 28.8 20.7 72.5

Table 6.2: Performance comparison with recent products on class G/H amplifiers

References
TS4621
Class-
G [76]

TPA6140
Class-
G [77]

LM48824
Class-
G [78]

LM48580 Class-H
with boost

converter [79]

This
Work

Supply Voltage(V) 2.3-4.8 2.5-5.5 2.4-5.5 2.5-5.5 3.3-4.2
Output Swing(VRMS)

THD+N ≤ 1% 0.77 0.91 0.8 7.8 (THD+N =
5%) 2.05

Quiescent
Current(mA) 0.6 1.2 0.9 2.7 1.1

THD+N @ 1kHz (dB) -84.4 -74 -66 -56 -82
THD+N @ 20kHz (dB) -66 -81 -80 >-40 -80
PSRR @ 217Hz (dB) 100 100 94 75 77.5



Chapter 7

Conclusions

The focus of this thesis is on the analysis and design of a class H amplifier with the

load-adaptive supply for audio applications. It provides an optimal linear amplifier solution

incorporating both high linearity and high power efficiency. In this chapter, conclusions are

drawn for the content presented in this thesis and recommendations for future work will be

given.

7.1 Conclusions

The main objective of the Ph.D. research program is related to the analysis and design

of a supply-tracking class H audio amplifier for mobile devices. In Chapter 1, the trade-offs

between the linear amplifier and the switching amplifier are analyzed, and the motivations

and objectives of this research project were described in detail.

In Chapter 2, a comprehensive literature survey on the linear mode audio power ampli-

fier is unfolded. The literature review started with the audio signal characterization and is

followed by the performance metrics of audio power amplifiers. Subsequently, the paramount

163
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portion within a linear audio amplifier, the power output stage, is deeply reviewed for differ-

ent topologies. More specifically, the class AB output stage being the most popular output

topology in recent designs, is analyzed with the state-of-the-art design examples. Insights

to their novelty as well as the limitations are provided.

In Chapter 3, The defect of class AB power amplifier in terms of power efficiency was

analyzed and hence introduced the concept of linear power amplifiers with adaptive power

supplies. The two embodiments of this concept, the class G and class H amplifier, are

delineated with the design examples from the recently reported works. The derivation of

class G amplifier power efficiency was offered to justify the feasibility of further improvements

on efficiency with the class H topology. In the rest of this chapter, the previously reported

class H amplifier architecture is illustrated which represents the state-of-the-art of the class

H topology. However, this design is incapable to be used as a high fidelity audio driver in the

sense that its linearity is severely degraded due to additional distortions introduced during

switching of modes.

In Chapter 4, our proposed class H amplifier architecture was delineated. In the pro-

posed design, the amplitude information of the input signals is embedded into the output

CM voltage of the main amplifier. Thus, the single-rail supply class H operation is enabled

without constant alterations of the system architecture. Better linearity performance is

hence achieved compared to the previous design. The PSRR as well as the effect of the

latency mismatch between the two different signal paths were also analyzed which gives

design directions for the IC implementations.

In Chapter 5, the IC implementations of the proposed class H amplifier architecture

were delineated. The system consists of three building blocks, the fully-differential class AB

amplifier with modulated output CM level, the Input Amplitude Detection (IAD) block and

the reference-tracking buck converter. The design analysis of each block is provided which

includes the fundamental analysis like the dc and ac stability analysis, as well as specific

concerns for it to be deployed within the class H system. A novel control algorithm was also



CHAPTER 7. CONCLUSIONS 165

proposed for the buck converter to optimize its power efficiency under light load conditions.

In Chapter 6, the performance of the proposed work was validated with the measure-

ment results based on the fabricated chips. The prototype of the class H amplifier was

realized with a 0.18-µm CMOS technology. The collected data reveals that the proposed

design achieves a quiescent power of 3.52 mW under a 3.3 V power supply and its peak power

efficiency is acquired at its maximum load power of 263 mW as 80.4%. Compared with the

benchmark class H amplifier [22], the proposed work does not incur a sharp degradation on

THD+N ratio when the system operates under the supply-tracking mode, instead its high

linearity is kept for the entire load range and achieves a minimum THD+N ratio of -80.5

dB. Hence, the superiority of the proposed architecture in terms of high linearity is justified.

In summary, this Ph.D. research project has contributed significantly upon the analysis

and design of the class H supply-tracking audio amplifier. It improves the low linearity of

the previous work to a level that is suitable for high-fidelity audio applications, meanwhile

it provides an optimal linear amplifier solution with good balance among power efficiency,

linearity and cost. However, we have also met some of the problems that limit the perfor-

mance of this class H amplifier. This includes the limited PSRR, finite reference-tracking

capability of the dc-dc buck converter, circuit reliability and so forth. In other words, there

is still much space for the improvement work, and hence we list the shortcomings as well as

possible areas for improvement in the next section of this chapter for readers to consider.

7.2 Recommendations for Future Work

The possible future working directions pertained specifically to this topic include:

First, further improvement on PSRR. On the basis of the literature review and the
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experimental results it can be seen that the PSRR performance is not as good as the state-

of-the-art designs in class AB or Class G amplifiers. As analyzed in Chapter 4, the fully-

differential topology does not necessarily guarantee good PSRR performance. This is because

the perfect matching of all the components including the transistors and resistors are not

achievable in real circuit implementation. Thus, it is not possible to acquire excellent supply

noise rejection through the differential topology. Therefore, the first recommendation for

future work is on the improvement of PSRR with additional circuit techniques. As the

supply noise for a class H amplifier is injected mainly from the last stage, it is intuitive to

design the additional circuitry for supply noise cancelation. Besides, some external trimming

networks can be added to correct the error due to mismatch of passive components like the

feedback resistors.

Secondly, the realization with smaller input supply voltage and a boost converter. As

described in this thesis, the adaptive power supply unit is realized with a buck converter

with 3.3 V battery voltage as input. For modern low voltage designs, the supply voltage

keeps on scaling with the process technology. In this case, a boost converter can be used

instead of the buck converter for the supply unit, such that the output voltage range of the

converter will not be constrained by the limited input supply voltage. As a result, the class

H amplifier could have an even larger output power range which renders it suitable for a

variety of applications.

Thirdly, the investigations into the control scheme of the power converter. PWM

control scheme incorporating PFM scheme at light load condition was adopted in this design.

The PWM scheme was selected for its constant switching frequency so that it is for sure

that the spectrum of the switching regulator will not interfere with the audio signal band.

However, for recent papers on hysteretic controlled dc-dc converters, it is also possible

that the switching frequency of the converter is controllable or predictable to a reference

frequency [80]. Thus, there exists the possibility for the hysteretic controlled buck converter

to take the place of the PWM-controlled converters. The hysteretic controllers are inherently
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stable and has very fast response to variations either from the load side or the reference

voltage. With such modification, the complexity of the control circuitry can be further

reduced and subsequently the quiescent power can be reduced. Meanwhile, the spectrum of

the switching regulator can be predicted, even at the quiescent state when the load current

is minimum, the switching frequency will be kept at a predefined minimum level instead of

dropping below the audio signal band.
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