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Abstract
Digital-to-analog converters (DACs) are key building blocks in various applica-
tions including radar and wireless communications. With the exponential growth
of data throughput in modern communication standards, e.g., fifth-generation
(5G), DACs has been pushed to achieve direct frequency synthesis in the GHz-
range with channel bandwidths preferably beyond 1 GHz. Yet, higher frequency
synthesis results in augmented power consumption, which can significantly im-
pact the wireless network if multiple DACs are utilized, e.g., in massive multiple-
input and multiple-output (MIMO) antenna systems with digital beamforming as
well as in end-user’s handheld devices subject to a less prolonged battery life.
Moreover, advances in digital signal processing and integrated-circuit fabrica-
tion, leading to reduced power consumption and cost as well as more flexibil-
ity in software-defined radio transmitters have motivated the displacement of
analog/RF circuits to the digital domain. At the same time, driving the DACs to
cover the millimeter-Wave (mm-Wave) spectrum, ranging between 30-300 GHz.
In this work, high-speed DACs operating in the GHz-range with maintained low
power consumption is addressed. The Nyquist-rate DAC is chosen due to its
simple conversion approach to facilitate the generation of channel bandwidths in
the GHz-range.

A 10-bit current-steering (CS) Nyquist DAC realized in 65-nm CMOS is pre-
sented. The design is intended for low-complexity and power consumption while
targeting high-speed operation with over 1 GHz channel bandwidth and main-
tained linearity. The binary-weighted architecture is considered to achieve straight-
forward digital-to-analog conversion. Next, a theoretical analysis to obtain the
energy consumption bounds in CS DACs is presented. The analysis considers
the digital, mixed-signal and analog power domains as well as the design cor-
ners of noise, speed and linearity. This is validated from reported measurement
results in published CS DACs implemented in CMOS technology. Furthermore,
design considerations with enhancement techniques are addressed. A digital
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switching scheme to avoid complementary switching transitions and counteract
for timing errors is presented. The proposed scheme improves also the yield in
linearity due to stochastic amplitude errors with reduced switching activity. Then,
a comparative analysis of latch-drivers commonly implemented in CS DACs is
realized. The comparison includes single- and dual-clocked latch-drivers and an
alternative solution is proposed to reduce the switching-delay and power con-
sumption.
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Chapter 1

Introduction

1.1 Motivation

Digital-to-analog converters (DACs) are essential building blocks in various ap-
plications. With the continuous demand on higher data throughput in modern
wireless communications, high-speed DACs in radio transmitters have become
of significant importance to generate the required channel bandwidths to satisfy
the data rate requirements [1]–[3]. As an example, the fifth-generation (5G) com-
munication standard as well as efforts to utilize the millimeter-Wave (mm-Wave)
spectrum in the range of 30-300GHz, need carrier frequencies in the GHz range
with multi-GHz channel bandwidths [4], [5]. Moreover, with the advent of the
sixth-generation (6G), carrier frequencies are expected to reach the THz band
with wider specifications in the channel bandwidth [6]. An immediate effect of
increasing the sampling frequencies results in augmented power consumption,
which motivates the employment of high-speed and energy-efficient DACs. This
has special attention in end-users portable devices, where prolong battery-life
along with high data throughput is required. Also, with the integration of massive
antenna elements each driven by a separate DAC and operating at high-speed
in multiple-input multiple-output (MIMO) antenna systems with digital beamform-
ing can lead to a large power dissipation in the wireless network [7]. Therefore,
power-savings in DACs with maintain high-speed operation can significantly con-
tribute to the overall reduction in the power consumption in the radio network in-
frastructure as well as end-user’s hand-held devices. Furthermore, the efficient

1



2 1.1. Motivation

use of the radio frequency (RF) spectrum aims at the utilization of preferably
orthogonal-frequency division multiplexing (OFDM) with high-order digital mod-
ulations schemes, e.g., 64- and 256-QAM. This requires high-performance DACs
with high spectral purity within the signal bandwidth. However, non-idealities in
physical DAC realizations force the integration of mainly calibration and error av-
eraging circuits to improve the DAC’s performance at the cost of increased area
utilization and power consumption. Also, fundamental limitations such as quan-
tization and thermal noise require to augment the power consumption to satisfy
the specifications in signal-to-noise ratio (SNR) [8]. Also, power savings in the
DAC design from a circuit and in architectural level become more important in
modern and beyond radio transmitters with innovative and simple solutions. In
this work a focus on the implementation of high-speed energy-efficient DACs is
presented along with an analysis in the energy bounds that limit the reduction of
energy consumption to achieve certain design performance metrics in current-
steering (CS) DACs.

Background

From prior wireless communications standards (1G-4G) to today’s 5G, DACs
have also evolved alongside to achieve direct frequency synthesis with larger
bandwidth and reduced power consumption. Reported DAC designs include
implementations in complementary metal-oxide-semiconductor (CMOS), bipo-
lar CMOS (BiCMOS) and hetero-junction bipolar transistor (HBT) technologies.
Realizations in BiCMOS has been explored, reporting multi-GHz sampling fre-
quencies at the cost of significant increase in power consumption. However,
CMOS technology has become the preferred option to obtain energy-efficient
DACs due to the continuous device scaling, leading to lower power consumption
and faster switching transitions. On the other hand, large levels of integration
and reduced cost per device motive even more the utilization of CMOS process
nodes. Besides, to attain high-speed digital-to-analog conversion, the CS DACs
have been largely implemented with respect to other DAC topologies. To exem-
plify, the energy consumption versus year of publication for CS DACs designed
in different technologies over the past 25 years is presented in Fig. 1.1[9], where
it is observed that the energy consumption has been declining with time. Al-
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Figure 1.1: Energy consumption versus publication’s year of current-steering
(CS) DACs implemented in CMOS, BiCMOS and HBT technologies [9].

ternatively, hybrid DAC topologies and architectures have been proposed for
high-speed, e.g., resistive R-2R ladder with CS DACs as well as the integration
of both Nyquist and Σ∆ DACs to balance between sampling speed and resolu-
tion [10], [11]. On the other hand, improvements in CS DAC’s performance have
come at a cost of increased power consumption and complexity in the design.
The solutions to counteract for the performance degradation mainly include er-
ror calibration and randomization techniques, with special focus on amplitude
errors. Moreover, with augmented sampling frequencies, timing issues become
more prominent, degrading the DAC’s performance more rapidly. Yet, Nyquist
CS DACs have prevailed to maximize the channel bandwidth and satisfy for the
demands of high-speed applications.

1.2 Research methodology

The adopted research methodology is classified as applied research [12]. Prac-
tical and theoretical problems are addressed towards a feasible implementation.



4 1.2. Research methodology

Relevant issues in the field of CS DAC are considered and practical solutions are
proposed. The research is initiated with literature review. Thereafter, with the
aim of exploring high-speed operation and low-power consumption in DACs, the
binary-weighted CS DAC architecture is chosen for the study. High-level model-
ing followed with schematic and the physical level design in computer aided de-
sign (CAD) tools is carried out. Utilization of industrial 28-nm and 65-nm CMOS
processes is considered with the implementation in the latter due to a more suit-
able lead-time for tape-out. In addition, modeling and theoretical analysis are
utilized to identify and understand the relation between the design variables,
e.g., formulation that lead to minimum energy consumption in CS DACs and
other proposed solutions to reduce power consumption with attained high-speed
operation.

Societal aspects

From the first intercontinental radio transmission in 1901 to the deployment of
a radio infrastructure in the 1970s and continuing today with advance wireless
communications standards, the radio systems have been subject of continu-
ous development to improve signal quality, reduce latency and increase data
throughput. This has had a large impact on society with multi-user connectivity
between people and software platforms by easing fast communications within
long distances. DACs as essential blocks in radio systems and other applica-
tions are required to satisfy the communication demands with special focus on
energy efficient realizations. As the tendency of higher-speed communications
with more connectivity [13], e.g., internet-of-things (IoT) and massive multiple-
input multiple-output (MIMO) in modern radio systems and beyond mm-Wave,
reduction in power consumption has gained more attention as this impacts the
overall power consumption in say the radio network infrastructure and in the end-
user handheld devices.
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Ethical aspects

The application of ethical aspects during the conduction of the research activ-
ity is essential so that it can serve as a platform for further study within the re-
search community and industry. The ethical aspects considered the practice
principles of the European Code of Conduct for Research Integrity, including,
reliability, honesty, respect and accountability [14]. Moreover, the Swedish Re-
search Council (Vetenskapsrådet) has provided guidelines for a good research
practice, which have been also consulted for further guidance [15].

Source criticism

The source criticism consists of evaluating the source of information subject to
provide knowledge under a basis of credibility and usefulness [16]. In the present
work, peer-reviewed international conferences and recognized journals publica-
tions from university and companies are utilized as the platform for investigation,
including also books, for comparison and assessment of the different solutions
and methods in the area of data converters with main focus on CS DACs. The
sources encompass from state-of-the-art to more conventional CS DACs imple-
mentations.

1.3 Major contributions of the Thesis

The research work has been focused on high-speed and low-power CS DACs for
wideband wireless communications. A test chip of a binary-weighted CS DAC
was design and sent for manufacturing in 65nm CMOS process. The design is
aimed to achieve a signal bandwidth over 1 GHz with reduced complexity and
a favorable trade-off between power consumption, speed and linearity. Further,
a theoretical analysis to obtain the energy bounds, considering the fundamental
limitations of noise, speed and linearity in CS DACs is realized. The analysis
also extends to address other design considerations for low-power consumption
and it is validated from reported measurements in published CS DACs in CMOS
technology. Moreover, aspects of design considerations to strive for high-speed
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operation with reduced power consumption are addressed. A digital switching
scheme to avoid complementary switching transitions, leading to faster settling
times and lower power consumption as well as counteracting for the effects of
timing errors in CS DACs is proposed. In addition, a comparative analysis of
conventional static CMOS latch-drivers commonly implemented in CS DACs is
presented. The comparison includes single- and dual-clocked latch-drivers and
an alternate latch-driver is proposed to further reduce the switching transitions
and the power consumption in CS DACs.

Moreover, the publication [17] was carried out during the PhD studies. However,
this is not included in the dissertation as it is out of the scope of work.

1.4 Organization of the Thesis

This thesis is organized as follows: In Chapter. 2 an overview of DACs is pre-
sented, considering signal processing aspects as well as DAC categories and
circuit implementations. A performance comparison is also included for DAC re-
alizations in CMOS, BiCMOS and HBT technologies. Then, Chapter. 3 treats
in more detail the CS DAC, including fundamental performance limitations and
power consumption bounds. Moreover, design considerations in CS DACs re-
garding high-speed operation, low-power consumption and high-performance
are addressed. Next, the design and characterization of a 10-bit high-speed
binary-weighted CS DAC implemented in 65 nm CMOS process is presented in
Chapter. 4. Finally, Chapter. 5 concludes the thesis.



Chapter 2

Overview of digital-to-analog
converters

Digital-to-analog converters (DAC) have kept evolving towards high-speed and
low-power solutions with maintained performance. An overview of DACs is ini-
tially presented considering aspects of signal processing, architectures, circuit
topologies along with a performance comparison in different technologies, in-
cluding CMOS, BiCMOS and HBT.

2.1 Signal processing aspects

The reconstructed analog output, ŷ(t), from the digital-to-analog conversion pro-
cess for a sampling period, Ts, and the time instance, n, is given by [18]

ŷ(t) =
∞∑

n=−∞

x(nTs)h(t− nTs), (2.1)

with x(nTs) the discrete-time sampled amplitude and mapped to a digital word,
X = [bN , ..., b0], with bi ∈ [0, 1], N the word length and h(t) the impulse response,
where for a zero-order hold, h(t) is defined by

h(t) ≜

1, 0 ≤ t ≤ Ts

0, otherwise.
(2.2)

7
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Figure 2.1: Digital-to-analog conversion [19].

Figure 2.2: Normalized arbitrary signal ŷN (t) (a) time-domain (b) frequency-
domain response.

For an input sequence x(t) =
∑∞

n=−∞ xin(t)δ(t − nTs), ŷ(t) = x(t) ⊛ h(t) with
δ(t) the Dirac’s delta function and ⊛ the convolution operand. Thus, the Fourier
transform of ŷ(t) is F

{∑∞
n=−∞ xin(t)δ(t− nTs)

}
H(ω), where

F

{ ∞∑
n=−∞

xin(t)δ(t− nTs)

}
=

1

2π
X(ω)⊛

[
ωs

∞∑
k=−∞

δ(ω − kωs)

]

=
1

Ts

∞∑
k=−∞

X(ω − kωs),

(2.3)

with ωs = 2πfs and fs = 1/Ts. For H(ω), considering T ≤ Ts, we get

H(ω) =

∫ T/2

−T/2

h(t)e−jωtdt = T

[
sin (Tω/2)

Tω/2

]
e−jTω/2. (2.4)

From (2.3) and (2.4), we obtain for F
{
ŷ(t)

}
= Ŷ (ω) as

Ŷ (ω) = α sinc(Tω/2)
∞∑

k=−∞

X(ω − kωs)e
−jTω/2, (2.5)

where α = T/Ts and sinc(Tω/2) = sin(Tω/2)
Tω/2

. From (2.5), replicas of X(ω) are
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also present at multiples of fs with α sinc(Tω/2) as the envelope. A block dia-
gram of the digital-to-analog conversion process is presented in Fig. 2.1. The
reconstruction filter is used to remove the signal replicas beyond the Nyquist
bandwidth, fs/2. To illustrate, in Fig. 2.2 an arbitrary signal, ŷN(t), is presented in
both time-domain and frequency-domain with a normalized magnitude response.

Return-to-Zero

In (2.5), if α < 1, then x(nTs) holds its amplitude for a time duration less than
Ts and then it is set to 0 within the time interval, ∆T = n(Ts − T ). Thus re-
ferring this technique to as return-to-zero (RZ). In Fig. 2.3(a), the time-domain
response of an arbitrary waveform whose output is set to zero after a time dura-
tion T is presented. Also, the response in the frequency-domain of the envelope
α sinc(Tω/2) for different α values is shown in Fig. 2.3(b). Notice that for α < 1,
a flatter amplitude response over the signal bandwidth is obtained with the nulls
translated to frequencies higher than fs.

Mixing-Mode

Alternatively, if for each sample the amplitude changes its sign after nTs/2, this
is referred to as mixing-mode. In Fig. 2.4(a) this is illustrated for an arbitrary
waveform. Hence, a larger magnitude response in the frequency-domain with
respect to (2.5) at multiples of (2m + 1)fs for m ∈ Z+

0 is obtained. For each
sample in the time interval Ts(n − 1) ≤ t ≤ Ts(n − 1/2), the impulse response
h(t) applies. Yet, for the sample in the time interval Ts(n − 1/2) < t ≤ nTs a
time-shift, τ , in the impulse response needs to be considered. This translates
into a phase-shift in the frequency-domain as

H∗(ω) = H(ω)e−jωτ . (2.6)
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Figure 2.3: Return-to-zero (a) time-domain (b) frequency-domain response.

Figure 2.4: Mixing-mode (a) time-domain (b) frequency-domain response.

The superposition of the signed signals in the frequency-domain expressed as
Ŷ (ω) = Ŷ +(ω) + Ŷ −(ω) yields

Ŷ (ω) = α sinc(Tω/2)e−jTω/2

∞∑
k=−∞

X(ω − kωs)(1− e−jωτ )

= α sinc(Tω/2)e−jTω/2

∞∑
k=−∞

X(ω − kωs)
(
1 + e−j(π+ωτ )

)
.

(2.7)

Since 2ejθ cos θ = 1 + e2jθ, then θ = −(π + ωτ)/2. Also, τ = T , thus

Ŷ (ω) = 2α sinc(Tω/2) cos ((π + Tω)/2)e−j(π/2+Tω)

∞∑
k=−∞

X(ω − kωs). (2.8)

In Fig. 2.4(b), the frequency response from (2.5), which is referred to as non-RZ
(NRZ), and the mixing-mode from (2.8) with T = τ are shown. Notice that the
utilization of mixing-mode enables direct frequency synthesis at higher frequency
bands since no attenuation at (2m+ 1)fs is obtained.
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Quantization Error

The reconstruction of the analog signal, ŷ(t), is also determined by the DAC’s full-
scale (FS) signal and the number of quantization steps, M, with the quantization
step given by∆ = FS/M. However, the finite number of quantization steps result in
a quantization error, eq. For a large number M uniformly distributed and excited
with equal probability and without correlation with the input signal, eq can be
represented as white-noise [20]. The average power of eq derived for a single-
tone signal is Pn,q = ∆2/12 and represents a fundamental performance limitation
[21]. For a FS single-tone with an average power given by Psig = (2N∆)2/8, the
signal-to-noise ratio (SNR) of an N -bit DAC is given by

SNR =
(2N∆)2/8

∆2/12
=

3

2
22N . (2.9)

Moreover, (2.9) can be extended if the signal bandwidth, fsig, and fs satisfy the
condition fs > 2fsig. This is referred to as oversampling and the SNR then can
be expressed in dB as

SNRdB = 6.02N + 1.76 + 10 log
(

fs
2fsig

)
dB, (2.10)

with fs/2fsig known as the oversampling ratio (OSR).

Digital encoding

Binary-weighted

The digital-to-analog conversion is simply realized through anN -bit binary-weighted
digital word X = [bN−1, . . . , b0] with bi ∈ [0, 1]. Here, each bi disables or enables
an analog unit with a weight scaled by 2i in the DAC. Thus, a time-discrete analog
output, x(nTs), is expressed as

x(nTs) =
N−1∑
i=0

2ibi(nTs), (2.11)
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This is a straightforward conversion approach with no added decoding logic. Yet,
mismatch in the binary-weighted analog units compromises the DAC’s perfor-
mance in physical implementations. Moreover, mid-code bit transitions between
the most-significant-bit (MSB) and least-significant-bits (LSBs) can induce large
glitches and switching activity. This is represented for a 4-bit word and the tran-
sition from 1000 to 0111 with the simultaneous conversion between the MSB and
LSBs.

Thermometer-coded

On the other hand, to avoid the mid-code bit transitions and minimize the switch-
ing activity, the thermometer-coded representation of the digital signal is the
option to consider. Thus, the necessary number of analog units of equal size,
unary-weighted, between adjacent word transitions are enabled or disabled, which
is given by

∆(nTs) =

∥∥∥∥∥
N−1∑
i=0

2ibi(nTs)−
N−1∑
i=0

2ibi ((n− 1)Ts)

∥∥∥∥∥ . (2.12)

In addition, better accuracy can be achieved as the analog units are of equal
size. Naturally, a thermometer decoder is required to generate the digital word
with a length equal to 2N − 1 and whose complexity grows exponentially, thus
compromising its realization.

Decomposition

An alternative solution is known as decomposition [22]. In this case, for an N -bit
digital word, the MSB and LSBs are decomposed in a pair of reducedN -1 binary-
weighted bit lines and a single line for the LSB. The encoder generates replicas
of the MSB that control N -1 binary-weighted bit lines, whereas the LSBs control
the remaining ones. Thus, during a mid-code bit transition, the MSB and LSBs
exchange their control between the binary-weighted bit pairs so that no change
is observed at the output. An example of a 2-layer decomposition is illustrated
in Fig. 2.5.
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Figure 2.5: Example of a 2-layer decomposition.

2.2 Categories

Nyquist-rate

The Nyquist-rate DAC synthesizes an analog output directly from the digital in-
put sequence for a signal bandwidth fs/2 with fs the sampling frequency as pre-
sented in Section 2.2. The digital-to-analog conversion process is also presented
in Fig. 2.1. Further on, with α = 1 in (2.5), the envelope response at fsig = fs/2

drops to 2/π in magnitude, which results in an attenuation of about 3.9 dB in the
output signal.

Interpolation

The interpolation DAC is presented in Fig. 2.6 [23]. It integrates and up-sampling
stage and interpolation filter. The digital input sequence, X(n), is interpolated
to achieve a sampling rate of Ifs with I ∈ N and I > 1. The output of the
up-sampling stage, XI(m) equals X(m/I) if m = 0,±I,±2I, ..., otherwise, it
becomes 0. Thereafter, XI(n) is filtered out to remove the signal replicas in the
frequency-domain, XF

I (m). This results in a flatter envelope response over the
signal bandwidth with the envelope’s nulls translated at frequencies above fs,
thus relaxing the design requirements in the reconstruction filter.
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Figure 2.6: Block diagram of the interpolation DAC.

Delta-Sigma (∆Σ)

The ∆Σ DAC exploits the utilization of oversampling with the integration of ∆Σ

modulators to shape the quantization noise and translate it out of the signal band-
width. Also, if a trade-off between the number of input bits and the SNR is con-
sidered, this facilitates the DAC’s realization with a reduced bit resolution, M ,
for M < N without compromising the SNR in the signal bandwidth [24]. This
results in a DAC implementation with reduced analog circuitry1. A simplified
block diagram of the ∆Σ DAC is illustrated in Fig. 2.7. The ∆Σ modulators are
known as noise-shaping modulators and conventional implementations include
signal- and error-feedback, where the quantization noise shaping depends on
the ∆Σ modulator and its order. On the other hand, the utilization of oversam-
pling has represented a challenge in high-speed applications such as wireless
communications, however, they have been extensively used in audio and video
applications. Nevertheless, realizations in CMOS and BiCMOS aimed to operate
at high-speed have been reported [10], [26].

Figure 2.7: Block diagram of the ∆Σ DAC.

1With intrinsic benefit in reduced power consumption requirements [25].
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Radio-frequency (RF)

With the introduction of digital front-end in radios [27]–[29], offering more flexi-
bility in the configuration, e.g., the use of a large cellular bands’ range with the
same architecture as well as facilitating error correction have motivated direct-
RF frequency synthesis in modern wireless transmitters. Essentially, more of the
RF-analog circuitry and signal processing is displaced into the digital domain.
DAC realizations with the integration of the mixer stage or its displacement into
the digital domain of the transmitter chain have been commonly referred to as
RF DACs [30]–[33]. The former translates the channel bandwidth with a carrier
frequency, fc, whereas the latter exploits the use of the first Nyquist zone for a
large signal bandwidth, e.g.,≥ 1 GHz or higher Nyquist zones through the utiliza-
tion of signal processing techniques as presented in Section 2.2. To exemplify, a
simplified block diagram of a transmitter chain with the utilization of digital inter-
mediate frequency (IF) upconversion in the I/Q channels and the RF DAC with a
local oscillator frequency, fosc, for the mixing operation is presented in Fig. 2.8.
The RF DAC removes mixers in the RF domain, simplifying the RF transmitter
design with only a bandpass filter (BPF) and the power amplifier (PA). Also, im-
balance in the I/Q channels can be corrected digitally. Yet, as mentioned, this
requires the RF DAC to achieve direct-RF frequency synthesis, which represents
a design challenge, specially at multi-GHz carrier frequencies.

Figure 2.8: Utilization of an RF DAC in a transmitter chain.
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2.3 Circuit topologies

Resistor-based

The resistor-basedDAC topologies include theR-2R ladder, string voltage-divider
and binary-weighted resistive array. The R-2R ladder resistive DAC exploits the
intrinsic property to generate an scale binary-weighed analog output from a lin-
ear resistive network, making this solution attractive for its simplicity and imple-
mentation with either a reference voltage, Vref, (voltage-mode) or current, Iref,
(current-mode). For the string voltage-divider, the complexity grows exponen-
tially with the number of bits as this requires an switching network to select the
output voltage from the voltage divider. Fig. 2.9 shows the circuit schematics for
both solutions with the R-2R ladder DAC operating in current-mode. Naturally,
matching in the resistant values are essential to maintain accuracy in the ana-
log output. However, intrinsic parasitic capacitances in physical implementations
lead to time constants that can limit the conversion speed with added distortion.

Figure 2.9: Resistor-based DAC (a) R-2R ladder (b) string voltage-divider.

Capacitive-based

The capacitor-based DACs operate under the capacitive divider principle to re-
distribute the charge and generate the analog output. The re-utilization of the
charge during the conversion process leads to low-power solution. However,
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weak driving capability of the capacitive DAC and potential charge leakage re-
quire the utilization of an output driver. A conventional closed-loop driver with
negative feedback to mitigate for the non-linearity in the driver results in lim-
ited bandwidth. Alternatively, open-loop solutions have also been proposed at
the cost of added complexity to compensate for the output driver’s nonlinear
response [34], [35]. Common capacitive DAC implementations for the charge-
redistribution and switch-capacitor are presented in Fig. 2.10. The charge redis-

Figure 2.10: Capacitor-based DAC (a) charge-redistribution (b) switch-
capacitor.

tribution DAC in Fig. 2.10(a) utilizes a binary-weighted capacitive array withCu as
the minimum capacitance. Despite its simplicity, mismatch in the scaled capac-
itances in practical applications can constrain its utilization in above moderate
DAC resolutions in say 8-bit and more. On the other hand, the switch-capacitor
in Fig. 2.10(b) utilizes multiple clock phases to redistribute the charge so that
the charge stored in each capacitor C is bisected during the conversion process.
Moreover, as the capacitors are of equal size, it leads to better matching proper-
ties and the complexity increases linearly with the DAC’s resolution,N . However,
it requires to add more clock phases, which compromises the conversion speed.
To alleviate this issue, pipeline switch-capacitor DACs have been also proposed
to reduce the number of clock phases [34], [36].
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Current-Steering

The operation of the current-steering (CS) DAC is based on the superposition
of current sources at the output node to generate the analog signal. The contri-
bution of each current source is assigned separately through a weighting factor,
which for a binary-weighted implementation it scales by 2nIref with n the sub-
index of the control bit, bn. For this purpose, switches controlled by the digital
input word are utilized to set or disrupt the path of the current to the output. A
simplified circuit schematic of a conventional binary-weighted CS DAC with dif-
ferential output is illustrated in Fig. 2.11. Since the current is rapidly added after
the switching transition, the CS DAC offers a fast conversion speed with intrinsic
driving capability, thus making this solution suitable for high-speed applications.
The CS DAC is the focus of this work and will be presented in more detail in the
next chapter.

Figure 2.11: Current-steering DAC.

2.4 Performance Metrics

Static Performance

The static performance of a DAC is determined from the DC transfer function
by considering devations from the ideal response in the form of gain and offset
errors as well as nonlinear input-output characteristics [19], which can be also
classified as linear and nonlinear errors, respectively. The latter that determines
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the monotonicity of the DAC include the differential non-linearity (DNL) and in-
tegral non-linearity (INL), and methods to obtain both are the end-point and the
best-fit approximation [37]. The DNL and INL are defined as

DNL(k) = Ak − Ak−1

α∆
, (2.13)

and

INL(k) =
2N−1∑
k=0

DNL(k), (2.14)

where Ak −Ak−1 is the amplitude difference between adjacent bit codes with the
sub-index k, ∆ the ideal step difference and α the scaling factor with α = 1 for
the end-point method and α ̸= 1 for the best-fit approximation. Furthermore, to
guarantee monotonicity is required that |DNLk| ≤ 1 LSB and |INLk| ≤ 0.5 LSB
for k ∈ [0, 2N−1] [37], [38].

Dynamic Performance

Harmonic Distortion (HD): For a single-tone signal, the generation of distor-
tion tones located at multiples of the fundamental frequency is referred to har-
monic distortion (HD). In dB, this is calculated by

HDk = 10 log10
PHk

Psig

, (2.15)

where PHk and Psig is the average power of the harmonic-k and the signal with
k as an integer number. Moreover, the power contribution from the harmonics
over Psig is known as total HD (THD) and is expressed as

THD =

∑∞
k=2 PHk

Psig

. (2.16)

Signal-to-noise ratio (SNR): This is defined as the ratio between the input
signal, Psig, and noise, Pnoise, average power in a channel bandwidth, BW . In
dB, this is given by

SNR = 10 log10
Psig

Pnoise

. (2.17)
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Signal-to-noise and distortion ratio (SNDR): This is defined as the ratio be-
tween the average power of the input signal, Psig, and noise, Pnoise, plus HD in a
channel bandwidth, BW . In dB, this is given by

SNDR = 10 log10
Psig

Pnoise +
∑∞

k=2 PHk

. (2.18)

Spurious-free dynamic range (SFDR): This is defined as the ratio between
the input signal, Psig, and the strongest spur or distortion component average
power in a channel bandwidth, BW . In dB, the SFDR is given by

SFDR = 10 log10
Psig

max[Pspur]
. (2.19)

Intermodulation Distortion (IMD): For a dual- or multi-tone input signal, the
emergence of non-harmonic tones at the output is referred to as intermodulation
distortion (IMD). This is calculated from the ratio between the distortion tone of an
specific nonlinear order, k, PIMDk

, over the signal power, Psig, of the fundamental
tone, expressed in dB by

IMDk = −10 log10
Psig

PIMDk

. (2.20)

In a dual-tone signal with frequencies f1, f2 and f1 ̸= f2, the distortion terms
appear at fk,1,2 = m1f1 + m2f2 with m1,2 as integer numbers from a polynomial
expansion [39]. Similar analysis can be applied to the multi-tone case.
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2.5 Comparison of high-speed DACs

A comparison of high-speed DACs implemented in CMOS, BiCMOS and HBT
technologies are presented next. Table. ?? lists a selected group of published
DACs with their design characteristics and performance metrics, including the
sampling frequency, fc, signal bandwidth, BW , maximum output frequency, fout,
power consumption and SFDR. While BW can vary in oversampling DACs, e.g,
in ∆Σ DACs, fout can be larger from fs/2 in say RF DACs with the integration of
the upconversion mixer or if signal processing techniques are utilized. Also, due
to the importance of maintaining linearity as the signal frequency increases, the
SFDR reported is at fout. From Table. ??, notice that the switch-capacitor (SC)
DACs report an fs below 1 GHz [34], [36], except in [35], which reaches a BW

of 2.5 GHz. Moreover, the sub-nm CMOS CS DACs report an fs in the GHz-
range, reaching up to 100 GHz in [40]. Other implementations report a fs larger
than 3 GHz, thus demonstrating the feasibility to obtain a channel bandwidth
over 1 GHz with CS DACs. In addition, the utilization of time-interleaved (TI) has
resulted in multi-GHz channel bandwidths in Nyquist DACs as demonstrated in
[41], [42], where its employment has been also explored in∆Σ DACs to augment
the channel bandwidth in combination with reduced analog complexity that favors
the dynamic performance at high-speed operation [26]. On the other hand, BiC-
MOS and HBT DAC realizations report an fs over 1 GHz, but with a significant
increase in power consumption. The high transit frequency, fT , in BiCMOS and
HBT technologies permits to achieve higher switching speeds that facilitates the
utilization of signal processing techniques with fs in the GHz-range, thus utilizing
the signal replicas at higher Nyquist zones. For instance, this is reported in [43],
where for an fs of 2.7 GHz and with the utilization of RZ, fout reaches up to 10
GHz. Similarly, in [10] a fout of 20 GHz is obtained when operating with an fs of
3.35 GHz. Yet, fout close to fs have been reported in CMOS CS DACs with the
utilization of the mixing-mode technique [30],[44]. Moreover, the SFDR versus
fs is presented in Fig. 2.12. Note that the DACs achieve an SFDR ≥ 40 dBc up
to 10 GHz, except for [35]. Thereafter, the SFDR drops rapidly, reaching up to
25 dBc [40], which is attributed due to the mid- and low-resolution DACs imple-
mentations at fs > 10 GHz as well as fast linearity degradation with larger BW .
Also, the SFDR versus fout is presented in Fig. 2.13. Here, the data points are
mainly shifted to the origin. However, special cases correspond to the ∆Σ DAC
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in [26], where fout translates by one decade as well as in [30] with an fout close to
fs due to the utilization of the 2nd Nyquist zone with the mixing-mode technique.
On the contrary, other DACs achieve a higher fout with respect to fs as explained
earlier in BiCMOS and HBT technologies. Another case corresponds to the RF
DACs [31], where the signal bandwidth is centered at the carrier frequency, fc.

Figure 2.12: SFDR versus the sampling frequency, fs.

Figure 2.13: SFDR versus the output frequency, fout.
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Table 2.1: Performance comparison of reported DACs.

N◦
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1 RZ CS-R2R 0.13µm BiC-
MOS 10 3.35 1.67 20 1910 48 [10]

2 TI ∆Σ CS 65nm CMOS 8 11 1.1 1.1 117 57 [26]
3 Mixing CS 16nm CMOS 14 6.8 3.4 5.2 330 65 [30]
4 RF CS 65nm CMOS 16 1.75 0.9 4.1 380 63 [31]
5 RZ CS-R2R 0.4µm2 HBT 12 1.6 0.8 2.4 1200 40 [32]
6 Pipeline SC 90nm CMOS 12 0.8 0.4 0.4 103 55 [34]
7 Nyquist SC 65nm CMOS 12 5 2.5 2.5 50 20 [35]

8 Pipeline SC 0.5µm BiC-
MOS 10 0.2 0.1 0.1 693 60 [36]

9 TI CS 28nm CMOS 8 100 50 50 2500 25(2) [40]
10 TI CS 28nm CMOS 9 11 5.5 5.5 110 52 [41]
11 TI CS 65nm CMOS 6 20 10 10 136 28 [42]
12 RZ CS-R2R 0.5µm HBT 12 2.7 1.35 10 1600 42 [43]
13 Mixing CS 28nm CMOS 14 10 5 10 210 50 [44]
14 Nyquist CS 65nm CMOS 16 3.2 1.6 1.6 240 54(1) [45]
15 Nyquist CS 28nm CMOS 14 10 5 5 162 65 [46]

16 Nyquist-∆Σ
CS 65nm CMOS 16 12 6 6 1760 52 [47]

17 Nyquist CS 0.14µm
CMOS 14 0.2 0.1 0.1 270 78 [48]

18 Nyquist CS 90nm CMOS 12 1.25 0.62 0.62 128 66 [49]

19 CS-R2R 0.13µm BiC-
MOS 14 7.2 3.6 3.6 4600 67 [50]

20 TI CS 40nm CMOS 6 28 14 14 103 35 [51]

(1): Reported at fout equal to 0.7 GHz. (2): Reported at fout equal to 25 GHz.





Chapter 3

The current-steering DAC

The CMOS current-steering (CS) DAC is presented in more detail in this chapter.
The fundamental performance limitations are first discussed and then followed
with a theoretical analysis of energy/power consumption bounds. Thereafter,
circuit design considerations and enhancement techniques are presented. A
simplified block diagram of a differential CS DAC is illustrated in Fig. 3.1. Ini-
tially, synchronization between the input bits [bN−1, .., b1, b0] is achieved through
the timing circuits with clock and data buffer required for signal integrity. The
complementary control signals SW and SW are generated to drive the switches
in the differential pair, and thus, steer the current to one of the differential out-
puts. The contribution of all the current at the output node generates the analog
signal accordingly.

3.1 Fundamental performance limitations

Physical phenomena, imperfections in the manufacturing process and limita-
tions at the circuit-level bound and deviate the performance of the CS DAC
from ideal. The fundamental limitations considered in this section include the
stochastic mismatch error in the current sources, nonlinear settling, output resis-
tance/impedance degradation and noise, respectively.

25
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Figure 3.1: Simplified block diagram of a current-steering (CS) DAC.

3.1.1 Stochastic current mismatch

The stochastic mismatch errors in the current sources arise from the manufac-
turing process as explained next. Inherently, the output current deviates from
ideal by an amplitude error that can be expressed for an arbitrary current source
as

Ireal = Iideal + Ierr, (3.1)

with Ierr the amplitude error commonly modeled as a random variable with a
Gaussian distribution, N(0, σ2). From the Pelgrom’s mismatch model [52], the
ratio σ2(I)/I2 with I the output current and σ2(I) its variance for a current source
transistor with large dimensions can be approximated by

σ2(I)

I2
≈

σ2
∆β

β2
+

4[σ2
∆VT0

+ σ2
∆V γ ]

(Vgs − VT )2
, (3.2)

where

σ2
∆VT0

=
A2

V T0

WL
+ S2

V T0D
2, σ2

∆Vγ
=

A2
γ

WL
+ S2

γD
2,

σ2
∆β

β2
≈

A2
β

WL
+ S2

βD
2, (3.3)
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with A2
β, A2

V T0, A2
γ, S2

V T0, S2
γ , S2

β the process parameters, W and L the width and
channel length of the device and D the distance between the devices. From
(3.2), σ2(I) is inversely proportional to WL. Thus, increasing the transistor’s di-
mensions is a common approach to reduce the error at the cost of area utilization.
Moreover, the overdrive voltage, Vgs−Vth, in the current sources counteracts for
both σ2(∆VT0) and σ2(∆Vγ), suggesting to increase the voltage headroom in the
current sources at the cost of augmented power consumption. Other sources of
error are categorized as systematic, including IR-drop in the bias network as well
as process, electrical and temperature gradients, which can be mitigated with an
appropriate layout design [23], [53]. The static performance degradation due to
the stochastic current mismatch has been extensively studied in [22], [37], [53],
[54]. For an N -bit binary-weighted CS DAC, the DNL’s variance for an arbitrary
input code x, σ2(DNLx), can be given as [22]

σ2(DNLx) =
σ2(Iu)

I2u

N−1∑
i=0

2i|bxi − bx−1
i |, (3.4)

with bi an bit of the input code x and Iu the unary-current. From (3.4), the DNL can
be derived as DNL=max[

√
σ2(DNLx)], which shows a close agreement with the

DNL approximation in [54]. Similarly, DNL formulations for the unary-weighted
and hybrid or segmented DAC architectures can be derived [54]. Regarding the
INL, yield estimations with Monte Carlo analysis are proposed [53]. An alterna-
tive formulation has been presented with the criteria of a functional DAC if the
condition INL<0.5 LSB is satisfied, where the ratio σ(Iu)/Iu is obtained by [53]

σ(Iu)

Iu
=

1

2
√
2NC

, (3.5)

with C = inv-norm(−x,x)(0.5 + INL-yield/2). Further on, the stochastic mismatch
error in the current sources results in either HD if the input signal is periodic or
an increased in the noise power if it has a random behaviour. The SFDR for the
third-order HD (HD3) case approximates in dB to [37]

SFDR ≈ 3(N + 3)− 10 log10
[
σ(Iu)

Iu

]2
dBc. (3.6)

Hence, the CS DAC’s dynamic performance can start to degrade considerably
from low signal frequencies if no careful attention is given to the stochastic current
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Figure 3.2: Simple model of the CS DAC (a) before (b) after the switching tran-
sition [37].

mismatch errors.

3.1.2 Nonlinear settling

To investigate the settling behaviour of a CS DAC, let’s consider the circuit model
of Fig. 3.2 with the group of current sources∆X being switched between the dif-
ferential outputs. Hence, for the complementary input digital codes represented
as X± = XDC ± X̃ with XDC and X̃, the DC and AC terms, respectively, it can
be shown that the time-domain response of the output currents I−out and I+out at
the time instant n are expressed as [37]

I+out(n) = IDC
1 + x̃n

1 + ρ
′
Gx̃n

[
1− e

−t

τσ(X+
n )

]
+ I+out(n− 1)e

−t

τσ(X+
n )

+ I−out(n− 1)
ρ

′
C∆x̃n

1 + ρ
′
C x̃n−1

e
−t

τσ(X+
n ) ,

(3.7)
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and
I−out(n) = IDC

1− x̃n

1− ρ
′
Gx̃n

[
1− e

−t

τσ(X−
n )

]
+ I−out(n− 1)e

−t

τσ(X−
n ) , (3.8)

where

IDC =
ILBSXDC

1 + ρGXDC

, ρ
′

G =
ρGXDC

1 + ρGXDC

and ρ
′

C =
ρCXDC

1 + ρCXDC

, (3.9)

with ρG = RL/Ru and ρC = Cu/CL the conductance and capacitance ratios and
x̃ = X̃/XDC . Besides,the system’s time constant, τσ(X±), is given by

τσ(X
±) = τL

1 + ρCX
±

1 + ρGX± . (3.10)

From (3.10), we have that τσ(X±) is code-dependent, thus resulting in a nonlin-
ear settling. Moreover, if ρG = ρC , then τσ(X

±) is linearly dependent on τL only.
On the other hand, in (3.7), the third term is canceled if there is no change in
the input code, i.e., ∆x̃n = 0, otherwise, I+out(n) is also dependent on the rate of
change of the input code. Also, from (3.7) and (3.8), the memory effects from
the previous output currents, I−out(n − 1) and I−out(n − 1) influence the settling of
I−out(n) and I+out(n) and contribute with the nonlinear settling. To mitigate for these
memory effects and generate a less dependent signal’s round-trip from changes
in the input code, the terms I−out(n − 1) and I+out(n − 1) can be cancelled by set-
ting them to zero. This is already presented in Section. 2.2 with the so-called
RZ technique. Yet, this requires a faster settling response, e.g., within half of
the clock period, which represents a design challenge when aiming to operate
at high-speed.

3.1.3 Limited output resistance

The finite output resistance in the CS DAC impacts the static and dynamic per-
formance. To see how, let’s consider again the CS DACmodel shown in Fig. 3.2.
Thus, considering a settling condition and substituting for IDC and ρ

′
G in (3.7) and

(3.8), the output currents I−out and I+out are reduced to

I+out(n) = IDC
1 + x̃n

1 + ρ
′
Gx̃n

=
IuX

+
n

1 + ρGX+
n

, (3.11)
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and
I−out(n) = IDC

1− x̃n

1− ρ
′
Gx̃n

=
IuX

−
n

1 + ρGX−
n

. (3.12)

From (3.11) and (3.12), if ρG = 0, the denominator is equal to 1 and as expected
the output currents have a linear relation with the complementary input codes,
X±. This can be obtained with Ru → ∞ as ρG also equals RL/Ru. The limitation
from achieving an infinite output resistance in the current sources turns into a
nonlinear response, which degrades the performance as will be shown next. For
the static performance with the DNL and INL expressions (2.13) and (2.14) from
Section. 2.4. For an arbitrary input code k with Ak = Iout(k), Ak−1 = Iout(k − 1)

and α = 1, the DNL and INL can be given by

DNLk = (1 + ρG)

(
k

1 + ρGk
− k − 1

1 + ρG(k − 1)

)
− 1 ≈ (1 + ρ)

(1 + ρk)2
− 1 [LSB] (3.13)

and

INLk =
k(1 + ρG)

1 + ρGk
− 0− k =

k(1 + ρG)− k(1 + ρGk)

1 + ρGk
[LSB]. (3.14)

On the other hand, if ρG ̸= 0, the output currents I−out and I+out have a nonlinear
dependency with respect to the input code, X±, which leads to distortion and
consequently degrading the dynamic performance of the CS DAC. From (3.11)
and (3.12), the differential output current, Iout,diff , equals

Iout,diff (n) = I+out(n)− I−out(n) = IDC
2x̃n(1− ρ

′
G)

1− (ρ
′
Gx̃n)2

. (3.15)

Then, normalizing (3.15) with respect to 2(1− ρ′G)/ρ
′
G, we obtain

Iout,diff (n) = IDC
ρ

′
Gx̃n

1− (ρ
′
Gx̃n)2

. (3.16)

By considering the input signal X = XDC(1 + x sin (2πfsign) with x = XAC/XDC .
From Taylor series, (3.16) can also be written as

Iout,diff (n) = IDCρ
′

Gx̃n

∞∑
m=0

(ρ
′

Gx̃n)
2m = IDC

∞∑
m=0

A
2m+1 sin

2m+1

θ, (3.17)
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with A = ρ
′
Gx and θ = 2πfsign. Also, from series expansion, we get

sin2m+1 θ =
(−1)m

22m

m∑
n=0

(−1)n
(
2m+ 1

n

)
sin ((2(m− n) + 1)θ). (3.18)

Substituting (3.18) into (3.17) and after reordering terms

Iout,diff (t) = 2IDC

∞∑
m=0

m∑
n=0

(−1)m+n

(
A

2

)2m+1(
2m+ 1

n

)
sin (θm,n), (3.19)

where θm,n = (2(m− n) + 1)θ. For an CS DAC with a differential output, we are
interested in HD3. This corresponds to sin (3θ) in (3.19) with (2(m− n) + 1) = 3

that results in m = n + 1. Similarly, for the fundamental tone, we have m = n.
From the previous derivations ofm for the fundamental and HD3, the SFDR can
be derived from their ratio as [37]

SFDR =

[
1− 2

ρ
′
Gx

(
1

ρ
′
Gx

+

√
1

(ρ
′
Gx)

2
− 1.

)]2
. (3.20)

Therefore, if ρ′
G ≈ 0 in (3.20), the SFDR ≈ 16/

(
ρ

′
Gx
)4. Also, if x ≈ 1 and

ρGXDC << 1 from (3.9), the SFDR can be approximated in dB as

SFDR ≈ −40 log10 ρG − 12(N − 2) dB. (3.21)

Without loss of generality, we consider the admittance ratio, ρY , for the output
impedance given by [37], [53]

ρY =
GS + jωCS

GL + jωCL

. (3.22)

From (3.20), the output impedance, Zout, versus the SFDR for different CS DAC
resolutions and a load impedance, ZL, of 50 Ω, is plotted in Fig. 3.3. Notice that
the requirement in Zout increases by about 3 dB/bit, i.e, the Zout doubles with
increments of 1 bit in the CS DAC for a particular SFDR specification.
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Figure 3.3: Zout versus the SFDR for a load impedance, ZL = 50 Ω.

3.1.4 Circuit noise

In the CS DAC the noise contribution at the output is mainly attributed to the
current sources and the load resistance, RL. The thermal noise in the cascode
transistors can be neglected if their gain is high as well as the thermal noise from
the gate resistance, RG, in the switching transistors [39]. Besides, the flicker
noise has relevance only at low-frequencies, hence it can be omitted. Overall,
the presence of noise in the CS DAC’s output reduces the SNR. For uncorrelated
thermal noise sources with a Gaussian distribution, the average noise power at
the output in units of amperes2 can be given for a differential N -bit CS DAC by
[8]

Pnoise = 4kBT

[
(2N − 1)γgm +

2

RL

]
∆f, (3.23)

with kB the Boltzmann’s constant, T the temperature in degrees Kelvin, gm the
transconductance in the current source transistors and ∆f the noise bandwidth.
Also, for the differential output considering the quantization noise power as Pq =

(2Iu)
2/12 in amperes2. The SNR is formulated as the ratio between the aver-

age signal power, Psig = (2N − 1)2I2u/2, and the thermal plus quantization noise
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contributions, which for N ⩾ 6, this is approximated as

SNR ≈ 22NI2u/2

4kBT (2Nγgm + 2/RL)∆f + (2Iu)2/12
. (3.24)

From (3.24), the noise power increases with ∆f , which has more relevance as
larger channel bandwidth is required, thus reducing the SNR if the signal power
is not increased accordingly.

3.2 Power consumption analysis

The power consumption in CS DACs can be divided into the contribution from
the digital, mixed-signal and analog power domains. A separate analysis of each
domain provides an insight of the physical and technological limitations that set
a bound for the power and energy consumption in CS DACs. For the analysis,
the CMOS technology is chosen as this results in faster switching speed, reduce
power consumption and area utilization with smaller device geometries. More-
over, a binary-weighted CS DAC is considered due to its straightforward conver-
sion approach without added circuit complexity, which also leads to high-speed
operation and low-power consumption.

3.2.1 Digital domain

For a binary-weighted DAC, the digital domain encompasses the timing circuits
for data synchronization as well as the input and output drivers for the data and
clock signals. Static CMOS and current-mode logic (CML) are commonly utilized
in the design of digital circuits. CML is prone to be power hungry due to its
static power consumption component, requiring also resistors that increase the
area utilization, however, energy-efficient solutions have been reported for high-
speed applications [45]. Yet, the static CMOS logic benefits from the device
scaling as mentioned, and therefore, it is considered in this analysis. The power
consumption of CMOS digital circuits is well-known given by the contribution of
the dynamic, static, short-circuit and leakage power consumption components.
Nevertheless, for a complementary static CMOS logic with raising and falling
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transitions close to zero and omitting the leakage power1, the power consumption
from the digital domain for an N -bit CS DAC reduces to

PDACd = (2N − 1)V 2
DVDD(α0→1Cd + Cclk)fs, (3.25)

with VDVDD the digital domain’s supply voltage, α the switching activity factor,
fs the sampling frequency, Cd and Cclk the data and clock load capacitance,
respectively.

3.2.2 Mixed-signal domain

The mixed-signal power domain considers the switching transistors as they con-
form the boundary between the digital and analog domains. Thus, from the
mixed-signal domain, PDACm, the power consumption can be given by

PDACm = α0→1(2
N − 1)V 2

g,Msw
Cg,swfs, (3.26)

where Cg,sw = 2WswLswCox/3 + 2Cg,ov, with Cg,ov the overlap capacitance and
Vg,Msw the voltage swing at the switching transistors’ gate.

3.2.3 Analog domain

The power consumption in the analog domain, PDACa, is obtained from the CS
differential pair. For an N -bit CS DAC, it yields

PDACa = (2N − 1)VAVDDIu, (3.27)

with VAVDD the analog domain’s supply voltage. Moreover, VAVDD can be split
into the single-ended voltage swing, Vswd/2, with Vswd the differential voltage
swing, and the headroom voltage, Vhr, in the CS cell. The simplest CS cell
that leads to a reduced Vhr is conformed by two-stacked transistors2, one op-
erating as a current source, Mcs, and the other as a switch, Msw as illustrated in
Fig. 3.4. The switch transistors are preferably designed to operate in saturation

1Albeit a potentially considerable factor in modern digital circuits.
2If the current switch transistors are required to operate in saturation.
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Figure 3.4: A differential CS DAC cell array with the parasitic capacitances.

when switched on to augment the output impedance. For the drain-to-source
voltage inMcs, Vds,Mcs , and considering its effective voltage Veff,Mcs that satisfies
the minimum saturation condition. By relating the switch transistors drain-to-
source voltage, Vds,Msw , to Veff,Mcs as Vds,Msw = αVeff,Mcs , the expression (3.27)
can also be expressed as

PDACa = (2N − 1)(βVeff,Mcs + Vsw,d/2)Iu, (3.28)

with β = (α+1) and α > 0. Next, we elaborate on Veff,Mcs and Iu for the minimum
power consumption. For this purpose, the analysis is carried out for the design
corners of noise, speed and linearity, respectively.

3.2.4 Power consumption bounds

From the previous discussion, the total power consumption of the CSDAC, PDAC ,
considering the contribution of each separate domain from (3.25), (3.26) and
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(3.28) for N ≥ 6 approximates to

PDAC ≈ 2N−1[(2βVeff,Mcs) + Vsw,dIu + 2V 2
DVDDCTfs], (3.29)

with CT = Cd/2 + Cg,sw/2 + Cclk and considering Vg,Msw = VDVDD. The analysis
of the energy and power consumption bounds for the aforementioned design
corners is presented next.

Noise-limited bound

For this analysis, we consider the thermal noise contribution at the output from
the current sources as well as the output load resistance. Also, for the sake of
simplicity, we assume a large gain in the cascode transistors, thus neglecting
their noise contribution. From (3.23), we have the expression for the average
noise power rewritten below for convenience

PTh = 4kBT

[
(2N − 1)γgm +

2

RL

]
∆f. (3.30)

Since gm = 2Iu/Veff,Mcs and RL = Vsw,d/2(2
N − 1)Iu, PTh in (3.23) is

PTh =
8(2N − 1)kBTIu

Vsw,d

(γV + 2)∆f. (3.31)

In this model, PTh is defined to be equal to the quantization noise power so that

PTh ≜ (2Iu)
2

12
. (3.32)

From (3.31) and (3.32) with N ≥ 6 and ∆f = fs/2, Iu is obtained as

Iu,n ≈ 12kBT2
N

Vsw,d

(γV + 2)fs, (3.33)

where V = Vsw,d/Veff,Mcs . The power consumption can then be expressed as

PDACa,n ≈ 6kBT2
2N

Vsw,d

(2βγ + 4βV −1 + γV + 2)fs. (3.34)
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Also, considering the derivative of (3.34) with respect to Veff,Mcs an equation for
the minimum PDACa,n is obtained and given for an N -bit CS DAC by [8]

PDACa,n = 12kBT2
2N(
√

βγ + 1)2fs. (3.35)

Bias network

A bias network conformed by a simple current mirror is considered to analyze
its noise contribution to the output. The bias network and the current source
transistors in the CS DAC are shown in Fig. 3.5. The total noise contribution at
the gate of the current source transistors, Vb, is given by

I2n,in = (2N − 1)I2n,Mi
+ I2bias, (3.36)

with I2n,Mi
and I2bias the input-referred noise from a current source transistor, Mi,

and the bias network, respectively. The output-referred current noise is

I2n,out =
[
(2N − 1)I2n,Mi

+ I2bias

]
|Zbias|2g2m, (3.37)

where |Zbias| = R2
bias/ [1 + (ωRbiasCbias)

2] and gm is the transconductance of the
current source transistor. Moreover, I2n,Mi

can be expressed as

I2n,Mi
=

V 2
n,Mi

|Zbias|2
. (3.38)

Utilizing (3.38) in (3.37) and approximating for N ≥ 6, we obtain

I2n,out ≈ 2Ng2mV
2
n,Mi

+
g2mI

2
n,biasR

2
bias

1 + (ωRbiasCbias)
2 . (3.39)

In (3.39), the first term is the noise contribution from the current sources. The
second term corresponds to the thermal noise coupled from the bias network to
the output, which for (ωCbias)

2 → ∞, its effect reduces with augmented speed of
operation, resolution and proper decoupling.
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Figure 3.5: Bias network with noise from the current source transistors (input-
referred).

Speed-limited bound

In a CS DAC, the speed is mainly dominated by the switching time and the band-
width of the system, BW . The former benefits from transit frequencies, fT , in
modern CMOS process nodes above 100 GHz [55], whereas the latter takes
over as the N -bit CS DAC resolution increases. For this analysis, the speed
bound is determined from BW expressed as

BW =
1

2πRLCL

, (3.40)

with CL and RL the load capacitance and resistance, respectively. CL can be
obtained from the drain-to-ground capacitance seen at the output of the CS cell,
Cl so that CL = (2N − 1)Cl. Also, RL is selected in the design. Considering that
BW covers the the Nyquist bandwidth, fs/2, then solving for fs in (3.40), it yields

fs =
1

(2N − 1)πRLCl

(3.41)

Moreover, we have that RL = Vsw,d/(2
N − 1)Iu. Thus, from (3.41) it leads to

Iu,s =
πVsw,dClfs

2
. (3.42)



Chapter 3. The current-steering DAC 39

From (3.42), we can obtain an expression for the power bound in the analog
domain due to the speed limitation, which approximates for N ≥ 6 by

PDACa,s ≈ 2N−2πCl(2βVeff,McsVsw,d + V 2
sw,d)fs. (3.43)

Linearity-limited bound

As mentioned in Section 3.1, the CS DAC’s linearity is subjected to fundamental
non-idealities, including the random mismatch errors in the current sources and
finite output impedance. The former is counteracted with large device dimen-
sions and reduced distance with no power consumption overhead [52]. Never-
theless, the size of the devices also impact the output impedance response as a
result of larger stray capacitances in the internal nodes of the CS DAC. Rewrit-
ing the expression of the SFDR in (4.2) for a well-designed current source and
extending to the admittance, we get

SFDR ≈ 16

ρ
′4
Y

, (3.44)

with ρ
′
Y as a function of the admittance ratio’s magnitude, |ρY | = |ZL|/|Zout|

ρ
′

Y =
1

1 + (|ρY |XDC)−1
. (3.45)

Substituting for ρ′
Y with XDC = 2N−1 and solving for |ρY |, we obtain

|ρY | =
1

2N−1F (SFDR)
=

|ZL|
|Zout|

, (3.46)

where F (SFDR) =
4
√
SFDR/2 − 1. Also, |ZL| = RL/

√
1 + (ωRLCL)2 with ω =

2πfsig and RLCL = 1/πfs. Hence, if fsig = fs/2, then |ZL| = RL/
√
2. Then,

substituting for |ZL| and solving for |Zout| in (3.46), it yields

|Zout| =
2N−1F (SFDR)RL√

2
. (3.47)

Also, RL = Vsw,d/(2
N − 1)Iu. Substituting for RL in (3.47) and solving for Iu

Iu =
F (SFDR)Vsw,d

2
√
2|Zout|

. (3.48)
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From (3.48), an expression to find Iu from the SFDR and Vsw,d for a |Zout| is
obtained, where the frequency response of |Zout| depends on the CS cell [53].
For the chosen CS cell in Fig. 3.4, |Zout| is a function of Iu and approximates to
Rout/

√
1 + (ωRoutCx)2. Substituting |Zout| in (3.48), it yields

Iu,l =
πfsCxF (SFDR)Vsw,d√

2
. (3.49)

Finally, the expression for the analog power consumption for the linearity-bound
in the CS DAC, PDACa,l, is given by

PDACa,l =
2N−1πF (SFDR)Cx(2βVeff,McsVsw,d + V 2

sw,d)fs√
2

. (3.50)

Validation of the theoretical analysis

The energy consumption bounds of each power domain for the design corners
of noise, speed and linearity are plotted together with data points obtained from
reported CMOS CS DACs measurements in Fig. 3.6, 3.7 and 3.8, respectively.
The design and technology parameters used in the study for a 65 nm CMOS
process are listed in 3.1 and the current switch transistors are of minimum size.
A range of Vds,Msw voltages with the calculated values for Veff,Mcs/Vx, β, Vhr and
VAVDD are listed Table. 3.2. Also, the load resistance, RL, and full-scale current,
IFS, are obtained from the unary-current, Iu and a temperature of 75 ◦C is used
for the noise energy bounds.

Table 3.1: Technology and design parameters [8].

Parameters Variable Value
Digital domain supply voltage VDVDD 1 V

CS cell common-node capacitance Cx ≈ 2.0 ∙ 10−2 fF
CS cell output capacitance Cl ≈ 0.5 ∙ 10−3 fF
CS cell gate capacitance Cg,sw ≈ 1.5 ∙ 10−1 fF

Capacitance in the digital blocks Cd + Cclk ≈ 13 ∙ 10−1 fF
Technology excess noise constant γ 1.5

Table 3.2: Veff,Mcs calculation from different Vds,Msw [8].

Vds,Msw
Veff,Mcs

/Vx Vhr β VAVDD Plot
100 mV ≈ 565 mV ≈ 665 mV 1.18 ≈ 1.17 V β1

400 mV ≈ 445 mV ≈ 845 mV 1.90 ≈ 1.35 V β2
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Figure 3.6: Data points plus noise and speed energy consumption bounds ver-
sus the SNR in a 65 nm CMOS process. Noise energy consumption bounds
corresponding to β1 and β2 in Table. 3.2 [8].

The energy consumption bounds versus the SNR when considering the design
corners of noise and speed are presented in Fig. 3.6. The energy consumption
bound for the noise is plotted for β1 and β2 according to Table 3.2. Notice that the
noise and speed energy consumption bounds start converging for an energy over
0.1 pJ and an SNR ≤ 50 dB since the mixed-signal and digital power domains
become more dominant. Thereafter, the noise bound dominates for an SNR >
50 with a rapid increase as the SNR is larger as a result of the ENOB’s expo-
nential dependency in (3.35) with a rate of increase by 22ENOB. Also, the noise
plots β1 and β2 diverge, showing the result for the different Vds,Msw in Table 3.2.
Regarding the speed corner, the digital and mixed-signal energy contributions
increase at a rate of 2ENOB, while the analog corner at 2ENOB−2 with a linear
dependency on Cl from (3.43). Hence, the speed energy consumption bound is
mainly dominated by the mixed-signal and digital components, and therefore, it
increases proportionaly to 2ENOB. Unlike the speed corner, the analog compo-
nent of the noise bound does not scale with technology, thus representing the
dominant bound condition with smaller device dimensions and larger SNR re-
quirements as seen for an SNR ≥ 60 dB in Fig. 3.6. In comparison with the data
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Figure 3.7: Data points and linearity energy consumption bounds vs SFDR for
12-bit CS DACs implemented in 180- and 65-nm CMOS process [8].

points for the noise bounds, notice that they come along with the trend observed
for the plots β1 and β2, that shows an agreement with the analysis presented.

Further on, the energy consumption bound for linearity with β2 versus the SFDR
and the data points obtained from measurement results in 12- and 16-bit CS
DACs are presented in Fig. 3.7 and 3.8, respectively. The linearity energy con-
sumption bound is scaled with the device geometries since it is proportional to
the common-node capacitance, Cx. Therefore, this is shown separately for the
process nodes 180 nm and 65 nmCMOS. It is important to mention the utilization
of enhancement techniques in some DAC implementations to improve the linear-
ity with added cost in increased power consumption. Also, apart from the limited
output impedance other amplitude and timing errors contribute with the linearity
degradation in the CS DACs. Hence, the plots presented serve as a reference
for comparison between the published data with the energy consumption bound
for linearity. From Fig. 3.7, the energy consumption from the measurement data
is higher when compared with the linearity energy consumption bound for the
aforementioned technologies. Notice that a difference of around less than one
order of magnitude is obtained for the data points [37,180] [38,180], except for
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Figure 3.8: Data points and linearity energy consumption bounds vs SFDR for
16-bit CS DACs implemented in 65 nm CMOS process [8].

[39,65] that is larger instead. For instance, [37,180] utilize decoding logic and
randomization circuits. Likewise [38,180] integrates master and slave latches,
a thermometer decoder with delay equalizers, whereas in [39,65] added digital
predistortion in a hybrid ∆Σ CS DAC implementation elevate the power con-
sumption. In addition, the linearity energy consumption bound when considering
a 16-bit CS DAC and implemented in 65 nm CMOS process is plotted along
with reported data points in Fig. 3.8. Here, the energy consumption from mea-
surement data is higher when compared with the linearity energy consumption
bound, which shows a tendency towards higher energy consumption as the re-
quirement in the SFDR increases. Both [40,65] [41,65] utilize signal processing
techniques, thus augmenting the power consumption as seen for the measure-
ment data points as well as the energy consumption bound for linearity at Nyquist,
fs/2.
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Figure 3.9: N-type CS cell (a) simple (b) cascode current source.

3.3 Circuit design considerations

3.3.1 Current-steering cell

The current-steering (CS) cell is the core of the CS DAC and to a large extend
it determines its power consumption and performance as studied in previous
sections. The simplest CS cell realization with NMOS transistors (N-type) is
illustrated in Fig. 3.9(a). Naturally, other CMOS implementations include the
PMOS-type and complementary [23]. As mentioned in Section 3.2, the CS cell of
Fig. 3.9(a) is a low-voltage and low-power solution. Yet, if the current source tran-
sistor is increased in size to reduce the effect of stochastic mismatch errors [52],
its drain-to-ground capacitance seen at the common-node (S) also increases.
Moreover, interconnects at the common-node (S) add parasitic capacitance in
physical implementations, which compromises the output impedance even from
low frequencies and the settling time of this node after complementary switching
transitions. To alleviate this problem a cascode current source can be utilized
as shown in Fig. 3.9(b). The cascode transistor of reduced sized with respect
to the current source transistor not only decreases the parasitic capacitance at
the common-node (S), but also augments the output impedance. Moreover, this
isolates the current source transistor from abrupt voltage changes during the
switching transitions with added cost of voltage headroom and power consump-
tion.
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Figure 3.10: N-type CS DAC cell with stacked thick-oxide switch transistors (a)
cascode current source (b) cascode current source with bleeding currents.

With the aim to further isolate the output nodes from the switching activity in the
CS cell, which is discussed in more detail in Sec. 3.3.2, stacked switch tran-
sistors can be utilized as shown in Fig. 3.10(a). Yet, to maintain the a large
voltage swing at the output and voltage headroom, thick-oxide transistors with
a larger breakdown voltages are commonly utilized to handle supply voltages
above the nominal 1.2 V in standard thin-oxide CMOS transistors. Neverthe-
less, the stacked switch transistors are also switched on and off with changes
in their gate-to-source capacitance, Cgs, which affect the differential behavior of
the CS cell [53]. To avoid switching off the cascode transistors, the so-called
bleeding currents, Ib, have been proposed as shown in Fig. 3.10(b) [56]. The
current Ib is typically designed to be a fraction of the output current in the CS cell
of about 1% or 2% so that their use does not represent an overhead in power
consumption. Comprehensive analysis regarding the output impedance and dy-
namic performance for these structures have been presented in literature [53].

3.3.2 Current switches

The current switch transistors play an important role in the performance of the
CS DAC as they are the interface between the digital and analog domains. As
discussed in Section 3.3.1, the signals SW and SW control the current switches
to steer the output current. During complementary switching transitions, voltage
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Figure 3.11: N-type CS cell with added current switch transistors to compensate
for (a) charge-feedthrough (b) charge-injection.

and current disturbances also arise in the output and internal nodes of the CS
cell. Common causes of disturbances include charge-feedthrough and charge-
injection [39]. The former originates from the overlap capacitance, Cov, between
gate-to-source and gate-to-drain terminals of the device, whose voltage error,
∆Vov, at the drain or source of the current switch transistor with a load capaci-
tance with respect to ground, CL, and a voltage swing at the gate, Vsw, is deter-
mined by

∆Vov = Vsw
Cov

Cov + CL

. (3.51)

For the latter, if the current switch transistor operates in linear region, the voltage
error, ∆Vch, from the channel charge-infection to the output is obtained as

∆Vch =
WLCoxVeff

2CL

, (3.52)

with W and L the width and length, Cox, the gate capacitance per unit area and
Veff the effective voltage of the current switch transistor. Proposed solutions to
counteract for the aforementioned disturbances are presented in Fig. 3.11. Here,
additional current switch transistors controlled by their complementary signals in
each branch are used to cancel out the disturbances if perfect switching align-
ment between the signals SW and SW is achieved, otherwise, this can lead
to remaining disturbances at the output. Nevertheless, the utilization of more
current switch transistors results in augmented power consumption and area uti-
lization. Moreover, code-dependent voltage variations in the common-node (S)
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Figure 3.12: (a) CS cell with (a) quad-switching (b) gain boosting technique.

can be observed as a result of finite isolation with respect to the output node.
Thus, degrading the dynamic performance with HD, which for the HD3 case, this
is given by [23]

HD3 =
πfZLCuN

4Asw

, (3.53)

with Asw the gain of the current switch transistor, ZL the load impedance, Cu

the capacitance in the common-node (S) with respect to ground and N the CS
DAC resolution, N . Since Asw is inversely proportional to g−1

ds in (3.53) [23], this
suggests to increase the channel length of the current switch transistor so that
the linearity is not degraded even from low signal frequencies. A technique that
sets an switching activity seen at the common-node (S) twice the sampling rate,
2fs, is the so-called differential quad-switching (DQS) [41], [57]. Essentially, the
code-dependent distortion is eliminated and the disturbances are translated out-
side the signal bandwidth. However, this also requires fast settling in the internal
nodes to avoid memory effects. The circuit implementation and an example of
the signal waveforms are illustrated in Fig. 3.12(a). Yet, the utilization of DQS
requires to generate the control signals SC, SC, SC and SC that increase the
area utilization, switching activity and power consumption. Alternatively, the gain
boosting technique can be implemented as shown in Fig. 3.12(b). Here, varia-
tions in the common-node (S) are sensed by the operation amplifier which con-
trols the cascode transistor to counteract for voltage and current variations at the
drain of the current source transistor [58]. Nevertheless, bandwidth limitations in
the operation amplifier can constrain its effectiveness at high-speed operation.
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Figure 3.13: Switching transitions and crossing-point scenarios.

On the other hand, it is desired to maintain an optimum crossing point between
the complementary switching transitions of the control signals SW and SW that
leads to a minimum disturbance in the common-node (S). However, if this is not
achieved, then other sources of error originate. This is exemplified with different
crossing-point scenarios in the control signals and their effect in the common-
node (S) voltage variation in Fig. 3.13. The switching asymmetry between SW
and SW can be caused intentionally from the switching drivers or from timing
errors associated with time skew and jitter. If large disturbances are seen at the
common-node (S), the output voltage is compromised with longer settling times
that lead to inter-symbol interference (ISI). Hence, it is preferred to maintain the
voltage as constant as possible in the common-node (S). A design consideration
consist of avoiding abrupt voltage changes that can also drive into linear region
the current source transistor. The voltage in the common-node (S) is set by the
gate voltage in the current switch transistors, therefore, the voltage excursion
at the gate needs to be large enough such that the current source transistors
remain in saturation while the current is steered between the complementary
outputs, I+out and I−out. This sets a limit to the voltage level in the control signals
to carry out the current switch transitions with minimum perturbation and this is
presented in more detail in Section 3.3.3. Overall, it is required to utilize drivers
that generate fast and balance complementary switching transitions between the
control signals SW and SW. Conventional circuit solutions include the current-
mode logic (CML) and complementary CMOS logic drivers. The former for a
single driver stage is presented in Fig. 3.14(a) with a voltage swing∆V = VH−VL

determined by the supply voltage, Vdd, the driver’s load resistance, RL, and the
tail current, Ib so that VH = Vdd and VL = VDD− IbRL. Yet, CML drivers introduce



Chapter 3. The current-steering DAC 49

Figure 3.14: Switching drivers (a) current-mode logic (CML) (b) static CMOS
logic to generate the control signals SW and SW.

static power consumption from Ib, which can considerably increase if more than
one driver stage is required to meet the speed specifications [23]. Rather, static
complementary CMOS logic can be employed to avoid static power consumption.
In Fig. 3.14(b) a simple representation is shown with a differential inverter and
supply voltages VL and VH .

Another design consideration has to do with the mismatch in the current switch
transistors, which translates into a time skew between the complementary switch-
ing transitions. The time skew is mainly determined by the variation in the thresh-
old voltage, the gate capacitive of the current switch transistors and the driving
capability of the switching drivers. Despite that larger dimensions in the MOS
devices lead to a smaller variation in the threshold voltage [52], it increases
their gate capacitance. Hence, utilization of current switches of reduced size
in combination with strong switching drivers is desired to counteract for this time
skew with fast switching control signals [59]. Moreover, the timing circuits and
switching drivers are subjected to mismatch, which results in time skews as well
as differences in the rising and falling times of the control signals SW and SW.
Therefore, it is required to attain fast switching transitions in the internal nodes
of these circuits to mitigate for these timing issues as well as their propagation
to the current switch transistors.
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3.3.3 Timing circuits

Timing of the digital input data is essential to maintain synchronization between
the switching transitions and avoid distortion in the analog output. Also, with
higher demands for signal bandwidth, they become key components in terms
of switching speed and power consumption. In addition, as the complexity in-
creases exponentially with the CS DAC resolution N , simple timing circuits are
the preferred option. Conventional static timing circuits implemented in CMOS
are presented next. From Section 3.2, the power consumption in complementary
CMOS digital circuits reduces to

Pc = Pdynamic + Pshort−circuit + Pleakage. (3.54)

In (3.54), Pc approximates to Pdynamic and Pshort−circuit with increments in fs since
they are proportional, whereas Pleakage remains constant. Typical timing metrics,
include the setup-time, hold-time and propagation-delay. Besides, in CS DACs
with complementary outputs, it is important to generate fast switching transitions
so that the current can be rapidly steered from one output to the other. Hence,
the switching-delay is also introduced in this work. In Fig. 3.15(a), the timing
diagram of the input and output voltage transitions of the timing circuit, including
the propagation-delay, tc2q, and switching-delay, td,sw are shown. The synchro-
nization is achieved through the rising-edge of the clock signal, Φ, with SW and
SW the control signals driving the switching transistors of the CS cell.

From Fig. 3.15(b), the conditions for Is to be steered between the complementary
outputs I−out and I+out consider the voltage difference between SW and SW, ∆Vsw,
so that ∆Vsw = Vsw,h − Vsw,l with Vsw,h > Vsw,l and td,sw. Then, regarding the CS
cell shown in Fig. 3.13, if Msw,1,2 operate in saturation, the gate voltage VGsw,1,2

can be expressed from the square-law model of the transistor as

VGsw,1,2 =

√
2is
K

+ Vs + Vth, (3.55)

with K, Vth and Vs the transistor gain factor, the threshold voltage of Msw,1,2 and
the voltage in the common-node (S), respectively. In (3.55), Vsw,l is obtained as
Vsw,l = Vs + Vth with is = 0 and Vsw,h = Vs + Vth +

√
2Is/K with is = Is Therefore,
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Figure 3.15: Complementary switching transitions (a) timing diagram (b) steer-
ing of the output current [60].

∆Vsw becomes

∆Vsw =

√
2Is
K

. (3.56)

Further, Vsw,h can reach up to the largest supply voltage for the technology at
hand and Vsw,l reduce to Vth with Vs approximated to zero volts. Hence, the
largest range of the voltage, ∆Vsw, can be expressed as

max[∆Vsw] = lim
Vs→0

∆Vsw = Vdd − Vth. (3.57)

In a similar manner, the time needed to carry out the voltage excursionmax[∆Vsw]

is referred to as max[∆td,sw]. Although a more linearized response is obtained
in short-channel devices, the presented analysis is utilized to compare the per-
formance between different supply voltages. A brief description of the operation
of the conventional static CMOS latch-driver circuits is given with tc and td the
charging and discharging times of the internal node voltages and with tp the prop-
agation delay in the output inverters, respectively.

First, the RAM-type circuits are shown in Fig. 3.16. One pull-down network is set
by either In or In so that the node X or X gets discharged. This is followed with
the charing of the complementary output node by the cross-coupled inverters,
which in turn, generates a delay between the falling and raising transitions. In
Fig. 3.16(a), tsw,r is sequential, and therefore, given by

tsw,r ≈ td,Y + td,(X,X) + tc,(X,X) + tp. (3.58)

Further, the circuit shown in Fig. 3.16(b) reduces td,Y in (3.58) since the internal
node Y or Y begins to discharge prior to evaluation with Φ equal to logic high.
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Figure 3.16: RAM-type latch-driver circuits [60]

Figure 3.17: PT-type latch-driver circuits [60].

Thereafter, the clocked NMOS transistors are switched on and as the node ca-
pacitance Y or Y also charges, tc,(X,X) is then more prolonged.

On the other hand, the pass-transistor (PT) latch-driver circuits are shown in
Fig. 3.17 (a) and (b). The former sets a pull-down network to discharge the in-
ternal node X or X to ground through one NMOS transistor controlled by Φ.
Conversely, its counterpart is switched off since the threshold voltage, Vth is
larger than the gate-source voltage and the cross-coupled inverters assist with
the (dis)charge activity in the complementary node. The switching transition tsw,p

is given by
tsw,p ≈ td,c,(X,X) + tc,d,(X,X) + tp. (3.59)

In Fig. 3.17(b), the switches are implemented with transmission gates, which re-
quires a complementary clock signal, Φ, thus increasing the power consumption
and area utilization. With the alignment in the switching transition between Φ and
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Figure 3.18: C2MOS-type latch-driver circuits [60].

Φ, the (dis)charging activity take place in parallel, reducing (3.59) to td,c,(X,X)+ tp.
Since the input drivers integrate the signal path, they are also considered to be
part of the latch-driver circuit in the analysis. Lastly, in Fig. 3.18, the clocked
CMOS (C2MOS) latch-driver circuits are presented. The C2MOS circuits resem-
ble that in Fig. 3.17(b), but with unfolded nodes Y , Z and Y , Z. As the NMOS
and PMOS transistors can have different sizes, the raising and falling transitions
can differ due to the difference in the node capacitances Y , Y and Z, Z. The
asymmetric switching transitions, tsw,c, is given by

tsw,c ≈ max[td,(X,Y ), tc,(X,Y )] + tp. (3.60)

Alternatively, the circuit shown in Fig. 3.18(b) incorporates extra NMOS and
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PMOS transistors to (dis)charge the internal nodes before evaluation. This re-
sults in a reduced tsw,c between the complementary outputs since less time is
needed to (dis)charge the internal nodes.

Proposed latch-driver circuit

To strive for fast switching transitions with attained low-power consumption, a
proposed latch-driver circuit, utilizing a single clock phase is presented. The
circuit solutions are shown in Fig. 3.19(a). The delay in the complementary tran-
sitions is reduced since the nodes, X and X, charge and discharge, or vicev-
ersa, simultaneously. If Φ = 0, the internal nodes Y and Z are charged to Vdd,
otherwise, one of these nodes is discharged to ground. Then, during a comple-
mentary transition either the nodeX orX gets discharged. Moreover, the PMOS
in grey and the stacked NMOS transistors in the crossed-coupled inverters are
controlled by the nodes Y and Z, thus resulting in a ratio insensitive charging
activity. Hence, the size of the transistors can be reduced in comparison with
other structures, which leads to less parasitic capacitances in the nodes X and
X as well as switching-delay. Also, for the NAND gates, the PMOS transistors
can be of minimum size. Important to mention that the crossing-point can be
adjusted from the NMOS transistors in the NAND gates and the auxiliary PMOS
transistors controlled by Y and X [60]. However, a circuit that integrates a con-
trol voltage to modify the crossing point between the complementary transitions
is shown in Fig. 3.19(b), which permits to dynamically adjust against process-
voltage-temperature (PVT) variations. Overall, a reduction in area and power
consumption can be attained in comparison with other fast latch-drivers.

Performance comparison

To evaluate the performance, the latch-drivers are implemented in an industrial
65 nm CMOS process. The width of the PMOS/NMOS transistors is 2.16 and
1.08 µm, thus a 2:1 ratio for Wp/Wn is set to match the rising and falling transi-
tions. Minimum size transistors are used for the cross-coupled inverters. For the
proposed latch-driver, both the auxiliary PMOS transistors as well as the NMOS
transistors in the NAND and are sized withWn,p equal to 0.81 µm. In Fig. 3.20, the
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Figure 3.19: Proposed latch-driver circuits [60].

layout of the latch-driver circuits are presented. The latch-drivers characteristics
are listed in Table 3.3. A chain of input buffers is used to drive the latch-driver
circuits with dimensions with respect to the minimum size by 1×, 3× and 9×.
The power consumption is expressed as Pc = Platch + Pdriver,Φ + Pdriver,B with
the last two terms including the contribution of the last driver stage for the data
and clock signal. The switching-delay, td,sw, is obtained from the time required
to reach an output voltage equal to 0.9 ∙Vdd − Vth with Vth = 0.45 V .

Finally, the switching activity, fs and the capacitive output load are set to 0.5,
1 GHz and FO4, respectively. In Fig. 3.21, the switching-delay, td,sw, versus
the supply voltage is presented. The performance of the proposed latch-driver
approximates with the fast dual-phase-clocked circuits, 4 and 6, as a result of
parallel rising and falling transitions, and reduce parasitic capacitance to be dis-
charged in the nodes X and X. Besides, 1 and 2 attain the largest td,sw due
to their sequential operation, whereas for 3 the td,sw approaches to the fastest
solutions. Further, the clock-to-q delay, tc2q, and power consumption versus the
supply voltage are shown in Fig. 3.22 (a) and (b). The solutions 2 and 3 present
the lowest tc2q as a result of the simple circuit design and reduced parasitic ca-
pacitances. On the other hand, from Fig. 3.22 (b), the dual-phase-clocked cir-
cuits consume most power consumption with the proposed solution presenting
a reduction of 30% in average with respect to 4 and 6. This shows a significant
saving in power consumption since td,sw is not reduced. In comparison with the
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Figure 3.20: Layout RAM (a)-(b), PT (c)-(d), C2MOS (e)-(f), Proposed (g) [60].

Table 3.3: Comparison of latch-driver circuit implementations [60].

N◦ Type T† CT‡ MT‡ Area (µm2) Clocked Fig
1 RAM 11 1 4 11.9 Single Fig. 3.20(a)
2 RAM 12 2 4 13.9 Single Fig. 3.20(b)
3 PT 14 2 4 21.5 Single Fig. 3.20(c)
4 PT 18 6 4 29.2 Dual Fig. 3.20(d)
5 C2MOS 18 6 4 29.2 Dual Fig. 3.20(e)
6 C2MOS 22 6 8 33.2 Dual Fig. 3.20(f)
7 Proposed 23 5 10 25.7 Single Fig. 3.20(g)

† T as the total number of transistors. ‡ CT and MT as clocked and minimum size transistors
without the output inverters.

RAM latch-drivers, 4 and 6 reach around 2.4× more power consumption and
5.9× lower td,sw, while 5 reports around 2× and 5.4×, respectively.

Also, the product between the power consumption with the propagation-delay,
tc2q ∙Pc, as well as the switching delay, td,sw ∙Pc, are plotted versus the supply
voltage in Fig. 3.23 (a) and (b). Note that 4, 5 and 6 have the largest tc2q ∙Pc with
the proposed solution reducing the energy consumption by 25% approximately.
Furthermore, the results for td,sw ∙Pc are normalized with 0.95 pJ , corresponding
to the minimum obtained value. Note that the proposed latch-driver achieves the
lowest td,sw ∙Pc in the entire supply voltage range. This shows a favorable trade-
off between the power consumption and switching-delay in comparison with 4, 5
and 6 by about 30% reduction. Besides, regarding the latch-drivers 1 and 2, the
latch-drivers 3, 4, 5 and 6 have a lower td,sw ∙Pc with a reduction of about 55%,
whereas for the proposed latch-driver the reduction is around 70% instead.
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Figure 3.21: Timing circuits switching-delay, td,sw, (a) single- (b) dual-phase-
clocked versus the supply voltage [60].

Figure 3.22: Timing circuits (a) clock-to-q delay, tc2q, (b) power consumption
versus the supply voltage [60].

Figure 3.23: Timing circuits (a) power-delay product, tc2q ∙Pc, (b) normalized
product td,sw ∙Pc versus the supply voltage [60].
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Figure 3.24: RL versus the SNR for the noise bound and fixed Vsw,d = 1 V for
fs equal to 0.1, 1, and 10 GHz [8].

3.3.4 Output load resistance

Other design aspect corresponds to the selection of the output load resistance,
RL. Commonly, a RL of 50 Ω is chosen to facilitate the impedance matching with
other building blocks, including RF baluns, reconstruction filters. Furthermore,
the unary-current, Iu can be calculated by

Iu =
Vsw,d

2(2N − 1)RL

. (3.61)

From (3.61) and with fixed values forRL and Vsw,d, the magnitude in Iu is reduced
exponentially for a larger CS DAC resolution, N . As presented in Section 3.2,
this can compromise the CS DAC performance [8]. Alternatively, Iu can be ob-
tained from the SNR and SFDR requirements to latter find the optimum RL. The
utilization of a matching network can be considered to achieve maximum power
transfer and impedance matching between the CS DAC and the other external
building blocks. To illustrade, the RL versus the SNR is plotted for different fs in
Fig. 3.24. The dash line is for RL = 50 Ω, where the crossing points are obtained
with an fs equal to 101 100 and 10−10 GHz and an SNR of about 60, 70, 80 dB,
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respectively. For the SNR values with RL ≥ 50 Ω, an RL = 50 Ω can be used
as the SNR is not compromised. However, farther than the intersection points
with a higher values in the SNR, the RL should be selected from the energy con-
sumption bound for noise instead. Likewise, the analysis can be extended to the
speed and linearity energy consumption bounds.

3.4 Enhancement techniques

Techniques to improve the performance in DACs will be presented in this sec-
tion. In essence, their utilization requires the integration of more circuitry that
augments the complexity, power consumption and area utilization in the DAC.
Hence, a trade-off between the aforementioned design aspects and performance
needs to be considered. These techniques are classified as randomization, cal-
ibration and predistortion.

3.4.1 Randomization

Randomization also referred to as dynamic element matching (DEM) is largely
implemented in CS DACs [30], [61]–[63]. It re-shuffles the DAC’s elements se-
lection randomly in a sample basis, thus decorrelating systematic and stochastic
errors within the signal’s period, T . HD as a result of amplitude errors, e.g., the
current sources of a CS DAC is transformed into a noise representation, thus
improving the SFDR at the cost of increased noise power. The integration of an
stochastic network for an unary-weighted DAC is illustrated in Fig. 3.25. Initially,
the N -bit binary-weighted digital input word, X, is thermometer decoded. Next,
the stochastic network with the utilization of random control signals change the
selection of the unit DACs through the input-output mapping between [T1,..,T2N−1]
and [S1,..,S2N ]. To explain the effect of randomization in the output signal, let’s
consider a general case with amplitude errors in the DAC elements. Consider-
ing a periodic input sequence X and its period T = NTTs with NT and Ts, the
number of samples and the sampling period, respectively, the error function, erf,
is also periodic. Hence, erf can be expressed as a Fourier series with Fs = 1/Ts,
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Figure 3.25: Integration of an stochastic network with an array of unary-weighted
DACs.

fk = kFs/T and tn = nTs so that

erf(n) = R0 +

NT /2∑
k=1

Rk cos (ωktn + ϕk), (3.62)

with ωk = 2πfk, R0= 1
NT

∑NT

n=1 erf(n), Rk =
√

(a2k + b2k), ϕk = tan−1( bk
ak
), ak =

2
NT

∑NT

n=1 cos (ωktn)erf(n) and bk = 2
NT

∑NT

n=1 sin (ωktn)erf(n). R2
k is proportional

to the power of each tone at ωk. Then, normalizing R2
k by 4/N2

T , it yields

R
′2
k =

[
NT∑
n=1

cos (ωktn)erf(n)

]2
+

[
NT∑
n=1

sin (ωktn)erf(n)

]2
. (3.63)

Expanding (3.63) and reordering terms, we get

R
′2
k = erf(n)2 +

NT∑
n=1

NT∑
m=1
∀n ̸=m

(Λk,nm + Γk,nm) erf(n,m), (3.64)

with erf(n,m) = erf(n)erf(m),Λk,nm = cos (ωktn) cos (ωktm), and Γk,nm = sin (ωktn) sin (ωktm).
From (3.64), the expectation is obtaned as

E{R′2
k } = erf(n)2 +

NT∑
n=1

NT∑
m=1
∀n ̸=m

(Λk,nm + Γk,nm) erf(n,m), (3.65)
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with erf(n,m) = E{erf(n)erf(m)} the covariance, covn,m, of the errors erf(n) and
erf(m). Also, covn,m, relates to the correlation coefficient, ρn,m, by

ρn,m =
covn,m
σnσm

, (3.66)

where σn and σm correspond to the standard deviation of the errors for the time
instances n and m, respectively. If there is correlation between the errors, the
second term in (3.65) is larger than zero along with an increment in the k-th tone’s
average power. On the other hand, with a decorrelation between the errors at
different samples, E{R2

k} is reduced and referred to as E{R2
k}drr. Then, from

(3.65), E{R2
k}drr is bounded by

E{R′2
k }drr < E{R′2

k }. (3.67)

Thus, with the sample errors’ de-correlation, the power of the HD components is
reduced, in turn, improving the SFDR. On the contrary, if the errors are decorre-
lated, (3.65) is reduced to erf(n)2, corresponding to the variance of the error, σ2

e .
Although improved linearity can be obtained through randomization, it adds hard-
ware overhead with the utilization of pseudo-random number generators (PRNG)
and more interconnects that grow exponentially with the DAC resolution, N [64].
In addition, the augmented switching activity due to the random element selec-
tion can considerably increase the power consumption and exacerbate the timing
errors.

To illustrate, implementations of stochastic network for a 3-bit DAC are presented
in Fig. 3.26 and Fig. 3.27 [65], [66]. The tree structure in Fig. 3.26 adds a 0 as
the LSB to the input digital word, X. The switching blocks, Sl,k, with k the block’s
number in layer l, split the MSB and LSBs between the switching block outputs,
whose selection are determined by the control bit, ck. Then, the process is re-
peated in the subsequent switching blocks. If the tree is fully extended to one-bit
output, this is referred to as full randomization DEM (FRDEM), otherwise, as par-
tial randomization DEM (PRDEM). Then, Fig. 3.27 presents the butterfly network.
First, the binary-weighted digital input data is separated between the switching
blocks to be distributed to the output according to the state of the control bits
ck and the interconnection between the switching blocks. Simple implemen-
tation of the switching blocks correspond to a pair of multiplexers as shown in
Fig. 3.27. Alternatively, other types of switching cells are presented in Fig. 3.28.
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Figure 3.26: Tree stochastic network.

Figure 3.27: Butterfly stochastic network.

To reduce DAC glitches and the switching activity at the output, the switching cell
in Fig. 3.28(a) avoids transitions when the input bits differ, i.e., ak ̸= bk, at the
same time restraining the random control bit ck from changing the input-output
mapping in the switching cell [68]. Conversely, the switching cell in Fig. 3.28(b)
interchanges the input-output mapping if the input bits are the same, in turn,
generating a code-dependent randomization [66]. However, it does not avoid
complementary bit transitions that lead to DAC glitches. Both implementations
require a register to keep the previous state, thus adding extra clock load that
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Figure 3.28: Switching block with (a) reduce glitching (b) code-dependent ran-
domization.

Figure 3.29: Proposed switching (a) block (b) decoder [67]

increases the power consumption.

On the other hand, an switching block to reduce the DAC glitches, switching
activity and generate code-dependent randomization with no added clock load
has been proposed and presented in Fig. 3.29 [67]. The input-output mapping
state is changed once a complementary switching transition is identified by the
decoding logic. It operates asynchronously with the register triggered by the
rising edge of the decoded signal from the NOR gate. This inverts the state of
cl,k that sets the selection in the multiplexers. Thus, the input-output mapping
can be formulated as

δ(n) = [bi,x(n) ⊕ bi,y(n)][bo,x(n) ⊕ bo,y(n)]b∆(n), (3.68)

with b∆(n) equal to either [bi,x(n) ⊕ bo,x(n)] or [bi,y(n) ⊕ bo,y(n)]. As the input-output
mapping can be changed between consecutive bit input sequences, cl,k is as-
signed to the kth switch in layer l and the input-output mapping is then given
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Table 3.4: Truth table of the interchange switch [67].

bix(n) biy(n) box(n) boy(n) sl,k(n) cl,k(n)
0 0 0 0 1 cl,k(n−1)

0 0 0 1 1 cl,k(n−1)

0 0 1 0 1 cl,k(n−1)

0 0 1 1 1 cl,k(n−1)

0 1 0 0 1 cl,k(n−1)

0 1 0 1 0 cl,k(n−1)

0 1 1 0 0 c∗l,k(n−1)

0 1 1 1 1 cl,k(n−1)

1 0 0 0 1 cl,k(n−1)

1 0 0 1 0 c∗l,k(n−1)

1 0 1 0 0 cl,k(n−1)

1 0 1 1 1 cl,k(n−1)

1 1 0 0 1 cl,k(n−1)

1 1 0 1 1 cl,k(n−1)

1 1 1 0 1 cl,k(n−1)

1 1 1 1 1 cl,k(n−1)

by [
bo,x

bo,y

]
=

[
bi,x

bi,y

]
, if cl,k = 0, (3.69)

and [
bo,x

bo,y

]
=

[
bi,y

bi,x

]
, if cl,k = 1. (3.70)

Besides, if δ(n) = 1, the control bit cl,k changes at the time instant n its state,
which is formulated as

cl,k(n) = c∗l,k(n− 1) ⇐⇒ δ(n) = 1. (3.71)

Table. 3.4 lists the states of the switching decoder. Additionally, to expose the
switching blocks to different input bits from layer-1 in the array, it is proposed to
interleave the segmented binary-weighted digital input bits as shown in Fig. 3.30.
Thus, complementary bit transitions between the MSB and LSBs are avoided in
the switching blocks with no change in the output data while exchanging the
input-output mapping.

A comparison between the number of transitions in the butterfly networks imple-
mented with different number of layers for a 10-bit DAC and the thermometer-
decoded is carried out for a 1024-point single-tone vector close to DC. The
results are listed in Table 3.5. An fsig → DC is chosen to generate high switch-
ing activity without the utilization of a thermometer decoder. As expected, the
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Figure 3.30: Butterfly network with interleaved indirect-binary segmented digital
data for a 4-bit DAC [67].

Table 3.5: Transitions count (1000’s) for fsig → DC [67].

Thermometer No BN Proposed BN Proposed BN Proposed BN
decoded Layer-3 Layer-6 Layer-9

2.04 15.1 10.1 4.74 3.43

thermometer-decoded output reports less number of transitions, and therefore, it
generates less switching activity. Moreover, if no interchange input-output map-
ping is utilized in the butterfly network with no, the transitions’ count increase con-
siderably. On the other hand, with the utilization of the proposed butterfly network
array for a layer-3 configuration, the transitions count decrease. Then, if a layer-
6 network is considered, then the switching activity is further reduced with less
transitions count by around 2× when compared with a layer-3 network. Then,
for a layer-9 network the transitions count approximates to the thermometer-
decoded’s output.

Moreover, a comparison with other switching networks is presented in Table. 3.6.
As mentioned, the proposed network reduces the number of switches to N − 1

with respect to the standard butterfly network. This also benefits with less num-
ber of random control signals if they are utilized 3. Also, independence between
the state of the input-output mapping in the switching blocks permit to extend the
number of permutations. Regarding the transitions count, a considerable reduc-
tion is obtained through the exchange between the complementary bit transitions

3This can be integrated through the NOR gate in Fig. 3.29(b) with an extra control input.
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Table 3.6: Switching networks and transitions count (1000’s) for fsig → DC [67].

Switching N◦ Switches Control Permutations Transitions
Network signals count
FRDEM 2N+1 −N − 2 N 2N 259.7
Butterfly N ∙ 2N−1 N 2N 262.6
Proposed (N − 1) ∙ 2N−1 N − 1 2N ∙ (N−1) 3.43

with the proposed solution. The other networks utilized random control bits in a
sample basis to generate full randomization at the cost of a considerable increase
in the number of transitions.

Regarding the level of randomization through the input digital sequence also re-
ferred to as code-dependent randomization, this is treated in more detail next.
To further evaluate the performance, the proposed butterfly network with the in-
terleaved binary-weighted input data and the proposed switching cell are imple-
mented in MATLAB. The amplitude errors, ∆Iu, are integrated in the DAC’s units
and modeled as a Gaussian random variable with N(0, σ2) and σ the standard
deviation. The simulation results for DAC resolutions of 8-, 10-, 12- and 14-bit
with and without the use of the interchange mapping for a mismatch error in the
range from 10−4 to 10−1 are presented in Fig. 3.31. For the comparison, signal
tones set with fsig/fs ≈ 0.113 and ≈ 0.475 are utilized. Lastly, each data point
corresponds to an extended 400-point Monte Carlo simulation with an FFT of
1024-point. Notice that asN is larger, the dynamic performance is more sensitive
to amplitude mismatch errors. This is observed for a 14-bit DAC that shows a de-
cay of about 10 dB between 10−3 and 10−2. However,the SFDR remains almost
constant for an 8-bit DAC within the same range. Then, a drop of 20 dBc/decade
is obtained between 10−2 and 10−1. The aforementioned observations agree with
(3.6). Overall, an SFDR’s improvement of about 4 dB is achieved in average for
a mismatch amplitude error of 10% with the utilization of interchange mapping.
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Figure 3.31: SFDR versus amplitude error with and without butterfly network
and interchange mapping forN −1 layers at fsig/fs ≈ 0.113 and fsig/fs ≈ 0.475
for a (a) 8-bit (b) 10-bit (c) 12-bit and (d) 14-bit DAC.

3.4.2 Calibration

Calibration is a conventional enhancement technique for error correction in data
converters [20]. This has been largely employed to compensate for amplitude
errors, however, with increased demands on high-speed operation, calibration
for timing mismatch is also reported [10], [69]. Calibration is classified as fore-
ground and background [20], [23]. The former is part of the start-up process and
it is executed only once, whereas the latter is implemented to perform recursive
calibration during normal operation. In CS DACs, amplitude error correction is
carried out through adjustments in the output current either globally or locally as
shown in Fig. 3.32. With a global scheme, a calibration DAC (CALDAC) is inte-
grated, thus augmenting the load capacitance [70]. A control unit is required to
set the output current compensation as well as an ADC to measure the analog
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Figure 3.32: Calibration strategies in CS DACs (a) global (b) local.

output, thus forming mixed-signal loop. Yet, the control unit needs to set CAL-
DAC with the appropriate output current, which can compromise the operation
at high-speed while increasing the power consumption.

Alternatively, with a local calibration scheme each current cell incorporates an
auxiliary CALDAC, where the output current, Iout, is measured and compared
with a reference current Iref to estimate the amplitude error [61], [71]. In addition,
an spare current cell can be utilized to substitute the one being calibrated on-
the-fly. Furthermore, local calibration can be implemented through a floating
current source (dynamically), reducing the complexity of the control logic and no
memory utilization [72], [73]. However, this suffers from leakage and requires a
fast calibration routine, specially in sub-nm CMOS processes. Other calibration
schemes utilize sort-and-combine methods to obtain an switching sequence that
results in improved static and dynamic performance [74], [75].

3.4.3 Predistortion

Another technique to linearize the output response of a DAC is known as digi-
tal pre-distortion (DPD). In essence, a modified digital input code based on the
initial digital sequence, X, is fed into the DAC to compensate for the nonlinear
response. A simplified block diagram with the integration of a DPD block at the
DAC’s input is presented in Fig. 3.33. Hence, for a digital input,X = [bN−1, ..., b0],
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Figure 3.33: Integration of DPD at the CS DAC’s front-end.

and a DAC’s function, FDAC( ∙ ), the distorted analog output, Ydist, can be ex-
pressed as

Ydist(bN−1, ..., b0) = FDAC(bN−1, ..., b0). (3.72)

Then, to compensate for Ydist and obtain the ideal output Y , we have

Ydist(b
′

N−1, ..., b
′

0) = Y (bN−1, ..., b0), (3.73)

with (b′N−1, ..., b
′
0) the modified input bit sequence. From (3.73), it yields

b
′

N−1, ..., b
′

0 = Y −1
dist[Y (bN−1, ..., b0)]. (3.74)

Thus, the DPD block has to generate (b
′
N−1, ..., b

′
0) according to Y −1

dist[ ∙ ], i.e.,
F−1
DAC [ ∙ ] from (3.72). Nevertheless, high resolution is required to compensate

for the non-linearity. Common implementations of the DPD block utilize look-up
tables (LUTs) [34]. However, a chain of comparators have also been proposed
to compensate for the nonlinear response due to limited output impedance in CS
DACs [37].





Chapter 4

A 10-bit high-speed
binary-weighted CS DAC in 65nm
CMOS

4.1 Floorplan overview

The block diagram, including the DAC core, on-chip memory with retiming DFFs
and clock buffer is illustrated in Fig. 4.1. To counteract for large amplitude and
timing mismatch in conventional binary-weighted DAC realizations, the proposed
DAC utilizes an unary-weighted approach with the 4 MSBs divided in sub-blocks
of equal size. Thus, the switching block is separated in 16 sub-blocks with each
containing an array of 64 stacked current cell units of the same size with respect
to the LSB for both the digital and analog circuit domains. Indirect binary segmen-
tation, also referred to as pseudo-segmentation [38], is utilized to separate the
digital input word for the 4 MSBs, which are split into 15 bit lines. The distribution
of the 15 bit lines in the switching sub-blocks are evenly separated for each MSB
in an interdigitazed manner to counteract for temperature and process gradients
in the physical implementation. Furthermore, to mitigate for disturbances in the
analog output as a result of the switching activity of the clock and data signal
as well as increase the isolation between the digital and analog domains, local
nodes for the output current summation are utilized in the switching blocks, which
is presented in more detail in Section. 4.5. Then, the global output node takes

71
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Figure 4.1: Block diagram of the test chip implementation.

the contribution of all current sources accordingly. Moreover, the chip integrates
a memory block to store the digital input data and avoid signal integrity issues,
e.g., associated with parasitics in the bonding wires. Then, retiming DFFs in-
terface the memory block to the DAC core and send the digital data. Lastly, an
external single phase clock signal is utilized and reconstructed on-chip through
the clock generation block to drive the other building blocks.

4.2 Current source

The current sources in CS DACs are subjected to systematic and stochastic de-
viations also referred to as amplitude errors. As mentioned in Chapter. 3, the
former can be mitigated with proper layout techniques, the latter is commonly re-
duced with larger device dimensions [52]. For the static performance, it is desired
to bound the DNL and INL in a range of ±1 LSB and ±0.5 LSB, respectively, and
thus guarantee monotonicity. Yet, in binary-weighted DACs, it is well-known that
consecutive mid-code transitions can lead to abrupt variations beyond 1 LSB,
thus compromising directly the DNL, which can be approximated for stochastic
variations by [53]

DNL ≈
√

2N − 1
σ(Iu)

Iu
, (4.1)
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with Iu and σ(Iu), the unary-current and its standard deviation, respectively.
Moreover, the stochastic amplitude errors in the current sources translate into
HD, thus degrading the dynamic performance from low input frequencies with
a reduced SFDR, which is estimated for a differential CS DAC from (3.6) and
rewritten below for convenience

SFDR ≈ 3(N + 3)− 10 log10
[
σ(Iu)

Iu

]2
dBc. (4.2)

From the previous expressions, σ(Iu) can be estimated to satisfy both the static
and dynamic specifications. Also, notice that more stringent requirements need
to be attained for σ(Iu) as N increases, thus representing a design challenge at
high CS DAC resolutions, N . To exemplify, for an SFDR of about 70 dBc in a
10-bit DAC, the normalized standard deviation, σ(Iu)/Iu, approximates to 2.8%,
which results in an DNL close to 0.9 LSB from (4.1) and within the±1 LSB range.

On the other hand, a simple global bias circuit shown in Fig. 4.2(a) mirrors the
off-chip reference current, Iref to bias the current source array. The mirrored Iref

is referred to as Iglobal. Then, local current mirror transistors, evenly arranged
in the current array, are utilized to bias the current source transistors. This also
counteracts for the mismatch due to the separation between the devices [52]. A
reduced circuit schematic of the local bias distribution is presented in Fig. 4.2(b).
Moreover, a low impedance analog ground that surrounds the current source
array is considered to mitigate for the IR drop.

Figure 4.2: Bias network (a) global (b) local distribution.
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4.3 Timing circuit and switching driver

Complementary CMOS logic is utilized in the design of the timing circuits and the
switching driver. In Fig. 4.3, a simplified schematic of the CS DAC cell is pre-
sented. Initially, synchronization of the input bit data is carried out through the
timing circuit. Thereafter, the switching driver generates the control signals SW
and SW with complementary high-crossing point transitions to drive the switch-
ing transistors Msw,1 and Msw,2 in the N-type CS cell [23]. For the timing circuit,
to achieve fast synchronization time as well as generate rapid falling and raising
transitions in the output signals Q and Q, a C2MOS-latch circuit is utilized. How-
ever, this requires to generate a complementary clock signal, Φ. Further on, the
high-crossing point in the switching driver is obtained through the propagation
delay of the inverters that control the PMOS transistors in the second stage and
with the NMOS transistors controlled by Q and Q instead. A low crossing-point
is obtained, thus a final stage of inverters is required to reverse the transitions
and obtain the high-crossing point accordingly.

The C2MOS-based timing circuit is presented in Fig. 4.4. Since the CS DAC is
aimed to operate at high-speed, dynamic CMOS logic is also considered. This
avoids to increase the transistors size to counteract for the conventional pos-
itive feedback with crossed-coupled inverters in static realizations, and which
becomes more relevant in C2MOS latch circuits where stacked NMOS/PMOS
transistors are used. As a result, leading to faster switching transitions with less
parasitic capacitance in the internal nodes and reduced power consumption. In
the C2MOS latch circuits, cross-coupled PMOS transistors of minimum size are
utilized to achieve a pseudo-static behavior without requiring to increase the size
of the NMOS transistors as well as maintaining one of the complementary out-
put nodes connected to Vdd. Yet, design aspects considering current leakage,
charge-sharing and charge-feedthrough need to be addressed and will be dis-
cussed in more as follows. A critical case is presented in the output node of
the C2MOS latch that is discharged to ground during the evaluation period. This
can be separated in two scenarios according to the gate input voltage after the
evaluation period with Φ = 0 and Φ = 1 in the master-latch, or viceversa, in the
slave-latch, as explained next.
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Figure 4.3: Simplified circuit schematic of the CS DAC cell.

Figure 4.4: C2MOS-based DFF timing circuit.

1) Gate voltage with low-to-high transition in the signal path

In this case, the PMOS transistors are switched off and no charge-sharing be-
tween the internal nodes takes place. Nevertheless, voltage in the output node
of the C2MOS latch, first discharged to ground, starts to develop as a result of the
leakage current, Ileak, flowing in the stacked transistor’s array. Since, the output
node of the C2MOS latch encompasses a larger capacitance to ground with re-
spect to other internal nodes, its voltage response in the time-domain during the
hold-on period is then approximated as

Vout(t) ≈ Vleak(1− e−t/τo), (4.3)
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with Vleak = IleakRoff,n, Roff,n the stacked NMOS transistors’ off-resistance, τo
= Roff,nCo and Co the capacitance at the output node of the C2MOS latch, re-
spectively. Thus, from (4.3), we can derive an expression for the time-off, toff ,
by

toff ≈ −τo ln
[
1− Vout(t)

Vleak

]
. (4.4)

Moreover, as toff in the worst-case scenario equals half the sampling period, Ts,
we can obtain a lower bound for the sampling frequency, fs, at which we limit
Vout(t) to a certain output voltage. Therefore, solving for fs, it yields

fs > − 1

2τo
ln−1

[
1− Vout(t)

Vleak

]
. (4.5)

The critical voltage in Vout(t) can be set to the threshold voltage |Vthn,p | as this
changes the state of the internal voltage nodes, generating an error with a change
in the signal code. Hence, this voltage can be considered as a bound condition
in (4.5). Furthermore, Vleak can develop up to the supply voltage, Vdd. As an
example, with Co = 0.1 fF, Rn,off = 109 Ω, |Vthn,p | = 0.4 V and Vdd = 1 V, the
bound condition from (4.5) results in a fs of about 100 KHz, which is 4 orders of
magnitude farther from the intended fs.

2) Gate voltage with high-to-low transition in the signal path

Unlike the previous case, charge-sharing occurs between the drain and source
nodes in the stacked PMOS transistors while the NMOS transistors are switched
off. Since the source node of the PMOS transistor is connected to the output
node of the C2MOS latch, the voltage at this node is expected to increase. How-
ever, the effect of charge-feedthrough through the miller capacitance in the de-
vices with charge intake from the drain and source nodes in the PMOS transistor
as a result of the high-to-low transition, counteracts the charge-sharing effect si-
multaneously. The overlap capacitance in the NMOS transistors also contribute
with the charge intake from the output node. Once the high-to-low transition is
completed, Ileak starts to charge the output node as explained earlier, where the
bound for fs needs to be considered to avoid undesired changes of the digital
data. To illustrade both effects, a transient simulation with the different transi-
tions for an fs of 1 MHz is presented in Fig. 4.5. Notice that for the case 1, the
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Figure 4.5: Transient simulation of the C2MOS-based latch with the clock (top),
input (middle) and output (bottom) signal, at fs of 1 MHz in 65 nm CMOS.

output voltage starts to increase with Φ = 0. Then, the output node is refreshed
to ground with Φ = 1 after half of the clock period, corresponding to 0.5 us. On
the other hand, in 2 the output node reaches a negative voltage as the net effect
of the charge-feedthrough and charge-sharing. Thereafter, the voltage at the
output node starts to increase. In addition, increments in the temperature result
in augmented Ileak and with the C2MOS-latch structure, we can take advantage
of the stack effect to reduce Ileak [76].

4.4 Current-steering cell

The N-type CS cell is utilized in the design. To increase the output impedance of
the CS DAC without demanding large voltage headroom, a single cascode cur-
rent source is chosen and presented in Fig. 4.6(a). Minimum size current switch
transistors driven into saturation when switched-on are employed, thus contribut-
ing with augmented output impedance in the CS DAC. Additionally, this leads to
minimum load capacitance, CL, thus maximizing the signal bandwidth for a load
resistance, RL, and output voltage swing, Vo,swing. With the CS cell at hand, the
voltage variation at the output node, ∆Vo, due to the charge-feedthrough during
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the switching transitions can be approximated for CL ≫ Cov as

∆Vo = Vsw
Cov

Cov + CL

≈ Vsw
Cov

CL

, (4.6)

where Cov and Vsw, are the overlap miller capacitance and the voltage swing at
the gate of the current switch transistors, respectively. The ratio Cov/CL approx-
imates to zero as N is larger, thus counteracting for Vsw. On the other hand, the
energy consumption due to the switching activity can be approximated for the
current switch transistor by [77]

Esw ≈ WswLswCoxV
2
sw, (4.7)

withWswLswCox and Vsw, the gate capacitance and the swing voltage at the gate,
respectively. From (4.7), the utilization of switching transistors with reduced size
benefit also with less energy consumption, which becomes more significant with
larger CS DAC resolution, N . In addition, the utilization of the cascode transistor
in the current sources in combination with minimum size switching transistors
lead to a reduce parasitic capacitance in the common-node (S) in the CS cell,
which benefits with faster voltage settling during the switching transitions, and
therefore, less memory effects that degrade the dynamic performance [23], [77].
Nevertheless, careful attention needs to be considered to have large isolation
between the output node and the common (S), which can require to increase the
size of the switch current transistors and reduce the effect of code-dependent
variations in the internal nodes of the CS cell. Similarly, for the physical imple-
mentation, it is desired to reduce the parasitic capacitance from the interconnects
and mismatch due to the separation of the devices. Hence, the placement of the
current switch transistors is in close proximity, which also facilitates to obtain
balanced and rapid complementary switching transitions. The voltage levels in
the internal nodes of the CS cell are indicated in Fig. 4.6(a). Low threshold volt-
age devices, Vth,l are utilized, resulting in overdrive voltage in the current source
transistor, Mcs, of about 200 mV. Besides, the layout of the CS cell including the
switching and the cascode transistors are presented in Fig. 4.6(b) and with this
section being also part of the switching array integrated with the timing circuit and
the switching driver. Note that for the common-node (S), the interconnects ex-
tends only to the minimum spacing requirements according to the design rules
given in the process. The current source transistors are placed in the current
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Figure 4.6: The N-type CS cell (a) circuit schematic and (b) layout implementa-
tion of the switching and cascode transistors only.

source array. On the other hand, the SFDR for the differential CS DAC can be
extended to the impedance case from (4.8) as

SFDR ≈ −40 log10 ρY − 12(N − 2) dB, (4.8)

where ρY is the admittance ratio expressed as ZL/Zout with ZL and Zout, the
load impedance and output impedance of the CS DAC, respectively. From the
CS cell, the drain-to-ground capacitance in Mcs introduce a pole that due to the
dimensions of the current source transistors it locates at low-frequencies. The
cascode transistor, Mcas, introduces a zero, and therefore, the dimension of the
devices are such to approximate the pole and zero location. Thus, to tolerate an
SFDR drop of about 15 dBc in the signal bandwidth, fs/2, for a load impedance
of 50 Ω and N = 10, from (4.8) a Zout of about 300 KΩ is required. Likewise,
if the load impedance is reduced then the requirements of Zout are reduced ac-
cordingly. In this design, a Zout of about 375 KΩ is obtained at the schematic
level for an fs/2 ≈ 1.9 GHz.
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4.5 Layout considerations

With demands on higher sampling frequencies in the GHz-range, the synchro-
nization between the clock and data signal become more sensitive to timing is-
sues, and therefore, careful attention needs to be considered for these signals’
paths in the physical implementation. Since the CS DAC is arranged with an
array of interdigitized switching blocks, a balance tree network is selected for the
clock signal and illustrated in Fig. 4.7. This is conformed of a global and local
tree network with the former being distributed over the switching blocks and the
latter distributed in the CS DAC cells of each switching block, respectively. The
clock network does not incorporate global repeaters to avoid potential mismatch
issues that translate into time skews of in the clock signal and added jitter with
both compromising the speed of the CS DAC. Instead, local clock buffers are
utilized as shown in Fig. 4.3. Moreover, as the CS DAC cells are of equal size
no load balancing techniques are required to reduce timing errors [78], which
also leads to less layout complexity and power consumption.

Similarly, the current addition of each CS cell becomes more relevant as the
signal frequency increases, where it is desired to achieve a concurrent current
superposition at the output, and thus avoid distortion due to current delays. Like-
wise, the output node is separated into a global and local node implemented as
a tree structure with the former being also presented in Fig. 4.7. On the other
hand, considering the routing of the digital signal, the MSB attains the critical
path with half of the switching blocks evenly distributed under its control. Con-
versely, the signal’s path for the other input bits is shorter. The CS DAC cells
in the switching blocks are arranged to avoid overlaps between the digital and
analog signals paths, which otherwise, can lead to code-dependent distortion,
e.g., as a result of the switching activity in the digital domain. The switching
array scheme is presented in Fig. 4.8 with A and D referring to the analog and
digital circuitry, respectively. Also, a local output node is implemented in each
switching block of the array. To achieve matching between the current addition,
the local output node is implemented as a stacked tree structure with the metal
layers 1-5. The distribution of the 16 switching blocks is directly mapped to the
current sources in the same interdigitized manner, thus mitigating for system-
atic errors, e.g., temperature and process gradients, as well as simplifying the
routing with no complex switching scheme. Further, common practices with the
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use of substrate contacts in the switching blocks and in the current source array
to isolate the analog domain as well as the utilization of dummy transistors sur-
rounding the current source array are taken into consideration to avoid mismatch
issues.

Figure 4.7: Clock network and global output node tree structures sketch of the
CS DAC with differential outputs currents I+out and I−out.

Figure 4.8: Simplified diagram of the digital and analog circuits in the switching
blocks array.
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4.6 Chip implementation

The 10-bit binary-weighted CS DAC was implemented in an industrial low-power
65 nm CMOS process. The layout of the chip is presented in Fig. 4.9 and occu-
pies a total area, including the I/O ring of about 2.38 mm2, whereas the area of
the DAC core is about 0.67 mm2. The chip integrates three power/ground supply
domains to decouple the noise, including one for the clock generation, on-chip
memory and retiming DFFs as well as two more for the digital and analog sup-
plies in the DAC core. Multi-layer of metal-to-metal capacitors are utilized for the
decoupling capacitors. The full-scale output current is 16 mA.

4.6.1 Testing methodology

In Fig. 4.10 the on-chip test setup is presented. First, an array of shift registers
to achieve high-speed reading operation is implemented and they conform the
memory block with a word length of the digital input sequence of 64-bit [79]. Thus,

Figure 4.9: Layout of the chip, on-chip memory, retiming DFFs and clock gen-
eration (left) and DAC core (right).
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Figure 4.10: On-chip test setup.

Figure 4.11: Test bench

each input bit stores 8 bytes for a total of 80 bytes storage (10-bit). The writing
process is serial through the array from DIN and setup with SEL=0. Otherwise,
the digital input data periodically rotates in each separate shift register array dur-
ing the reading process. Further on, the global clock distribution is realized
so that the CS DAC is fed first with the clock signal to avoid timing issues be-
tween the clock and data arrival to the switching cells in the CS DAC. Thereafter,
the clock signal propagates to trigger the retiming DFF blocks and the on-chip
memory, where the clock signals WCLK and RCLK are selected through SEL.
The former is the clock signal from an external device that sends data to write in
memory, whereas the latter is the input RF clock signal. The test bench of the
chip is illustrated in Fig. 4.11. It requires an external clock signal and a digital
control interface to send the digital input data and set the read/write operation
in the on-chip memory. Also, the output current is terminated with an differential
output resistance of 100 Ω. An available ideal balun in Cadence is utilized with
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the single-ended output connected to a load resistance of 50 Ω. The integration
of the ideal balun reduces the load impedance and results in a differential volt-
age swing at the output of 0.53 V. In practice an RF balun with 50 Ω impedance
terminations can be utilized to obtain a single-ended load resistance of 25 Ω and
a differential output voltage of 0.8 V. The supply voltage of the digital and analog
domains are set to 1.2 and 1.1 V, respectively. The results are obtained from
post-layout simulations with transient noise for the typical process corner and a
temperature of 75 ◦C, unless otherwise specified.

4.6.2 Static performance

To evaluate the static performance, the Monte Carlo analysis is carried out at
the schematic level. The DNL and INL are derived from the best-fit line approx-
imation method and their plots obtained for a 100-point Monte Carlo simulation
are presented in Fig 4.12. From the simulation results, the DNL and INL in con-
junction are within ± 1 LSB and ± 0.5 LSB range, which complies with a yield
of 99.0% that attains monotonicity. Further on, |DNL|max reaches up to 0.935
LSB and the |INL|max 0.517 LSB. Also, |DNL|mean and |INL|mean are in the range
of 0.252 and 0.247 LSB, respectively.

4.6.3 Dynamic performance

Initially, the stochastic SFDR variations due to the random mismatch in the cur-
rent source are obtain from a 100-point Monte Carlo simulation at the schematic
level. The results for different fsig/fs within the Nyquist range, fs/2, are shown
in Fig. 4.13. For each data point, the average value (mid-point) and the ±3σ

variation (error-bar) is presented.

Since, the amplitude errors degrade the dynamic performance from low input
frequencies, an fs of 5 MHz is considered. From Fig. 4.13, the SFDR main-
tains in average a value of about 68.6 dBc for each signal point over the signal
bandwidth. This result approximates to the estimation obtained in (3.6). On the
other hand, an standard deviation around 1.6 dB is obtained, which results in
a ±3σ deviation in the SFDR with a range from 63.8 dBc to 73.4 dBc. Further
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Figure 4.12: Static performance DNL (top) and INL (bottom).

on, the SFDR versus the normalized fsig/fs for an fs of 2.5 GHz and 3.5 GHz is
plotted in Fig. 4.14. With the former, the SFDR ranges from 60 dBc to 53 dBc
approximately.

This results in a drop of about 15 dBc from DC, where interconnects in the layout
also contribute with a faster degradation of the dynamic performance in the CS
DAC. For the latter, the SFDR drops within a range from 47 dBc to 41 dBc ap-
proximately. In essence, with increments in fs, the dynamic performance in the
CS DAC become more sensitive to timing issues, e.g., memory effects as well
as nonlinear settling that results in the code-dependent distortion at the output.
This also exacerbates with large glitches during mid-code bit transitions in the
binary-weighted DAC. Similarly, the ENOB versus fsig/fs is plotted in Fig. 4.14.
Thus, for an fs of 2.5 GHz, an ENOB of 9 is obtain up to about 500 MHz and then
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Figure 4.13: SFDR versus fsig/fs with fs = 5 MHz.

Figure 4.14: SFDR (left) and ENOB (right) versus fsig/fs with fs = 2.5 GHz and
3.5 GHz.

it drops to 8 at Nyquist, fs/2. Likewise, for an fs of 3.5 GHz and with respect to
the same normalized frequencies, the ENOB is around 7 and 6. In addition, the
output spectrum of single-tone, fsig, approximated to 0.6 GHz and 1.7 GHz with
fs of 3.5 GHz are presented in Fig. 4.15 and Fig. 4.16, respectively. It is ob-
served that the degradation in the SFDR results from harmonic distortion (HD)
with the presence of HD2 with a power of -32.12 dBm in the spectrum, whereas
for the signal tone at Nyquist, the HD2 is folded back and locates in the spectrum
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Figure 4.15: Spectrum of fsig ≈ 0.6 GHz and fs = 3.5 GHz.

Figure 4.16: Spectrum of fsig ≈ 1.7 GHz and fs = 3.5 GHz.

at 0.11 GHz reaching power of about -28.1 dBm.

On the other hand, the -IMD3 versus fsig/fs (centered-frequency) for an fs of 3.5
GHz is plotted in Fig, 4.17, where it reaches up to 65.8 dBc at low frequencies
and then drops to about 50 dBc. Due to the limited data vector of 64-point and
difficulty to asses the results at Nyquist, the two-tone test is shown until an fsig/fs

of about 0.33. Moreover, the spectrum of a two-tone test also with an fs of 3.5
GHz and about 0.82 GHz centered-frequency is presented in Fig. 4.18. The first
IMD3 product is located in the spectrum around 0.5 GHz with signal power of
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-43.51 dBm, whereas the second one is located at 1.15 GHz with signal power
of -44.41 dBm, respectively.

Figure 4.17: -IMD3 versus fsig/fs with fs = 3.5 GHz.

Figure 4.18: Spectrum of fsig,1 ≈ 0.79 GHz and fsig,2 ≈ 0.93 GHz with fs = 3.5
GHz.
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4.6.4 Performance comparison

The design characteristics and performance of binary-weighted, segmented and
high-speed CMOS CS DAC designs are presented in Table. 4.1 and Table. 4.2.
The proposed CS DAC is characterized for an fs of 2.5/3.5 GHz. Moreover, the
Figure-of-Merit (FoM) is given by [80]

FoM = Vswing
BW

Ptotal

10SFDR/20 (4.9)

with Ptotal, Vswing and BW , the power consumption, output voltage swing and the
signal bandwidth, respectively. From Table. 4.1, the proposed solution presents
a signal bandwidth over 10× larger with respect to the binary-weighed CS DACs
reported in [38], [81]. Nevertheless, in [78] a binary-weighted CSDACwith aBW

of 1.5 GHz is presented, but for a 9-bit implementation that leads to a reduced
power consumption. On the other hand, a high-speed binary-weighed CS DAC
with an fs of 20 GS/s is presented in [82]. This utilizes 2× TI for a 6-bit CS
DAC implementation, which benefits with high-speed of operation and reduced
complexity. However, the SFDR for the aforementioned solution drops up to 35.1
dBc at Nyquist, thus compromising the FoM. For an fs of 2.5 GHz, the proposed
CS DAC presents an improved FoM with respect to [81] and approximates to
[82] for the reported Vswing,diff of 0.53 V. Yet, by considering an Vswing,diff equal
to 0.8 V, the FoM of the proposed CS DAC can reach up to 2.3 and 0.67 for an
fs of 2.5 and 3.5 GHz, respectively.

Moreover, considering the high-speed CS DACs in Table. 4.2. The FoM is im-
proved for an fs of 2.5 GHz in comparison with [45], [77]. This is mainly attributed
to the linearity performance with an SFDR > 50 dBc over the signal bandwidth,
BW . For instance, in [77] an SFDR of 44 dBc is obtained at Nyquist and ap-
proximates to the linearity performance when operating at an fs of 3.5 GHz. On
the contrary, in [45], the SFDR is only reported up to 0.7 GHz. This corresponds
to less than half the presented characterization at an fs of 2.5/3.5 GHz in the
proposed CS DAC. Finally, high-speed CS DACs with 56 GHz ≤ fs have also
been presented with 6 and 8 bit resolutions [40], [83], respectively. Notice that
the power consumption augments considerably as shown in [40], reaching up
to 2.5 W for a CS DAC implemented in 28 nm CMOS. Furthermore, the SFDR
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drops below 30 dBc for both [40], [83], thus compromising its FoM and show-
ing the design challenges to achieve high-speed operation along with reduced
power consumption.

Table 4.1: Comparison with binary-weighted CMOS CS DACs.

Reference This JSSC06 ASSC07 VLSI11 TCAS18
work [38] [81] [78] [82]

Process [nm] 65 180 180 65 65
Type Nyq. Nyq. Nyq. Nyq. TI Nyq.
Bits 10 10 14 9 6

fs [GS/s] 2.5/3.5 0.25 0.1 3 20
BW [GHz] 1.25/1.75 0.125 0.05 1.5 9.2
Power [mW] 191/234 22(1) 84.2 60(2) 136
SFDRmin [dBc] 53/41 60 46.6 48 35.1
Vswing,diff [V] 0.53 1.0(2) 1.15 0.4 0.4(3)

Area [mm2] 0.67 0.35 0.74 0.04 0.072
FoM∗ 1.54/0.44 5.7 0.15 2.51 1.65

(*):
[
V ∙Hz

W 1012
]
, (1): Iload of 10 mA, (2): Estimated, (3): Estimated for a single-ended load of

50 Ω.

Table 4.2: Comparison with high-speed CMOS CS DACs.

Reference This TCAS10 JSSC11 RFIC14 ISSC14

work [77] [83] [40] [45]
Process [nm] 65 130 65 28 65

Type Nyq. Nyq. TI Nyq. TI Nyq. Nyq.
Bits 10 10 6 8 16

fs [GS/s] 2.5/3.5 1.6 56 100 1.6
BW [GHz] 1.25/1.75 0.8 28 25(1) 0.7(1)

Power [mW] 191/234 27 750 2500 240
SFDRmin [dBc] 53/41 44 20 28 54
Vsw,diff [V] 0.53 0.25 0.6 0.4 1.0
Area [mm2] 0.67 0.5 0.24 0.043 NS(2)

FoM∗ 1.54/0.44 1.17 0.21 0.10 1.46

(*):
[
V ∙Hz

W 1012
]
, (1): Reported BW , (2): Not specified.
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Conclusion

5.1 Conclusions

Digital-to-analog converters (DACs) have been pushed to operate at higher sam-
pling frequencies with improved performance and reduced power consumption
in high-speed applications, e.g., wireless communications, this has challenged
the DAC design to satisfy more stringent requirements between different de-
sign corners. This work has focused on the current-steering (CS) DAC topology
due to its intrinsic high-speed and driving capability. A treatment on the differ-
ent design considerations and corners aimed at achieving energy-efficient CS
DAC with maintained performance was presented. Further, the binary-weighted
Nyquist DAC was considered to attain a large channel bandwidth with reduced
hardware overhead, which has special interest in modern communications stan-
dards aiming at channel bandwidths beyond 1-GHz as well as facilitating direct-
RF synthesis.

In Chapter 2 an overview on DACs is presented, including an analysis of addi-
tional signal processing techniques commonly utilized to change the frequency
response. The chapter is followed by a brief description of conventional DAC
categories and topologies. Then, a comparison of high-speed DAC implementa-
tions was presented, showing that CMOS current-steering (CS) DACs are among
other solutions the preferred option in today’s state-of-the-art realizations.
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Further on, Chapter 3 presents the CS DAC in more detailed. The fundamen-
tal performance limitations were discussed and a theoretical analysis on power
and energy consumption bounds in CS DACs was also presented. The analy-
sis included the power digital, mixed-signal and analog power domains for the
design corners of noise, speed and linearity. From the study, it was observed
that the analog power domain dominates the CS DAC’s performance for an SNR
and SFDR of about 60-dB and 50-dBc in 65nm CMOS process. Also, for the
noise and speed bounds in the analog domain, the energy consumption grows
for an equivalent number of bits (ENOB) at a rate of 22ENOB and 2ENOB-2, mak-
ing the noise-bound of special interest to achieve minimum power and energy
consumption for a certain SNR. Moreover, for the linearity-bound the energy con-
sumption is found to increase at a rate of 2ENOB-1 with respect to the SFDR. Fur-
thermore, design considerations in CS DACs were addressed to aim at high-
speed and high-performance. These include, a comparative analysis of conven-
tional CMOS latch-driver circuits, considering the single- and dual-phase clocked
solutions. An alternative switching driver was proposed to sustain rapid switch-
ing transitions with reduced power consumption and attain an switching-delay
approximated to the fastest dual-clocked solutions. Also, enhancement tech-
niques were discussed, where a digital switching scheme was proposed to re-
duce the switching transitions as well as improve the linearity against stochastic
amplitude errors. From high-level simulations the switching scheme showed an
improvement in the SFDR of about 4 dB for an amplitude error of 10% in the
unary-weighted elements and serving also as an alternative solution for the con-
ventional thermometer decoder with reduced switching transitions.

On the other hand, the design and characterization of a high-speed 10-bit binary-
weighted CS DAC was presented in Chapter 4. The binary-weighted DAC has
been explored as an alternative solution with the aim to reduce complexity and
power consumption, while facilitating high-speed operation. The intrinsic binary-
weighted nature has challenged its performance with amplitude and timing mis-
matches as well as large glitches between mid-code transitions. Thus, an ex-
tension of the binary-weighted CS DAC with the utilization of a unary-weighted
approach has been utilized to counteract for the aforementioned issues. The
design considerations and testing methodology were presented. The chip was
characterized for the sampling frequencies of 2.5 and 3.5 GHz, where and SFDR
over 50 dBc is attained over the channel bandwidth with an fs of 2.5 GHz and



Figure 5.1: Time interleaving of multiple DACs.

40 dBc for an fs of 3.5 GHz, while consuming a power at Nyquist of 191 and 234
mW, respectively. The results show a favorable trade-off between the design
corners, including power consumption speed and linearity among other binary-
weighted CS DACs as well as high-speed CS DAC realizations.

5.2 Future work

With the emergence of new high-speed applications, e.g., sixth-generation (6G)
and the utilization of the radio frequency spectrum in the tens of GHz with 60-GHz
radios, DACs will be relentlessly driven towards higher sampling frequencies with
maintained performance and low-power consumption. Despite that DAC design
has been favored with the continuous CMOS scaling to satisfy the high-speed
and low-power requirements, this trend will face a physical limitation in the future.
Hence, further exploration of alternative solutions in the system and circuit level
will be required in combination with a reduction of hardware overhead.

Therefore, by aiming at large channel bandwidths, future work considers the use
of time interleaving with the integration of multiple Nyquist DACs, which bene-
fits from a reduced sampling rate for each separate DAC while facilitating direct
frequency synthesis with multi-GHz channel bandwidth as presented in Fig. 5.1.
The reduced sampling rate per DAC leads to improved performance and less
power consumption. Also, this can be further explored with the utilization of sig-
nal processing techniques to facilitate direct-RF synthesis at higher frequency
bands.

93



94 List of Author’s Publications

List of Author’s Publications

Journal Articles

• O. M. Chacón, J. J. Wikner, C. Svensson, L. Siek, and A. Alvandpour,
“Analysis of energy consumption bounds in CMOS current-steering digital-
to-analog converters”, Journal of Analog Integrated Circuits and Signal Pro-
cessing, 2022, doi: 10.1007/s10470-022-02013-2.

Conference Proceedings

• O. M. Chacón, J. Wikner, A. Alvandpour and L. Siek, ”A 10-bit 3.75-GS/s
Binary-Weighted DACwith 58.6-pJ Energy Consumption in 65-nm CMOS,”
IEEE Nordic Circuits and Systems Conference (NorCAS), 2020, pp. 1-4,
doi: 10.1109/NorCAS51424.2020.9265003.

• O. M. Chacón, J. J. Wikner, A. Alvandpour and L. Siek, ”A digital switch-
ing scheme to reduce DAC glitches using code-dependent randomization,”
IEEE Nordic Circuits and Systems Conference (NorCAS), 2021, pp. 1-5,
doi: 10.1109/NorCAS53631.2021.9599651.

• O. M. Chacón, J. Wikner, A. Alvandpour and L. Siek, ”Comparative Anal-
ysis of CMOS Latch-Driver Circuits for Current-Steering Digital-to-Analog
Converters,” 29th International Conference on Mixed Design of Integrated
Circuits and System (MIXDES), 2022, pp. 93-98, doi: 10.23919/MIXDES
55591.2022.9837990.



Bibliography

[1] N. Klemmer, S. Akhtar, V. Srinivasan, et al., “A 45nm CMOS RF-to-Bits
LTE/WCDMA FDD/TDD 2×2 MIMO base-station transceiver SoC with 200
MHz RF bandwidth,” IEEE Solid-State Circuits Conference, pp. 164–165,
2016.

[2] D. J. McLaurin, K. G. Gard, R. P. Schubert, et al., “A highly reconfig-
urable 65nm CMOS RF-to-bits transceiver for full-band multicarrier TD-
D/FDD 2G/3G/4G/5Gmacro base stations,” IEEESolid-State Circuits Con-
ference, pp. 162–164, 2018.

[3] B. Jann, G. Chance, A. G. Roy, et al., “A 5G Sub-6GHz Zero-IF and mm-
Wave IF Transceiver with MIMO and Carrier Aggregation,” IEEE Solid-
State Circuits Conference, pp. 352–354, 2019.

[4] J. G. Andrews, S. Buzzi, W. Choi, et al., “What Will 5G Be?” IEEE Jour-
nal on Selected Areas in Communications, vol. 32, no. 6, pp. 1065–1082,
2014.

[5] S. Rangan, T. S. Rappaport, and E. Erkip, “Millimeter Wave Cellular Wire-
less Networks: Potentials andChallenges,”Proceedings of the IEEE, vol. 102,
no. 3, pp. 366–385, 2014.

[6] I. F. Akyildiz, A. Kak, and S. Nie, “6G and Beyond: The Future of Wireless
Communications Systems,” IEEE Access, vol. 8, pp. 133 995–134 030,
2020.

[7] B. Yang, Z. Yu, J. Lan, R. Zhang, J. Zhou, and W. Hong, “Digital Beam-
forming Based Massive MIMO Transceiver for 5G Millimeter-Wave Com-
munications,” IEEE Transactions on Microwave Theory and Techniques,
vol. 66, no. 7, pp. 3403–3418, 2018.

[8] O. M. Chacón, J. J. Wikner, C. Svensson, L. Siek, and A. Alvandpour,
“Analysis of energy consumption bounds in CMOS current steering digital-
to-analog converters,” Analog Integrated Circuits and Signal Processing,
2022.

[9] P. Caragiulo, C. Daigle, and B. Murmann, DAC Performance Survey 1996-
2020,” [Online]. Available: https://github.com/pietro-caragiulo/survey-DAC.

[10] L. Duncan, B. Dupaix, J. McCue, et al., “A 10b DC-to-20GHz multiple-
return-to-zero DAC with >48dB SFDR,” IEEE International Solid State Cir-
cuits Conference, pp. 286–287, 2017.

95



96 BIBLIOGRAPHY

[11] S. Su, T. Tsai, P. K. Sharma, and M. S. Chen, “A 12 bit 1 GS/s Dual-
Rate Hybrid DAC With an 8 GS/s Unrolled Pipeline Delta-Sigma Modu-
lator Achieving > 75 dB SFDR Over the Nyquist Band,” IEEE Journal of
Solid-State Circuits, vol. 50, no. 4, pp. 896–907, 2015.

[12] A. Novikov and D. Novikov, Research Methodology: From Philosophy of
Science to Research Design. Apr. 2013, isbn: 9780429212642.

[13] A. Burdett, “Ultra-low-power wireless systems: Energy-efficient radios for
the internet of things,” IEEE Solid-State Circuits Magazine, vol. 7, no. 2,
pp. 18–28, 2015.

[14] The european code of conduct for research integrity, howpublished = https:
//allea.org/code-of-conduct/ note = 2017.

[15] Good research practice, howpublished = https://www.vr.se/english/
mandates/ethics.html/ note = 2017.

[16] B. Hjørland, “Methods for evaluating information sources: An annotated
catalogue,” Journal of Information Science, vol. 38, no. 3, pp. 258–268,
2012.

[17] O. M. Chacón, T. Johansson, and T. Flink, “The effect of DPD bandwidth
limitation on EVM for a 28 nm WLAN 802.11ac transmitter,” IEEE Nordic
Circuits and Systems Conference (NORCAS): NORCHIP and International
Symposium of System-on-Chip (SoC), pp. 1–4, 2017.

[18] C. L. Pillips, J. M. Parr, and E. A. Riskin, Signals, systems, and transforms,
3rd ed. Pearson Education, 2003.

[19] J. G. Proakis and D. G. Manolakis, Digital Signal Processing, 2nd ed.
Macmillan Publishing Company, 1992.

[20] F. Maloberti, Data Converters. Springer, 2008.
[21] R. J. Baker, CMOSMixed-Signal Circuit Design, 3rd ed. John Wiley Sons,

2009.
[22] K. O. Andersson, “Modeling and Implementation of Current-Steering Digital-

to-Analog Converters,” Ph.D. dissertation, Linkoping University, 2005.
[23] G. Manganaro, Advance Data Converters. Cambridge University Press,

2012.
[24] S. Pavan, R. Schreier, and G. C. Temes, Understanding Delta-Sigma Data

Converters, 2nd ed. Johan Wiley Sons, 2017.
[25] C. Svensson, “Towards Power Centric Analog Design,” IEEE Circuits and

Systems Magazine, vol. 15, no. 3, pp. 44–51, 2015.
[26] A. Bhide and A. Alvandpour, “An 11 GS/s 1.1 GHz Bandwidth Interleaved

δς DAC for 60 GHz Radio in 65 nm CMOS,” IEEE Journal of Solid State
Circuits, vol. 50, no. 10, pp. 2306–2318, 2015.

[27] F. Luo, Digital Front-End in Wireless Communications and Broadcasting.
Cambridge University Press, 2011.

https://allea.org/code-of-conduct/
https://allea.org/code-of-conduct/
https://www.vr.se/english/mandates/ethics.html/
https://www.vr.se/english/mandates/ethics.html/


BIBLIOGRAPHY 97

[28] B. Farley, C. Erdmann, B. Vaz, et al., “A programmable RFSoC in 16nm
FinFET technology for wideband communications,” IEEEAsian Solid-State
Circuits Conference, pp. 1–4, 2017.

[29] E. Roverato, M. Kosunen, K. Cornelissens, et al., “All-Digital LTE SAW-
Less Transmitter With DSP-Based Programming of RX-Band Noise,” IEEE
Journal of Solid-State Circuits, vol. 52, no. 12, pp. 3434–3445, 2017.

[30] C. Erdmann, E. Cullen, D. Brouard, et al., “A 330mW 14b 6.8GS/s dual-
mode RF DAC in 16nm FinFET achieving −70.8dBc ACPR in a 20MHz
channel at 5.2GHz,” IEEE International Solid-State Circuits Conference,
pp. 280–281, 2017.

[31] E. Bechthum, G. I. Radulov, J. Briaire, G. J. G. M. Geelen, and A. H. M.
van Roermund, “A Wideband RF Mixing-DAC Achieving IMD < -82 dBc Up
to 1.9 GHz,” IEEE Journal of Solid State Circuits, vol. 51, no. 6, pp. 1374–
1384, 2016.

[32] M.-J. Choe, K.-H. Baek, andM. Teshome, “A 1.6-GS/s 12-bit return-to-zero
GaAs RF DAC for multiple Nyquist operation,” IEEE Journal of Solid State
Circuits, vol. 40, no. 12, pp. 2456–2468, 2005.

[33] S. Luschas, R. Schreier, and H.-S. Lee, “Radio frequency digital-to-analog
converter,” IEEE Journal of Solid-State Circuits, vol. 39, no. 9, pp. 1462–
1467, 2004.

[34] C. Daigle, A. Dastgheib, and B. Murmann, “A 12-bit 800-MS/s switched-
capacitor DAC with open-loop output driver and digital predistortion,” IEEE
Asian Solid-State Circuits Conference, pp. 1–4, 2010.

[35] Q.-T. Duong, A. Bhide, and A. Alvandpour, “Design and analysis of high-
speed split-segmented switched-capacitor DACs,” Analog Integrated Cir-
cuits and Signal Processing, vol. 92, pp. 199–217, 2017.

[36] G. Manganaro, S.-U. Kwak, and A. Bugeja, “A dual 10b 200MSPS pipeline
D/A converter with DLL-based clock synthesizer,” IEEE Custom Integrated
Circuits Conference, pp. 429–432, 2003.

[37] J. J. Wikner, “Studies on CMOS Digital-to-Analog Converters,” Ph.D. dis-
sertation, Linkoping University, 2001.

[38] J. Deveugele andM. Steyaert, “A 10-bit 250-MS/s binary-weighted current-
steering DAC,” IEEE Journal of Solid-State Circuits, vol. 41, no. 2, pp. 320–
329, 2006.

[39] B. Razavi, Design of Analog CMOS Integrated Circuits. McGraw-Hill Edu-
cation, 2016.

[40] H. Huang, J. Heilmeyer, M. Grözing, and M. Berroth, “An 8-bit 100-GS/s
Distributed DAC in 28-nm CMOS for Optical Communications,” IEEE Ra-
dio Frequency Integrated Circuits Symposium, pp. 65–68, 2014.

[41] E. Olieman, A.-J. Annema, and B. Nauta, “An Interleaved Full Nyquist
High-Speed DAC Technique,” IEEE Journal of Solid-State Circuits, vol. 50,
no. 3, pp. 704–713, 2015.



98 BIBLIOGRAPHY

[42] S. Kim, W. Kim, M. Seo, and S. Ryu, “A 65-nm CMOS 6-Bit 20 GS/s Time-
Interleaved DAC With Full-Binary Sub-DACs,” IEEE Transactions on Cir-
cuits and Systems II, vol. 65, no. 9, pp. 1154–1158, 2018.

[43] M.-J. Choe, K.-J. Lee, M. Seo, and M. Teshome, “DC - 10GHz RF Digital
to Analog Converter,” IEEE Compound Semiconductor Integrated Circuit
Symposium, pp. 1–4, 2011.

[44] H.-Y. Huang, X.-Y. Chen, and T.-H. Kuo, “A 10-GS/s NRZ/Mixing DAC
With Switching-Glitch Compensation Achieving SFDR >64/50 dBc Over
the First/SecondNyquist Zone,” IEEE Journal of Solid State Circuits, vol. 56,
no. 10, pp. 3145–3156, 2021.

[45] H. Van de Vel, J. Briaire, C. Bastiaansen, et al., “A 240mW 16b 3.2GS/s
DAC in 65nm CMOS with <-80dBc IM3 up to 600MHz,” IEEE International
Solid-State Circuits Conference, pp. 206–207, 2014.

[46] H.-Y. Huang and T.-H. Kuo, “A 0.07-mm2 162-mWDAC Achieving >65 dBc
SFDR and < −70 dBc IM3 at 10 GS/s With Output Impedance Compensa-
tion and Concentric Parallelogram Routing,” IEEE Journal of Solid-State
Circuits, vol. 55, no. 9, pp. 2478–2488, 2020.

[47] S. Su and M. S. Chen, “A 16-bit 12-GS/s Single-/Dual-Rate DAC With
a Successive Bandpass Delta-Sigma Modulator Achieving <−67-dBc IM3
Within DC to 6-GHz Tunable Passbands,” IEEE Journal of Solid State Cir-
cuits, vol. 53, no. 12, pp. 3517–3527, 2018.

[48] Y. Tang, J. Briaire, K. Doris, et al., “A 14 bit 200 MS/s DACWith SFDR >78
dBc, IM3 < -83 dBc and NSD <-163 dBm/Hz Across the Whole Nyquist
Band Enabled byDynamic-MismatchMapping,” IEEE Journal of Solid State
Circuits, vol. 46, no. 6, pp. 1371–1381, 2011.

[49] W. Tseng, C. Fan, and J. Wu, “A 12b 1.25GS/s DAC in 90nm CMOS with
>70dB SFDR up to 500MHz,” IEEE International Solid State Circuits Con-
ference, vol. 2011, pp. 192–194, 2011.

[50] F. Van de Sande, N. Lugil, F. Demarsin, et al., “A 7.2 GSa/s, 14 Bit or
12 GSa/s, 12 Bit Signal Generator on a Chip in a 165 GHz fT BiCMOS
Process,” IEEE Journal of Solid State Circuits, vol. 47, no. 4, pp. 1003–
1012, 2012.

[51] W.-C. Kim, D.-S. Jo, Y.-J. Roh, Y.-D. Kim, and S.-T. Ryu, “A 6b 28GS/s Four
channel Time interleaved Current Steering DAC with Background Clock
Phase Calibration,” Symposium on VLSI Circuits, pp. C138–C139, 2019.

[52] M. J. M. Pelgrom, A. C. J. Duinmaijer, and A. P. G. Welbers, “Matching
properties of MOS transistors,” IEEE Journal of Solid State Circuits, vol. 24,
no. 5, pp. 1433–1439, 1989.

[53] A. V. den Bosch, M. Steyaert, and W. Sansen, Static and Dynamic Per-
formance Limitations for High Speed D/A Converters. Kluwer Academic
Publishers, 2004.



BIBLIOGRAPHY 99

[54] A. van den Bosch, M. A. F. Borremans, M. S. J. Steyaert, and W. Sansen,
“A 10-bit 1-GSample/s Nyquist current steering CMOS D/A converter,”
IEEE Journal of Solid-State Circuits, vol. 36, no. 3, pp. 315–324, 2001.

[55] J. N. Burghartz, Guide to State-of-the-Art Electron Devices. Wiley, 2013.
[56] C.-H. Lin, F. M. L. van der Goes, J. R. Westra, et al., “A 12 bit 2.9 GS/s

DAC With IM3 �−60 dBc Beyond 1 GHz in 65 nm CMOS,” IEEE Journal
of Solid-State Circuits, vol. 44, no. 12, pp. 3285–3293, 2009.

[57] S. Park, G. Kim, S.-C. Park, and W. Kim, “A digital-to-analog converter
based on differential-quad switching,” IEEE Journal of Solid-State Circuits,
vol. 37, no. 10, pp. 1335–1338, 2002.

[58] B. Razavi, Principles of Data Conversion System Design. IEEE Press,
1995.

[59] K. Doris, “High-Speed D/A Converters: From Analysis and Synthesis Con-
cepts to IC Implementation,” Ph.D. dissertation, Technische Universiteit
Eindhoven, 2004.

[60] O. M. Chacón, J. J. Wikner, L. Siek, and A. Alvandpour, “Comparative
Analysis of CMOS Latch Driver Circuits for Current-Steering Digital-to-
Analog Converters,” International Conference on Mixed Design of Inte-
grated Circuits and System, pp. 93–98, 2022.

[61] C.-H. Lin, K. L. J. Wong, T.-Y. Kim, et al., “A 16b 6GS/s Nyquist DAC with
IMD < -90dBc up to 1.9GHz in 16nm CMOS,” IEEE International Solid-
State Circuits Conference, pp. 360–362, 2018.

[62] W.-T. Lin and T.-H. Kuo, “A 12b 1.6GS/s 40mW DAC in 40nm CMOS with
>70dBc SFDR over entire Nyquist bandwidth,” IEEE International Solid-
State Circuits Conference, pp. 474–475, 2013.

[63] W.-T. Lin, H.-Y. Huang, and T.-H. Kuo, “A 12-bit 40 nm DAC Achieving
SFDR > 70 dB at 1.6 GS/s and IMD < –61dB at 2.8 GS/s With DEMDRZ
Technique,” IEEE Journal of Solid-State Circuits, vol. 49, no. 3, pp. 708–
717, 2014.

[64] W.-T. Lin and T.-H. Kuo, “A Compact Dynamic Performance Improved Cur-
rent Steering DAC With Random Rotation-Based Binary-Weighted Selec-
tion,” IEEE Journal of Solid-State Circuits, vol. 47, no. 2, pp. 444–453,
2012.

[65] H. Jensen and I. Galton, “A low-complexity dynamic element matching
DAC for direct digital synthesis,” IEEE Transactions on Circuits and Sys-
tems II: Analog and Digital Signal Processing, vol. 45, no. 1, pp. 13–27,
1998.

[66] K. O’Sullivan, C. Gorman, M. Hennessy, and V. Callaghan, “A 12-bit 320-
MSample/s current-steering CMOSD/A converter in 0.44mm2,” IEEE Jour-
nal of Solid-State Circuits, vol. 39, no. 7, pp. 1064–1072, 2004.



100 BIBLIOGRAPHY

[67] O. M. Chacón, J. J. Wikner, L. Siek, and A. Alvandpour, “A digital switch-
ing scheme to reduce DAC glitches using code-dependent randomization,”
IEEE Nordic Circuits and Systems Conference, pp. 1–5, 2021.

[68] M. Rudberg, M. Vesterbacka, N. Andersson, and J. Wikner, “Glitch mini-
mization and dynamic element matching in D/A converters,” IEEE Interna-
tional Conference on Electronics, Circuits and Systems, vol. 2, 899–902
vol.2, 2000.

[69] J. J. McCue, B. Dupaix, L. Duncan, et al., “A Time-Interleaved Multimode
∆Σ RF-DAC for Direct Digital-to-RF Synthesis,” IEEE Journal of Solid-
State Circuits, vol. 51, no. 5, pp. 1109–1124, 2016.

[70] Y. Cong and R. Geiger, “A 1.5-V 14-bit 100-MS/s self-calibrated DAC,”
IEEE Journal of Solid-State Circuits, vol. 38, no. 12, pp. 2051–2060, 2003.

[71] W. Schofield, D. Mercer, and L. Onge, “A 16b 400MS/s DAC with <-80dBc
IMD to 300MHz and <-160dBm/Hz noise power spectral density,” IEEE
International Solid-State Circuits Conference, 126–482 vol.1, 2003.

[72] A. Bugeja and B.-S. Song, “A self-trimming 14-b 100-MS/s CMOS DAC,”
IEEE Journal of Solid-State Circuits, vol. 35, no. 12, pp. 1841–1852, 2000.

[73] M. Clara, High-Performance D/A Converters. Springer, 2013.
[74] T. Chen and G. G. E. Gielen, “A 14-bit 200-MHz Current-Steering DAC

With Switching-Sequence Post-Adjustment Calibration,” IEEE Journal of
Solid-State Circuits, vol. 42, no. 11, pp. 2386–2394, 2007.

[75] T. Zeng andD. Chen, “New calibration technique for current-steering DACs,”
IEEE International Symposium on Circuits and Systems, pp. 573–576,
2010.

[76] S. G. Narendra and A. Chandrakasan, Leakage in Nanometer CMOSTech-
nologies. Springer, 2006.

[77] P. Palmers and M. S. J. Steyaert, “A 10–Bit 1.6-GS/s 27-mW Current-
Steering D/A Converter With 550-MHz 54-dB SFDR Bandwidth in 130-
nm CMOS,” IEEE Transactions on Circuits and Systems I, vol. 57, no. 11,
pp. 2870–2879, 2010.

[78] S. L. Tual, P. N. Singh, A. Bal, and C. Garnier, “A 3GS/s, 9b, 1.2V single
supply, pure binary DAC with >50dB SFDR up to 1.5GHz in 65nm CMOS,”
Symposium on VLSI Circuits, pp. 64–65, 2011.

[79] A. Bhide, “Design of High-Speed Time-Interleaved Delta-Sigma D/A Con-
verters,” Ph.D. dissertation, Linkoping University, 2015.

[80] D. Giotta, P. Pessl, M. Clara, W. Klatzer, and R. Gaggl, “Low-power 14-
bit current steering DAC, for ADSL2+/CO applications in 0.13/spl mu/m
CMOS,” European Solid-State Circuits Conference, pp. 163–166, 2004.

[81] Y. Ikeda, M. Frey, and A. Matsuzawa, “A 14-bit 100-MS/s digitally cal-
ibrated binary-weighted current-steering CMOS DAC without calibration
ADC,” 2007 IEEE Asian Solid-State Circuits Conference, pp. 356–359,
2007.



BIBLIOGRAPHY 101

[82] S.-N. Kim, W.-C. Kim, M.-J. Seo, and S.-T. Ryu, “A 65-nm CMOS 6-Bit 20
GS/s Time-Interleaved DAC With Full-Binary Sub-DACs,” IEEE Transac-
tions on Circuits and Systems II, vol. 65, no. 9, pp. 1154–1158, 2018.

[83] Y. M. Greshishchev, D. Pollex, S.-C. Wang, et al., “A 56GS/S 6b DAC in
65nmCMOSwith 256×6bmemory,” IEEE International Solid-State Circuits
Conference, pp. 194–196, 2011.


	Supervisor Declaration Statement
	Acknowledgements
	Abstract
	List of Figures
	List of Tables
	Acronyms
	1 Introduction
	1.1 Motivation
	1.2 Research methodology
	1.3 Major contributions of the Thesis
	1.4 Organization of the Thesis

	2 Overview of digital-to-analog converters
	2.1 Signal processing aspects
	2.2 Categories
	2.3 Circuit topologies
	2.4 Performance Metrics
	2.5 Comparison of high-speed DACs

	3 The current-steering DAC
	3.1 Fundamental performance limitations
	3.1.1 Stochastic current mismatch
	3.1.2 Nonlinear settling
	3.1.3 Limited output resistance
	3.1.4 Circuit noise

	3.2 Power consumption analysis
	3.2.1 Digital domain
	3.2.2 Mixed-signal domain
	3.2.3 Analog domain
	3.2.4 Power consumption bounds

	3.3 Circuit design considerations
	3.3.1 Current-steering cell
	3.3.2 Current switches
	3.3.3 Timing circuits
	3.3.4 Output load resistance

	3.4 Enhancement techniques
	3.4.1 Randomization
	3.4.2 Calibration
	3.4.3 Predistortion


	4 A 10-bit high-speed binary-weighted CS DAC in 65nm CMOS
	4.1 Floorplan overview
	4.2 Current source
	4.3 Timing circuit and switching driver
	4.4 Current-steering cell
	4.5 Layout considerations
	4.6 Chip implementation
	4.6.1 Testing methodology
	4.6.2 Static performance
	4.6.3 Dynamic performance
	4.6.4 Performance comparison


	5 Conclusion
	5.1 Conclusions
	5.2 Future work

	List of Author's Publications
	Bibliography



